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Preface

It 1s with pride, excitement and a lot of expectations. I am
presenting this book to the professional community of the world. As you know, power electron-
ics and motor drives constitute a complex and interdisciplinary subject which have gone through
spectacular evolution in the last three decades. Recently, artificial intelligence (Al) techniques
are extending the frontier of this technology. It is without any doubt that the power electronics
will play a dominant role in the 21* century in industrial, commercial, residential, aerospace.
utility and military applications with the emphasis for energy saving and solving environmental
pollution problems.

[ have been in the power electronics area for more than forty years (since the technology
was born) through my career pursuits in academia and industry, and have followed the technol-
ogy evolution very aggressively. In the past, | contributed a number of books (authored and
edited) in power electronics area of which Power Electronics and AC Drives (Prentice Hall-
1986) is most important. [t was taken as an advanced text in many universities in the world. This
new book can be considered as significant updating and expansion of the previous book where |
have tried to embed practically whatever knowledge I have in power electronics and ac drives. It
contains the subject from A-to-Z, i.e., power semiconductor devices, electrical machines. differ-
ent classes of converters, induction and synchronous motor drives with control and estimation.
and Al techniques (expert system, fuzzy logic and neural networks). In essence, I have tried to
incorporate practically all the aspects of state-of-the-art technology of power electronics and
motor drives in the book. The content of the book is essentially based on my lecture notes of one
senior course and three graduate courses, which I have developed and taught in the University of
Tennessee during the last fourteen years. It will be my deep satisfaction if I can see that the book
is being considered as a text in more universities than the previous one. The universities, which
are already following my previous book, can now safely accept this new book.
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The content of the book can be summarized as follows: Chapter 1 contains description of
different types of power semiconductor devices including the recent IGCT, where IGBT device has
been emphasized. Chapter 2 describes induction and synchronous machine theories in somewhat
detail from the viewpoint of variable frequency drive applications, which include dynamic d-q
machine models. Complex space vectors have been introduced but avoided in much of the text
because, in the author’s opinion, they tend to frighten most of the students. Switched reluctance
machine has been included for completeness. Chapters 3 and 4 discuss the classical phase-
controlled thyristor converters and cycloconverters, respectively. For completeness, high frequency
link converters are included in Chapter 4. Chapter 5 covers voltage-fed converters and PWM tech-
niques where space vector PWM has been emphasized. More recent topics, such as soft-switching,
power factor compensation, multi-level converters, static VAR compensators and active filters are
included. Chapter 6 deals with current-fed converters that include PWM converters. Chapter 6
describes slip power recovery drives with wound-rotor induction motors, and mainly consist of
Kramer and Scherbius drives. Chapter 8 covers control and estimation of cage type induction
motor drives which includes discussion on speed sensorless control and drive self-commissioning.
Induction motor drive is a dominant theme in the book. Chapter 9 describes control and estimation
of synchronous machine drives that includes sensorless control and a brief description of switched
reluctance motor drive. Chapter 10 gives a brief description of expert system and its applications.
In the author’s opinion, ES has a lot of potentiality but has been practically ignored by the power
electronics community. Chapter 11 deals with fuzzy logic and its applications, and finally, Chapter
12 gives description of neural network and its applications. In the author’s opinion, the ANN tech-
nology will have a large impact on power electronics area in future. A set of questions has been
formulated for different chapters which will be forwarded to readers on request [bbose @utk.edu].
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National University, Korea (who was formerly visiting professor in my laboratory) for supplying
the Corel Flow software that helped us to draw most of the art work. I am very grateful to Prof.
Paresh Sen of Queen’s University, Canada for his constant encouragement. Also, I thank Prof.
Marian Kazmierkowsky of Warsaw University of Technology, Poland; Prof. Marcelo Simoes of
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List of Principal Symbols

Symbols are generally defined locally. The list of principal
symbols used in the text is given below.

d®-¢°  Synchronously rotating reference frame (or rotating frame) direct and quadrature axes

d’- ¢’ Stationary reference frame direct and quadrature axes (also known as & - 3 axes)

f Frequency (Hz)

1, Dc current (Ampere)

Iy Machine field current

1 Rms load current

1, Rms magnetizing current
Ip Rms active current

I Rms reactive current

1, Rms rotor current (referred to stator)
I3 Rms stator current

iy d® — axis rotor current

N d® — axis stator current

gr g° — axis rotor current

igs g° — axis stator current

J Moment of inertia (Kg—mz)
X, Rotor reactance (Ohm)

X, Synchronous reactance
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d‘ - axis synchronous reactance

Rotor leakage reactance

Stator leakage reactance

¢ — axis synchronous reactance

Firing angle

Advance angle

Turn-off angle

Torque or power angle of synchronous machine
Thermal impedance (Ohm) (also torque angle or angle)
Angle of synchronously rotating frame ( @,/)
Rotor angle

Slip angle

Overlap angle

Time constant (s)

Commutating inductance (Henry)

Dc link filter inductance

Magnetizing inductance

Rotor inductance

Stator inductance

Rotor leakage inductance

Stator leakage inductance

d® — axis magnetizing inductance

¢¢ — axis magnetizing inductance
Turns ratio (primary to secondary)
Synchronous speed (rpm)

Rotor speed

Number of poles (also active power)
Airgap power (watts)

Mechanical output power

Reactive power

Rotor resistance (Ohm)

Stator resistance

Slip (per unit)

Time period (s) (also temperature) (°C)
Developed torque (Nm)



Vin

Load torque

Turn-off time (s)

Dc voltage

Inverter dc voltage

Induced emf

Peak phase voltage (volt)
Rms airgap voltage

Rectifier dc voltage
Instantaneous supply voltage
Inst. Dc voltage

Inst. Field voltage

d® — axis rotor voltage

d’ — axis stator voltage

g — axis rotor voltage

g¢ — axis stator voltage
Displacement power factor angle
Armature reaction flux linkage (Weber-turns)
Field flux linkage

Airgap flux linkage

Rotor flux linkage

Stator flux linkage

d’® — axis rotor flux linkage
d’ — axis stator flux linkage
g° — axis rotor flux linkage
g° — axis stator flux linkage
Stator or line frequency (1/s)
Rotor mechanical speed
Rotor electrical speed

Slip frequency

XXi

Peak value of a sinusoidal phasor or sinusoidal space vector magnitude (also estimated

parameter) ( X is any arbitrary variable)
Space vector (X is arbitrary variable)






CHAPTEHR 1

Power Semiconductor
Devices

1.1 INTRODUCTION

Power semiconductor devices constitute the heart of modern power electronic apparatus.
They are used in power electronic converters in the form of a matrix of on-off switches. and help
to convert power from ac-to-dc (rectifier), dc-to-dc (chopper), dc-to-ac (inverter), and ac-to-ac at
the same (ac controller) or different frequencies (cycloconverter). The switching mode power
conversion gives high efficiency, but the disadvantage is that due to the nonlinearity of switches.
harmonics are generated at both the supply and load sides. The switches are not ideal. and they
have conduction and turn-on and turn-off switching losses. Converters are widely used in appli-
cations such as heating and lighting controls, ac and dc power supplies, electrochemical pro-
cesses, dc and ac motor drives, static VAR generation, active harmonic filtering. etc. Although
the cost of power semiconductor devices in power electronic equipment may hardly exceed
20-30 percent, the total equipment cost and performance may be highly influenced by the char-
acteristics of the devices. An engineer designing equipment must understand the devices and
their characteristics thoroughly in order to design efficient, reliable, and cost-effective systems
with optimum performance. It is interesting to note that the modern technology evolution in
power electronics has generally followed the evolution of power semiconductor devices. The
advancement of microelectronics has greatly contributed to the knowledge of power device
materials, processing, fabrication, packaging, modeling, and simulation.

Today’s power semiconductor devices are almost exclusively based on silicon material and
can be classified as follows:

* Diode
* Thyristor or silicon-controlled rectifier (SCR)
e Triac
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* Gate turn-off thyristor (GTO)

* Bipolar junction transistor (BJT or BPT)

* Power MOSFET

« Static induction transistor (SIT)

* Insulated gate bipolar transistor (IGBT)

* MOS-controlled thyristor (MCT)

* Integrated gate-commutated thyristor (IGCT)

In this chapter, we will briefly study the operational principles and characteristics of these
devices.

1.2 DIODES

Power diodes provide uncontrolled rectification of power and are used in applications such
as electroplating, anodizing, battery charging, welding, power supplies (dc and ac), and variable-
frequency drives. They are also used in feedback and the freewheeling functions of converters
and snubbers. A typical power diode has P-I-N structure, that is, it is a P-N junction with a near-
intrinsic semiconductor layer (I-layer) in the middle to sustain reverse voltage.

Figure 1.1 shows the diode symbol and its volt-ampere characteristics. In the forward-
biased condition, the diode can be represented by a junction offset drop and a series-equivalent
resistance that gives a positive slope in the V-I characteristics. The typical forward conduction
drop is 1.0 V. This drop will cause conduction loss, and the device must be cooled by the
appropriate heat sink to limit the junction temperature. In the reverse-biased condition, a small

+|A

_» (__
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Avalanche
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Figure 1.1 Diode symbol and volt-ampere characteristics
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Figure 1.2 Turn-off switching characteristics of a diode

leakage current flows due to minority carriers, which gradually increase with voltage. If the
reverse voltage exceeds a threshold value, called the breakdown voltage. the device goes through
avalanche breakdown, which is when reverse current becomes large and the diode is destroyed
by heating due to large power dissipation in the junction.

The turn-off voltage and current characteristics as functions of time, which are indicated in
Figure 1.2, are particularly important for a diode. In the forward high-conduction region. the
conduction drop (V) is small, as mentioned before. At this condition. the P and N regions near
the junction and the I-layer remain saturated with minority carriers.

If the device is open-circuited, the carriers die by a recombination process. which takes a
reasonably long time. Normally, a reverse dc voltage (V) is applied to turn off the device. as
indicated in Figure 1.2. At time 1 = 0, the reverse voltage is applied when the current goes down
linearly because of series-circuit inductance. During time t, the current is negative and the
minorily carriers sweep out across the junction, but the excess carrier concentration keeps the
junction saturated, and therefore, the same negative current slope is maintained. The conduction
drop decreases during r, and 1, due to the reduction of Ohmic (equivalent resistancc) drop. At
the end of 15, the device sustains voltage. and steady-state voltage appears at the end of 15. Dur-
ing f3, the reverse current falls quickly partly due to sweeping out and partly by recombination.
The fast decay of negative current creates an inductive drop that adds with the reverse voltage
Vg as shown. The reverse recovery time 1,, = 1, + 5 and the corresponding recovery charge Q,,
(shown by the hatched area) that are affected by the recombination process are important param-
eters of a diode. The snappiness by which the recovery current falls to zero determines the volt-
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age boost V.. This voltage may be destructive and can be softened by a resistance-capacitance
snubber, which will be discussed later. The recovery current causes additional loss (switching
Joss) in the diode, which can be determined graphically from Figure 1.2.

Power diodes can be classified as follows:

* Standard or slow-recovery diode
* Fast-recovery diode

* Schottky diode

Slow- and fast-recovery diodes have P-I-N geometry, as mentioned above. In a fast-
recovery diode, as the name indicates, the recovery time f,, and the recovery charge Q,, (shown
by the hatched area) are reduced by the minority carrier lifetime control that enhances the
recombination process. However, the adverse effect is a higher conduction drop. For example,
the POWEREX fast-recovery diode type CS340602, which has a dc current rating (I{dc)) of
20 A and a blocking voltage rating (V,,,,) of 600V, has the following ratings: Vi = 1.5 V,
I,,=50mA, t,,=08us, and Q,, = 15uC. The standard slow-recovery diodes are used for
line frequency (50/60 Hz) power rectification. They have a lower conduction drop, but a higher
t,.. These diodes are available with ratings of several kilovolts and several kiloamperes. A
Schottky diode is basically a majority carrier diode and is formed by a metal-semiconductor
junction. As a result, the diode has a lower conduction drop (typically 0.5 V) and faster switch-
ing time, but the limitations are a lower blocking voltage (typically up to 200 V) and higher leak-
age current. For example, the International Rectifier Schottky diode type 6TQ045 has ratings of
Vi =45 Vo Ipayy =6 A, Vp=0.51V, and reverse leakage current /,,, = 0.8 mA (at 25 °C).
These diodes are used in high-frequency circuits.

The electrical and thermal characteristics of diodes are somewhat similar to thyristors,
which will be discussed next. Specific circuit applications of different types of diodes will be
discussed in later chapters.

1.3 THYRISTORS

Thyristors, or silicon-controlled rectifiers (SCRs) have been the traditional workhorses for
bulk power conversion and control in industry. The modern era of solid-state power electronics
started due to the introduction of this device in the late 1950s. Chapters 3, 4, and 6 will discuss
thyristor converters and their applications. The term “thyristor” came from its gas tube
equivalent, thyratron. Often, it is a family name that includes SCR, triac, GTO, MCT, and IGCT.
Thyristors can be classified as standard, or slow phase-control-type and fast-switching, voltage-
fed inverter-type. The inverter-type has recently become obsolete and will not be discussed
further.
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1.3.1 Volt-Ampere Characteristics

Figure 1.3 shows the thyristor symbol and its volt-ampere characteristics. Basically. it is a
three-junction P-N-P-N device, where P-N-P and N-P-N component transistors are connected in
regenerative feedback mode. The device blocks voltage in both the forward and reverse direc-
tions (symmetric blocking). When the anode is positive. the device can be triggered into conduc-
tion by a short positive gate current pulse; but once the device is conducting. the gate loses its
control to turn off the device. A thyristor can also turn on by excessive anode voltage. 1ts rate of

rise (dv/dr), by arise in junction temperature (7)), or by light shining on the junctions.

The volt-ampere characteristics of the device indicate that at gate current I; =011 forward
voltage is applied on the device, there will be a leakage current due to blocking of the middle
junction. If the voltage exceeds a critical limit (breakover voltage), the device switches into con-
duction. With increasing magnitude of /;, the forward breakover voltage is reduced. and cventu-
ally at /53, the device behaves like a diode with the entire forward blocking region removed. The
device will turn on successfully if a minimum current, called a latching current. is maintained.
During conduction, if the gate current is zero and the anode current falls below a critical limit.
called the holding current, the device reverts to the forward blocking state. With reverse voltage.
the end P-N junctions of the device become reverse-biased and the V-1 curve becomes essen-
tially similar to that of a diode rectifier. Modern thyristors arc available with very large voltage

(several KV) and current (several KA) ralings.
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Figure 1.3 Thyristor symbol and volt-ampere characteristics



6 Chapter 1 « Power Semiconductor Devices

1.3.2 Switching Characteristics

Initially, when forward voltage is applied across a device, the off-state, or static dv/dr,
must be limited so that it does not switch on spuriously. The dv/dt creates displacement current
in the depletion layer capacitance of the middle junction, which induces emitter current in the
component transistors and causes switching action. When the device turns on, the anode current
di/dt can be excessive, which can destroy the device by heavy current concentration. During con-
duction, the inner P-N regions remain heavily saturated with minority carriers and the middle
junction remains forward-biased. To recover the forward voltage blocking capability, a reverse
voltage is applied across the device to sweep out the minority carriers and the phenomena are
similar to that of a diode (see Figure 1.2). However, when the recovery current goes to zero, the
middle junction still remains forward-biased. This junction eventually blocks with an additional
delay when the minority carriers die by the recombination process. The forward voltage can then
be applied successfully, but the reapplied dv/dr will be somewhat less than the static dv/dt
because of the presence of minority carriers. For example, POWEREX SCR/diode module
CM4208A2 (800 V, 25 A) has limiting di/dt = 100 A/us and off-state dv/dr = 500 V/us parame-
ters. A suitably-designed snubber circuit (discussed later) can limit di/dt and dv/dt within accept-
able limits. In a converter circuit, a thyristor can be turned off (or commutated) by a segment of
reverse ac line or load voltage (defined as line or load commutation, respectively), or by an induc-
tance-capacitance circuit-induced transient reverse voltage (defined as forced commutation).

1.3.3 Power Loss and Thermal Impedance

A thyristor has dominant conduction loss like a diode, but its switching loss (to be dis-
cussed later) is very small. The device specification sheet normally gives information on power
dissipation for various duty cycles of sinusoidal and rectangular current waves. Figure 1.4 shows
the power dissipation characteristics for a rectangular current wave. The reverse blocking loss
and gate circuit loss are also included in the figure. These curves are valid up to 400 Hz supply
frequency. The heat due to power loss in the vicinity of a junction flows to the case and then to
the ambient through the externally mounted heat sink, causing a rise in the junction temperature
T;. The maximum 7 of a device is to be limited because of its adverse effect on device perfor-
mance. For steady power dissipation P, T, can be calculated as

TJ—'TA =P(9JC+9CS+GSA) (1.1)

where T is the ambient temperature, and 8¢, 8¢, and 6g4 represent the thermal resistance
from junction to case, case to sink, and sink to ambient, respectively. The resistance gy is deter-
mined by the cooling system design, and the methods of cooling may include heat sink with nat-
ural convection cooling, forced air cooling, or forced liquid cooling. From Equation (1.1), it is
evident that for a limited 7},,,, (usually 125 °C), the dissipation P can be increased by reducing
054. This means that a more efficient cooling system will increase power dissipation, that is, the
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Figure 1.4 Average on-state power dissipation of thyristor for rectangular current wave
(POWEREX CM4208A2 )

power-handling capability of a device. An infinite heat sink is defined when O, = 0. that is. the
case temperature 7o = T).

In practical operation, the power dissipation P is cyclic, and the thermal capacitance or
storage effect delays the junction temperature rise, thus permitting higher loading of the device.
The transient thermal equivalent circuit can be represented by a parallel RC circuit. where P is
equivalent to the current source and the resulting voltage across the circuit represents the tem-
perature 7. Figure [.5(a) shows the T, curve for the dissipation of a single power pulse. Consid-
ering the complementary nature of heating and cooling curves, the following equations can be
written:

(1.2)
TJ(T[):TA +P9(T|)

Ty(1)) =T +PlO(t;)—6(tr — 1)) (1.3)

where 6(1}) is the transient thermal impedance at time #,. The device specification sheet nor-
mally gives thermal impedance between junction and case. The additional effect due to heat sink
can be added if desired. Figure 1.5(b) shows typical junction temperature build-up for three
repeated pulses. The corresponding 7, expressions by the superposition principle can be given as
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Figure 1.5 Junction temperature rise with pulsed power dissipation
(a) Single pulse, (b) Multiple pulses

Ty (1) =Ty +PO(1)) (14
T, (t3) =Ty + P[0(t3)—6(r3— 1)) +0(t3 - 1)] (1.5)
T)(ts) =Ty + P|O(t5)—0(t5 — 1) +6(t5 —17) — 015 — 13) + 0(15 ~t4)] (1.6)

Figure 1.6 illustrates the transient thermal impedance curve (0,c(t)) of a thyristor (type
CM4208A2) as a function of time. The device has the rated thermal resistances of 6;c=
0.8 °C/W and 6= 0.2 °C/W. Note that the device cooling and thermal impedance concepts
discussed here are also valid for all power semiconductor devices.

1.3.4 Current Rating

Based on the criteria of limiting T, as discussed above, Figure 1.7 shows the average cur-
rent rating Iz 4y, vs. permissible case temperature T¢ for various duty cycles of rectangular cur-
rent wave. For example, if T is limited to 110°C, the thyristor can carry 12 A average current
for = 120°. If a better heat sink limits 7 to 100 °C, the current can be increased to 18 A. Figure
1.7 can be used with Figure 1.4 to design the heat sink thermal resistance.

1.4 TRIACS

A triac has a complex multiple-junction structure, but functionally, it is an integration of a
pair of phase-controlled thyristors connected in inverse-parallel on the same chip. Figure 1.8(a)
shows the triac symbol and (b) shows its volt-ampere characteristics. The three-terminal device
can be triggered into conduction in both positive and negative half-cycles of supply voltage by
applying gate trigger pulses. In I+ mode, the terminal T, is positive and the device is switched
on by positive gate current pulse. In III- mode, the terminal T is positive and it is switched on
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Figure 1.8 Triac symbol and volt-ampere characteristics

by negative gate current pulse. A triac is more economical than a pair of thyristors in anti-paral-
lel and its control is simpler, but its integrated construction has some disadvantages. The gate
current sensitivity of a triac is poorer and the turn-off time is longer due to the minority carrier
storage effect. For the same reason, the reapplied dv/dt rating is lower, thus making it difficult to
use with inductive load. A well-designed RC snubber is essential for a triac circuit. Triacs are
used in light dimming, heating control, appliance-type motor drives, and solid-state relays with
typically 50/60 Hz supply frequency.

Figure 1.9 shows a popular incandescent lamp dimmer circuit using a triac and the corre-
sponding waveforms. The gate of the triac gets the drive pulse from an RC circuit through a diac,
which is a symmetric voltage-blocking device. The capacitor voltage v,. lags the line voltage
wave. When v, exceeds the threshold voltage + V of the diac, a pulse of current in either polarity
triggers the triac at angle o, giving full-wave ac phase-controlled output to the load. The firing
angle can be varied in the range «; to o to control light intensity by varying the resistance R;.

1.5 GATE TURN-OFF THYRISTORS (GTOS)

A gate turn-off thyristor (GTO), as the name indicates, is basically a thyristor-type device
that can be turned on by a small positive gate current pulse, but in addition, has the capability of
being turned off by a negative gate current pulse. The turn-off capability of a GTO is due to the
diversion of P-N-P collector current by the gate, thus breaking the P-N-P / N-P-N regenerative
feedback effect. GTOs are available with asymmetric and symmetric voltage-blocking capabili-
ties, which are used in voltage-fed and current-fed converters, respectively. The turn-off current
gain of a GTO, defined as the ratio of anode current prior to turn-off to the negative gate current
required for turn-off, is very low, typically 4 or 5. This means that a 6000 A GTO requires as
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Figure 1.9 (a) Triac light dimmer circuit, (b) Control waveforms

high as —1500 A gate current pulse. However, the duration of the pulsed gate current and the cor-
responding energy associated with it is small and can easily be supplied by low-voltage power
MOSFETs. GTOs are used in motor drives, static VAR compensators (SVCs). and ac/de power
supplics with high power ratings. When large-power GTOs became available. they ousted the
force-commutated, voltage-fed thyristor inverters.

1.5.1  Switching Characteristics

The switching characteristics of GTOs are somewhat different from those of thyristors and
therefore require some explanation. Figure 1.10 shows a GTO chopper (de-to-de converter) cir-
cuit with a polarized snubber. The snubber consists of a turn-on component (L ) called a series
snubber and a turn-oft component (R,. C,. and D). called a shunt snubber. This type of con-
verter is typically used for a subway dc motor propulsion drive.

Figure 1.11 shows the turn-on and turn—off characteristics of the circuit with the snubber.
The turn-on characteristics of a GTO are essentially similar (0 those of a thyristor. Initially.
before turn-on, the capacitor C is charged to supply voltage V,, and the load current is flowing
through the freewheeling diode. At turn-on. the series snubber limits difdr through the device.
and the supply voltage V,, is applied across the load. At the same time. C, discharges through R,
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Figure 0.1 GTO turn-on and turn-off characteristics with snubber (not to scale)
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and the GTO in series (neglecting the L, effect), dumping most of its cnergy into the resistor R,.
The power dissipation P, in the resistor is approximately given as

P, = ()_5(*5\/(/3‘/‘ (1.7)

where ['=chopper opcrating frequency. Obviously, the turn-on switching loss of the device is
reduced because of delayed build-up of the device current. When the GTO is turned off by nega-
tive gate current pulse, the controllable anode current i4 begins to fall after a short time delay.
defined as storage time (1,). The fall time 1p1s somewhat abrupt, and is typically less than 1.0 ys.
As the forward voltage begins to develdp, anode current tends to bypass through the shunt
capacitor, limiting dv/df across the device. The leakage inductance L, in the snubber creates a
spike voltage, as shown. A large voltage spike is extremely harmful because current concentra-
tion may create localized heating, causing what is known as second breakdown failure. This
emphasizes the need to minimize the shunt snubber leakage inductance. After the spike voltage.
the anode voltage overshoots due to underdamped resonance before settling to normal forward
blocking voltage V,;. GTO has a long tail current, as shown. mainly due to sweeping out of the
minority carriers. This tail current at large anode voltage causes large turn-off switching loss
unless voltage build-up is slowed with large C,.

However, large C, increases snubber dissipation, as given by Equation (1.7). The trade-off
between snubber loss and turn-off switching loss. and the corresponding total loss curves with
increasing snubber capacitance are given approximately by Figure 1.12. The curves indicate that
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Figure 1.11  Trade-off between snubber loss and tum-off switching loss
with increasing capacitor
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the device-switching loss is diverted to snubber loss. and the total loss may be higher than the
intrinsic switching loss of the device. Since GTO power losses arc somewhat higher during
switching, the converter switching frequency is low and is typically restricted within 1.0 kHz.

1.5.2 Regenerative Snubbers

The snubber loss may be substantial in a high-power and/or high-frequency converter.
This, in turn, may reduce the converter’s efficiency and put a burden on the cooling system. To
combat this problem, various regenerative or energy recovery schemes have been proposed
where the stored energy in the snubber capacitor is pumped back to the source or load. Figure
I.13(a) shows a passive energy recovery scheme. When the GTO is turned off, the snubber
capacitor € charges to the full supply voltage, as usual. At the subsequent turn-on of the GTO,
the stored energy is transferred to capacitor C resonantly through the inductance L and diode D.
When the GTO turns off again. the energy in C is absorbed in the load and C, charges again to
voltage V,;. Figure 1.13(b) shows a regenerative snubber that uses an auxiliary cliopper. At GTO
turn-off. the snubber capacitor C, charges to supply voltage. At subsequent turn-on of the
device. the energy is resonantly transferred to capacitor C, as before. The energy in C is then
pumped to the source through a dc-to-dc boost converter.

The discussion on dissipative and regenerative snubbers given in this section is also valid
for other devices. The idea of a regenerative snubber appears very attractive, but its application
should be carefully weighed against the extra cost, loss, complexity, and equipment reliability.
High-power GTO converters normally use regenerative snubbers. Otherwise, RC snubbers are
commonly used. Snubberless converters, which will be discussed later, are also possible.

1.6 BIPOLAR POWER OR JUNCTION TRANSISTORS (BPTS OR BJTS)

A bipolar junction transistor (BPT or BIT), unlike a thyristor-like device, is a two-junc-
tion. self-controlled device where the collector current is under the control of the base drive cur-
rent. Bipolar junction transistors have recently been ousted by IGBTs (insulated gate bipolar
transistors) in the higher end and by power MOSFETS in the lower end. The dc current gain
(l) of a power transistor is low and varies widely with collector current and temperature. The
gain is increased to a high value in the Darlington connection, as shown in Figure 1.14, How-
ever, the disadvantages are higher leakage current. higher conduction drop. and reduced switch-
ing frequency. The shunt resistances and diode in the base-cmitter circuit help to reduce
collector leakage current and establish base bias voltages. A transistor can block voltage in the
forward direction only (asymmetric blocking). The feedback diode, as shown, is an essential ele-
ment for chopper and voltage-fed converter applications. Double or triple Darlington transistors
are available in module form with matched parallel devices for higher power rating.

Power transistors have an important property known as the second breakdown effect. This
is in contrast to the avalanche breakdown effect of a junction, which is also known as first break-
down effect. When the collector current is switched on by the base drive, it tends to crowd on the
base-emitter junction periphery. thus constricting the collector current in a narrow arca of the
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Figure 1.13 Darlington transistor symbol

reverse-biased collector junction. This tends to create a hot spot and the junction fails by thermal
runaway. which is known as second breakdown. The rise in junction temperature at the hot spot
accentuates the current concentration owing to the negative temperature coefficient of the drop,
and this regeneration effect causes collapse of the collector voltage, thus destroying the device.
A similar problem arises when an inductive load is turned off. As the base-emitter junction
becomes reverse-biased, the collector current tends to concentrate in a narrow arca of the collec-
tor junction.

Manufacturers provide specifications in the form of safe operating areas (SOAs) during
turn-on (FBSOA) and turn-off (RBSOA). as shown in Figure 1.15. Obviously, a well-designed
polarized RC snubber is indispensable in a transistor converter.
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Figure 1.14 Forward-bias safe operating area (SOA) of a transistor (POWEREX KS524505)
(600 V, 50 A)
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1.7 POWER MOSFETS

1.7.1 V-l Characteristics

Unlike the devices discussed so far, a power MOSFET (metal-oxide semiconductor field-
effect transistor) is a unipolar, majority carrier. “zero junction.” voltage-controlled device.
Figure 1.16(a) shows the symbol of an N-type MOSFET and (b) shows its volt-ampere charac-
teristics. If the gate voltage is positive and beyond a threshold value, an N-type conducting chan-
nel will be induced that will permit current flow by majority carrier (electrons) between the
drain and the source. Although the gate impedance is extremely high at steady state. the effective
gate-source capacitance will demand a pulse current during turn-on and turn-oft. The device has
asymmetric voltage-blocking capability, and has an integral body diode. as shown. which can
carry full current in the reverse direction. The diode is characterized by slow recovery and is
otten bypassed by an external fast-recovery diode in high-frequency applications.

The V-1 characteristics of the device have two distinct regions, a constant resistance
(Rps(om) region and a constant current region. The Ry, of a MOSFET is an important param-
eter which determines the conduction drop of the device. For a high voltage MOSFET, the
longer conduction channel makes this drop large (R, @ V) It is interesting 1o note that
modern trench gate technology tends to lower the conduction resistance [10]. The positive tem-
perature coefficient of this resistance makes parallel operation of MOSFET easy. In fact. laree
MOSEFETS are fabricated by parallel connection of many devices.

While the conduction loss of a MOSFET is large for higher voltage devices. its turn-on
and turn-off switching times are extremely small, causing low switching loss. The device does
not have the minority carrier storage delay problem associated with a bipolar device. and its
switching times are determined essentially by the ability of the drive to charge and discharge a
tiny input capacitance Cjg5 = Cgg + Cgp (defined as Miller capacitance) with )¢ shorted.
where Cg;¢ = gate-to-source capacitance, C;;) = gate-to-drain capacitance. and Cy¢ = drain-to-
source capacitance. Although a MOSFET can be controlled statically by a voltage source. it is
normal practice to drive it by a current source dynamically followed by a voltage source to min-
imize switching delays. MOSFETs are extremely popular in low-voltage. low-power. and high-
frequency (hundreds of kHz) switching applications. Application examples include switching
mode power supplics (SMPS), brushless dec motors (BLDMs). stepper motor drives. and solid-
state dc relays.

1.7.2 Safe Operating Area (SOA)

An important property of a MOSFET is that it does not have the second breakdown problem
of a BJT. If localized and potentially destructive heating occurs within the device. the positive
temperaturc coeflicient effect of resistance forces local current concentration to be uniformly
distributed across the total area. The maximum SOA of a MOSFET is shown in Figure 1.17. The
device in the figure has a maximum dc current rating of 8 A at saturated condition. which can be
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Figure 1.15 (a) Power MOSFET symbol, (b) Volt-ampere characteristics (Harris 2N6757);
(150 V, 8 A)

increased to an absolute maximum value of 12 A on a single-pulse basis. The maximum drain-to-

source voltage V¢ is limited to 150 V without causing avalanche breakdown.

The SOAs of a MOSFET are determined solely by the junction temperature (7)) rise,
which can be calculated from thermal impedance information. As shown in Figure 1.17. the de
current can be carried in the full voltage range by 75 watts of power dissipation. This corre-
sponds to junction-to-case thermal resistance 8, = 1.7 “C/W for T, = 150 "C and infinite
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Figure 1.16 MOSFET safe operating area (SOA)

heat sink with ambient temperature 7y = T = 25 °C (see Equation 1.4). If the case temperature
mncreases due to finite heat sink thermal resistance, the power dissipation is to be linearly der-
ated. as shown in Figure 1.18. Note that there is no secondary slope on the SOA curves. indicat-
ing the absence of second breakdown as commonly observed on BJT SOA curves (Figure 1.15).
Figure 1.17 also shows SOA curves based on single current pulse-operation. For example. at
Ve =100 V. a dc current of 0.75 A (75 W) can be increased to 9.0 A (900 W) with 100 us
pulse. With the transient thermal impedance information of a device, sate dissipation limits for
multi-pulse operation on a duty-cycle basis within the constraint of 7, can be casily caleu-
lated. With square SOA and the absence of second breakdown etfect. MOSFET converters with
minimal stray inductance can be designed without snubbers if desired.

1.8 STATIC INDUCTION TRANSISTORS (SITS)

A static induction transistor (SIT) is a high-voltage. high-power. high-frequency device
that can be considered essentially the solid-state version of a triode vacuum tube. which has been
Known for a long time. It is a short N-channel majority carrier device where the P-type eate elec-
trodes are buried within the drain and source N-type layers. A drawback of the device is that it is
normally on. but if’ gate voltage is negative, the reverse-biased P-N junction will inhibit drain
current flow. Functionally. it is almost identical to a junction-FET. except that its lower channel
resistance causes lower conduction drop. The reliability. noise. and radiation hardness ot an SIT
are claimed to be superior to a MOSFET. Although the conduction drop of the device is lower

than that of an equivalent series-parallel combination of MOSFETSs. the excessively large con-
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Figure 1.17 MOSFET power vs. temperature derating curves

duction drop makes it unsuitable in most power clectronics applications unless justified by a
need for FET-like switching frequency. These devices have been used in AM/EM transmitters,
high-frequency induction heating, high-voltage, low-current power supplies, ultrasonic genera-
tors. and linear power amplifiers.

1.9 INSULATED GATE BIPOLAR TRANSISTORS (IGBTS)

The introduction of insulated gate biploar transistors (IGBTs) in the mid-1980s was an
tmportant milestone in the history of power semiconductor devices. They are extremely popular
devices in power electronics up to medium power (a few kWs to a few MWs) range and are
applied extensively in de/ac drives and power supply systems. They ousted BITs in the upper
range, as mentioned before, and are currently ousting GTOs in the lower power range. An IGBT
1s basically a hybrid MOS-gated turn-on/off bipolar transistor that combines the advantages of
both a MOSFET and BJT. Figure 1.19(a) shows the basic structure of an IGBT and (b) shows the
device symbol.

Its architecture is essentially similar to that of a MOSFET, except an additional P™ layer
has been added at the collector over the N™ drain layer of the MOSFET. The device has the high-
input impedance of a MOSFET, but BJT-like conduction characteristics. If the gate is positive
with respect 1o the emitter, an N-channel is induced in the P region. This forward-biases the
base-cmitter junction of the P-N-P transistor, turning it on and causing conductivity modulation
of the N™ region. which gives a significant reduction of conduction drop over that of a MOSFET.
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Figure 1.18 (a) IGBT structure with equivalent circuit, (b) Device symbol

At the on-condition, the driver MOSFET in the equivalent circuit of the IGBT carries most of
the total terminal current. The thyristor-like latching action caused by the parasitic N-P-N tran-
sistor is prevented by sufficiently reducing the resistivity of the P* layer and diverting most of
the current through the MOSFET. The device is turned oft by reducing the gate voltage to zero
or negative, which shuts off the conducting channel in the P region. The device has higher cur-
rent density than that of a BJT or MOSFET. Its input capacitance (Ciq,
that of a MOSFET. Also, the ratio of gate-collector capacitance to gate-emitter capacitance is

) 1s significantly less than

lower, giving an improved Miller feedback effect.

Figure 1.20 shows the volt-ampere characteristics of an IGBT near the saturation region.
indicating its BJT-like characteristics. A modern IGBT uses trench-gate technology to reduce
the conduction drop further. The device does not show any second breakdown characteristics of
a BJT and its square SOA is limited thermally like a MOSFET. Therefore, an IGBT converter
can be designed with or without a snubber,
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Figure 1.19 Volt-ampere characteristics of an IGBT (POWEREX IPM CM150TU-12H);
(600 V, 150 A)

1.9.1 Switching Characteristics and Thermal Impedance

Figure 1.21(b) shows the typical switching voltage and current waves for the “hard-
switched,” snubberless, half-bridge converter shown in (a) of the same figure. The profile of
conduction and switching losses is indicated in the lower part of (b). Initially, the IGBT Q is off
and the inductive load current is taken by the free wheeling diode D,. When Q| is turned on, the
load current is initially taken by the device at full voltage (with a small leakage inductance
drop), as shown. In fact, the diode D, recovery current is added to it before the diode sustains
reverse voltage and Q) voltage falls to zero. Similarly, at turn-off, the device voltage builds up at
full current and then the diode D, takes over the line current as shown. The fall time [pis very
short and is dictated by turn-oft of the MOSFET section of the IGBT. The device shows a tail
time #,, which is due to minority carrier storage in the N™ region. The loss curve indicates that the
average switching loss becomes high at high switching frequency. Obviously, a turn-on/turn-off
snubber can reduce the device’s switching losses, as discussed before.

Figure 1.22 shows the transient thermal impedance characteristics of an IGBT in normal-
ized form, which indicates that 6,,(t) is always a fraction of the corresponding thermal resis-
tance 6,(dc). For this particular device (POWEREX CMI50TU-12H), 0,-(dc)=0.21 °C/W.
This figure helps to design heat sink for certain duty cycle power pulses, as indicated in Figure
[.5. The power rating (currently 3500 V, 1200 A) and electrical characteristics of the device are
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Figure 1.21 Transient thermal impedance characteristics of an IGBT (CM150TU-12H)

continuously improving. IGBT intelligent power modules (IPMs) are available with built-in gate
drivers. controls, and protection for up to a several hundred kW power rating.

1.10 MOS-CONTROLLED THYRISTORS (MCTS)

An MOS-controlled thyristor (MCT), as the name indicates, is a thyristor-like, trigger-
into-conduction hybrid device that can be turned on or off by a short voltage pulse on the MOS
gate. The device has a microcell construction, where thousands of microdevices are connected in
parallel on the same chip. The cell structure is somewhat complex. Figure 1.23 shows the equiv-
alent circuit and symbol of the device. 1t is turned on by a negative voltage pulse at the gate with
respect (o the anode and is turned off by a positive voltage pulse. The MCT has a thyristor-like
P-N-P-N structure. where the P-N-P and N-P-N transistor components are connected in regener-
ative fecdback, as shown in the figure. However, unlike a thyristor, it has unipolar (or asymmet-
ric) voltage-blocking capability. If the gate of an MCT is negative with respect to the anode, a
P-channel is induced in the P-FET, which causes forward-biasing of the N-P-N transistor. This
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also forward-biases the P-N-P transistor and the device goes into saturation by positive feedback
effect. At conduction, the drop is around one volt (like a thyristor). If the gate is positive with
respect to the anode, the N-FET will saturate and short-circuit the emitter-base junction of the P-
N-P transistor. This will break the positive feedback loop for thyristor operation and the device
will turn off. The turn-off occurs purely by recombination effect and therefore the tail time of the
MCT 1s somewhat large. The device has a limited SOA. and therefore a snubber circuit is man-
datory in an MCT converter. Recently. the device has been promoted for “soft-switched™ con-
verter applications (to be discussed in Chapter 5), where the SOA 1s not utilized. In spite of
complex geometry, the current density of an MCT is high compared to a power MOSFET. BJT.
and IGBT. and therefore it needs a smaller die area.

The MCT was commercially introduced in 1992, and currently. medium-power devices
are available commercially. The future acceptance of the device remains uncertain at this point.

1.11 INTEGRATED GATE-COMMUTATED THYRISTORS (IGCTS)

The integrated gate-commutated thyristor (IGCT) is the newest member of the power
semiconductor family at this time, and was introduced by ABB in 1997 [12]. Basically. it is a
high-voltage, high-power, hard-driven, asymmetric-blocking GTO with unity turn-off current
cain. This means that a 4500 V IGCT with a controllable anode current of 3000 A requires turn-
oft negative gate current of 3000 A. Such a gate current pulse of very short duration and very
farge di/dr has small energy content and can be supplied by multiple MOSFETS in parallel with
ultra-low leakage inductance in the drive circuit. The gate drive circuit is built-in on the device
module, The device is fabricated with a monolithically integrated anti-parallel diode. The con-
duction drop. turn-on diZdt, gate driver loss, minority carrier storage time. and turn-oft (v/dr of
the device are claimed (o be superior to GTO. Faster switching of the device permits snubberless
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operation and higher-than-GTO switching frequency. Multiple IGCTs can be connected in series
or in parallel for higher power applications. The device has been applied in power system inter-
tie installations (100 MVA) and medium-power (up to 5 MW) industrial drives.

1.12 LARGE BAND-GAP MATERIALS FOR DEVICES

So far, all the power semiconductor devices discussed exclusively use silicon as the basic
raw material, and this will possibly continue, at least in the near future. However, new types of
large band-gap materials, such as silicon carbide and semiconducting diamond, are showing
high promise for the future generation of power devices. Silicon carbide is particularly more
promising because its technology is more “mature” than for diamond. The material has high car-
rier mobility, faster minority carrier lifetime, and high electrical and thermal conductivities.
These properties permit high-voltage and high-power capabilities, fast switching (i.e., high
switching frequency), low conduction drop, good radiation hardness, and high junction tempera-
ture. All key devices, such as diodes, power MOSFETS, thyristors, GTOs, etc. are possible with
this new material.

Silicon carbide power MOSFETs with T, up to 350 °C appear particularly interesting
as replacements for high-power silicon IGBTs in the future. High-voltage silicon carbide Schot-
(ky diodes with close to one-volt drop and negligible leakage and recovery current are available
at this time.

1.13 POWER INTEGRATED CIRCUITS (PICS)

A discussion on power semiconductor devices is incomplete without some mention of
power integrated circuits (PICs). In a PIC, the control and power electronics arc generally inte-
grated monolithically on the same chip. Loosely, a PIC is defined as “smart power.” The motiva-
tions behind a PIC are reductions in size and cost, and improvement in reliability. The main
problems in PIC fabrication are isolation between high-voltage and low-voltage devices and
thermal management. A PIC is often differentiated from a high-voltage intcgrated circuit
(HVIC), where the voltage is high but the current is small, that is, the loss is low. Low-voltage
NMOS. CMOS. and bipolar devices can be conveniently integrated with MOS-gated power
devices. Recently, a large family of PICs that includes power MOSFETs or IGBT smart
switches, half-bridge inverter drivers, H-bridge inverters, two-phase step motor drivers, one-
quadrant choppers for dc motor drives, three-phase brushless dc motor drivers, etc. has become
available. Figure 1.24 shows a monolithic PIC (within the dotted rectangle) for driving a brush-
less de motor. The simplified block diagram of the 40 V, 2 A PIC consists of a six-switch power
stage. Hall sensor decoding logic, current-regulated PWM (pulse width modulated) control of

the lower switches, and thermal/undervoltage protection features.
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1.14 SUMMARY

This chapter has given a briel, but comprehensive review of the different types of power
semiconductor devices that are used in power electronic systems. The devices covered include
the diode, thyristor, triac, GTO, BIJT, power MOSFET, IGBT, MCT. and IGCT. Power semicon-
ductor devices constitute a vast and complex subject, and the technology is going through con-
tunuous evolution. Within the scope of this chapter, we only gave brief descriptions of the
devices and their characteristics. It is needless to say that a power electronics engineer responsi-
ble for designing an apparatus should be thoroughly familiar with the different devices to
achicve optimum cost and the performance goals of the system. Traditionally. thyristor-type
devices have been very popular in power electronic systems and many applications can be found
in this area. Therefore, these types of devices and their characteristics were described at the
beginning of the chapter. MOS-gated devices, particularly power MOSFETs and IGBTs. have
been applied extensively in recent years, and therefore these devices were covered in more
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detail. Although the BJT is now practically obsolete, and SIT and MCT devices are seldom used,
these were briefly described for completeness of the subject. The IGCT is a recent member in
the deviee family with good potential. and we are yet to see its growth of applications in compe-
tition with IGBTs and GTOs. Finally, large band-gap materials and PICs were discussed. It is
mteresting to see that the advent of new power semiconductor devices, growth of their power rat-
ings. and improvement of their characteristics are continually driving the power electronics and
motor drives technologies forward. Suffice it to say that if the device evolution would have
stopped at the SCR level, the power electronics technology would have stalled hopelessly in the
primitive stage. In the next several chapters. we will gradually develop applications of power
semiconductor devices.
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CHAPTER 2

AC Machines for Drives

2.1 INTRODUCTION

The electrical machine that converts clectrical energy into mechanical energy. and vice
versa, is the workhorse in a drive system. Drive systems are widely used in applications such as
pumps, fans, paper and textile mills, elevators, electric vehicle and subway transportation. home
appliances, wind generation systems, servos and robotics, computer peripherals. steel and
cement mills, ship propulsion, etc. A machine is a complex structure electrically. mechanically.
and thermally. Although machines were introduced more than one hundred years ago. the
research and development (R&D) in this area appears to be never-ending. However. the evolu-
tion of machines has been slow compared to that of power semiconductor devices and power
electronic converters. An engineer designing a high-performance drive system must have int-
mate knowledge about machine performance, the dynamic model, and parameter variations.
Industrial drive applications are gencrally classified into constant-speed and variable-speed
drives. Traditionally, ac machines with a constant frequency sinusoidal power supply have been
used in constant-speed applications, whereas dc machines were preferred for variable-speed
drives. Dc machines have the disadvantages of higher cost, higher rotor inertia. and maintenance
problems with commutators and brushes. Commutators and brushes. in addition. limit the
machine speed and peak current, cause EMI problems, and do not permit a machine to operate in
dirty and explosive environments. However, dc machine drive converters and controls are sim-
ple, and the machinc torque response is very fast. Ac machines do not have the disadvantages of
dc machines as mentioned above. In the last two or three decades, we have seen extensive
research and development efforts for variable-frequency, variable-speed ac machine drive tech-
nology. Although currently, the majority of variable-speed drive applications use dc machines.
they are progressively being replaced by ac drives. In most cases. new applications use ac drives.

29
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Ac machines can generally be classified as follows:

* Induction machines
Cage or wound rotor (doubly-fed)
Rotating or linear
* Synchronous machines
Rotating or linear
Reluctance
Wound field or permanent magnet
Radial or axial gap (disk)
Surface magnet or interior (buried) magnet
Sinusoidal or trapezoidal
* Variable reluctance machines
Switched reluctance
Stepper
Ac machines for drives constitute a vast and complex subject. In this chapter, we will
study the basic static and dynamic performance characteristics of induction and synchronous
motors with particular relevance to variable-speed applications. The rotating radial-type
machines that are most commonly used will be emphasized. Further details of machine proper-
ties will be covered in the later chapters.

2.2 INDUCTION MACHINES

Among all types of ac machines, the induction machine, particularly the cage type, is most
commonly used in industry. These machines are very economical, rugged, and reliable, and are
available in the ranges of fractional horse power (FHP) to multi-megawatt capacity. Low-power
FHP machines are available in single-phase, but poly-phase (three-phase) machines are used
most often in variable-speed drives.

Figure 2.1 shows an idealized three-phase, two-pole induction motor where each phase
winding in the stator and rotor is represented by a concentrated coil. The three-phase windings,
either in wye or delta form, are distributed sinusoidally and embedded in slots. In a wound-rotor
machine, the rotor winding is similar to that of the stator, but in a cage machine, the rotor has a
squirrel cage-like structure with shorted end rings. Basically, the machine can be looked upon as
a three-phase transformer with a rotating and short-circuited secondary. Both stator and rotor
cores are made with laminated ferromagnetic steel sheets. The air gap in the machine is practi-
cally uniform (non-salient pole).

2.2.1 Rotating Magnetic Field

One of the most fundamental principles of induction machines is the creation of a rotating
and sinusoidally distributed magnetic field in the air gap. Neglecting the effect of slots and space
harmonics due to nonideal winding distribution, it can be shown that a sinusoidal three-phase
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Stator
as axis
Rotor 4
ar axis

Stator

Rotor

Figure 2.1 |dealized three-phase, two-pole induction motor

balanced power supply in the three-phase stator winding creates a synchronously rotating mag-
netic field. The derivation can be made either by a graphical or analytical method.

Consider that three-phase sinusoidal currents are impressed in the three-phase stator wind-
ings, which are given as

i, =1, cosw,1 (2.1
2
i, =1, cos(a)e[——] (2.2)
3
. 2
. =1, cos(a)(,t—k (2.3)
' 3

Each phase winding will independently produce a sinusoidally distributed mmt (magneto-
motive force) wave, which pulsates about the respective axes. Figure 2.2 shows the mmf waves
attimer=0wheni, =1, i,=-1,/2,and . =-1,,/2.

ne m
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a-axis b-axis c-axis

Figure 2.2 Mmf distribution in three-phase windings of stator

At spatial angle 6, the instantaneous mmf expressions can be given as

F,(0) = Ni, cosf (2.4)
, s
F,(8) = Nij, cos 9——3- (2.5)
_ 2
F.(6)=Ni.cos| 6 L (2.6)

where N = number of turns in a phase winding. Note that the mmf waves are phase-shifted in
space by a 2n/3 angle. The resultant mmf at angle 8 is given as

F(0)=F,(6)+F,(6)+F.(6)

0 9 (2.7)
= Ni,, cos6 + Ni, COS(G - ?7[ )-1— NI, cos(@ + ;T ]
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Substituting Equations (2.1) through (2.3) in (2.7) gives

r r
F(0.1) = NI, [cosw,tcosB +cos a)(,t—T cos| 0 ——
) ) (2.8)
r n
+¢0s a)(,[+7 cos| 0 +—
Simplifying Equation (2.8), the F(6, 1) expression can be written as
‘ 3 (2.9)
F.1)= —5/\1,,, cos(w,r —0) -

Equation (2.9) indicates that a sinusoidally distributed mmf wave of peak value 3/2 N1, is
rotating in the air gap at synchronous speed @,. In a two-pole machine, F(6, 1) makes one revo-
tution per cycle of current variation. This means that for a P-pole machine. the rotational speed
can be given as

N, = e (2.10)
B

where N, = synchronous speed in rpm and f, = @,/27 is the stator frequency in Hz.

2.2.2 Torque Production

If the rotor is initially stationary, its conductors will be subjected to a sweeping magnetic
field, inducing current in the short-circuited rotor at the same frequency. The interaction of air
gap tlux and rotor mmf produces torque, as explained by the waveforms of Figure 2.3.

At synchronous speed of the machine, the rotor cannot have any induction. and therefore.
torque cannot be produced. At any other speed Nr, the speed differential N, — N,.. called slip
speed, induces rotor current and torque is developed. The rotor moves in the same dircction as
that of the rotating magnetic field to reduce the induced current (Lenz’s law). In fact. the rotor-
mduced magnetic poles. slipping with respect to the rotor, lock with the stator poles. The per
unit slip S is defined as

§ = K r LA 1 (21 1)
N, w, @,

[4

where @, = stator supply frequency (1/s), @, = rotor electrical speed (1/s). and @, = slip fre-
quency (1/s). The rotor mechanical speed is @, = (2/P) o, (1/s). where P = number of poles of
the machine. Evidendy, the rotor voltage is induced at slip frequency. which correspondingly
produces ship trequency current in the rotor. In Figure 2.3(a). the sinusoidal air gap flux density
wave moving at speed @, induces voltage in the rotor conductors. as shown by the verueal lines.
The resulting rotor current wave lags the voltage wave by the rotor power factor angle 6, The
stepped rotor mmf wuve (indicating the space harmonics) can be constructed from the current
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(a) Rotor voltage induction.
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Figure 2.3 Torque production by interaction of air gap flux and rotor mmf waves
wave, which can be approximated by the dashed curve shown in the figure. Since the rotor is
moving at speed o, and its current wave is moving at speed o, relative to the rotor, the rotor
mmi wave moves at the same speed as that of the air gap tlux wave. The torque expression can
be derived [ 1] as

P . ,
I,=r B [rB,F),sind (2.12)

where P = number of poles. / = axial length of the machine, » = machine radius, B, = peak value
of air gap flux density, F, = peak value of rotor mmf, and 0= 7/2 + 6, is defined as the torque
angle. Other forms of torque expression will be given later.
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2.2.3 Equivalent Circuit

A simple per phase equivalent circuit model of an induction motor is a very important tool
for analysis and performance prediction at steady-state condition. Figure 2.4 shows the develop-
ment of a per phase transformer-like equivalent circuit. The synchronously rotating air gap flux
wave generales a counter emf (CEMF) V, . which is then converted to slip voltage V,” = nSV,, in
rotor phase. where 1 = rotor-to-stator turns ratio and S = per unit slip. The stator terminal voltage
V, differs from voltage V,, by the drops in stator resistance R, and stator leakage inductance £,,.
The excitation current / consists of two components: a core loss component [, = V,,/R,, and a
magnetizing component /,, =V, /w,L,,. where R, = equivalent resistance for core loss and L, =
magnetizing inductance. The rotor-induced voltage V,” causes rotor current 1,7 at slip frequency
@y, which is limited by the rotor resistance R,” and the leakage reactance L, The stator cur-
rent /; consists of excitation component /;, and the rotor-reflected current /,. Figure 2.4(b) shows
the equivalent circuit with respect to the stator, where /.. is given as

. ”25‘//71

’ . ’
R,. + _](U.‘./L/,.
1%

1

R. .
(S}' ]+ .](I)l,L/’.

? 2 - . .

and parameters R, (= R,//n")and L, (= L;,In") are referred to the stator. At standstill. S = 1. and
thercfore. Figure 2.4(b) corresponds to the short-circuited transformer-equivalent circuit. At Syn-
chronous speed. S = 0. current /. = () and the machine takes excitation current I, only. At any
subsynchronous speed, 0 < S < 1.0, and with a small value of S, the rotor current I.1s principally
influenced by the R./S (R, /S >> @, L) parameler.

The phasor diagram for the equivalent circuit in Figure 2.4(b) is shown in Figure 2.5.
where all the variables are in rms values.

The torque expression can be given in the form

3(P .
_ - » g )
T(‘"7 '2 w/lzll' sind (2.14)

where yr,, = peak value of air gap flux linkage/pole and 1, = peak value of rotor current.

2231 Equivalent Circuit Analysis

The various power expressions can be written from the cquivalent circuit of Figure 2.4(b)
as follows:

(]
"N

Input power: P, =3V.I coso (

11
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(b) Equivalent circuit with respect to the stator. ( 9)
Figure 2.4 Per phase equivalent circuit of induction motor
- - Tayeer 2
Stator copper loss: P =3I:R, (2.16)
R\
Core loss: P, =—" (2.17)
RIII
Power across air gap: p =3 (2.18)
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Stator side

Ym

e« Rotor side

-V

m

Rotor copper loss: P, =3I’R (2.19)
Output power: P,=P,-P, = 3[’? R, % (2.20)
Shaft power: Py =P, —Puy (2.21)

where cos ¢ = input power factor and Ppy, = friction and windage loss of the machine. Since the

output power is the product of developed torque 7, and speed ,,, T, can be expressed as

P - ,
7 :i:iﬂk”:g(ﬂ];&’i (2.22)
a)é"
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where @, = (2/P) w, = (2/P) (I - §) @, is the rotor mechanical speed (r/s). Substituting Equa-
tion (2.18) in (2.22) yields

Pl
T, :(%] ! (2.23)

o,

which indicates that torque can be calculated from the air gap power by knowing the stator fre-
quency. The power P, is often defined as torque in synchronous watts. Again, neglecting the
core loss, we can write

Py =3V, [ sind (2.24)
where
‘/IH = (U(’WHT (225>
Vi = Lm[m (2.26)
and
I,sin@ =1, sind (2.27)

Substituting Equations (2.24) through (2.27) in (2.23), we can write torque expressions in
the following forms:

T, = 3(]23)1//,,,1,. sin o (2.28)
3(PY, ~ .
= 2( ’2* ]Wﬂl [,. sin 5 (229)
p
= 3(2 JL,”]mIU (2.30)

where 7, and i,, are the peak values given by ﬁw,n and ﬁ[,‘, respectively, and 1, = I sin 6.
Equation (2.29) verifics the same as Equation (2.14). The torque expression (2.30) is analogous
to that of a dc machine, where /,, = magnetizing or flux component of stator current,
[, = armature or torque component of stator current, and 3(P/2)L
I, and [ , are orthogonal, or mutually decoupled.

. = torque constant. Note that

The equivalent circuit of Figure 2.4(b) can be simplified to that shown in Figure 2.6,
where the core loss resistor R, has been dropped and the magnetizing inductance L, has been
shifted at the input. This approximation is easily justified for an integral horsepower machine
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Figure 2.6 Approximate per phase equivalent circuit

where |(R; +j w,L;,)| << w, L,,. The performance prediction by the simplified circuit typically
varies within 5 percent from that of the actual machine.

In Figure 2.6, the magnitude of current /,. can be solved as

V.
]r = s (2.31)

VR R[S + 07 (Ly, + 1)

Substituting Equation (2.31) in (2.22) yields

2
I PR, | Ve (2.32)
‘ 2 JS®, (R,+R,/S) +0? (Ly + Ly )’

Equation (2.32) 1s a function of slip S for constant frequency and supply voltage.

2.2.4 Torque-Speed Curve

The torque T, can be calculated as a function of slip § from Equation (2.32). Figure 2.7
shows the torque-speed (o, /0, = / - ) curve, where the value of the slip is extended beyond the
region 0 < § < 1.0. The zones can be defined as plugging (1.0 < S < 2.0), motoring (0 < § < 1.0).
and regenerating (§< 0). In the normal motoring region, T, = 0 at § = 0, and as S increases (i.c..
speed decreases), T, increases in a quasi-linear curve until breakdown, or maximum torque 7,,,,
is reached. In this region, the stator drop is small and air gap flux remains approximately con-
stant. Beyond the breakdown torque, 7, decreases with the increase of S. The machine starting
torque 71, at § = 1 can be written from Equation (2.32) as

)
o PV (2.33)
o 2 o, (R +R ) +w (L, +1,)
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Figure 2.7 Torque-speed curve of induction motor

In the plugging region, the rotor rotates in the opposite direction to that of the air gap flux
so that § > 1. This condition may arise if the stator supply phase sequence is reversed when the
rotor is moving, or because of an overhauling type of load which drives the rotor in the opposite
direction. Since the torque is positive but the speed is negative, the plugging torque appears as
braking torque. However, the energy due to the plugging torque is dissipated within the machine,
causing excessive machine heating. In the regenerating region, as the name indicates, the
machine acts as a generator. The rotor moves at supersynchronous speed in the same direction as
that of the air gap flux so that the slip becomes negative, creating negative, or regeneration
torque. The negative slip corresponds to negative equivalent resistance R,/S in Figure 2.6. The
positive resistance R,/S consumes energy during motoring, but the negative R,./S generates
energy and supplies it back to the source. With a variable-frequency power supply, the machine
stator frequency can be controlled to be lower than the rotor speed (@, < ®,) to obtain a regener-
ative braking effect. An induction motor can, of course, continually operate as a generator
(induction generator) if its shaft is rotated at supersynchronous speed by a prime mover, such as
a wind turbine.
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If Equation (2.32) is differentiated with respect to § and equated to zero. then
R,

S, =* = - -
\/R; +a; (L + 1L, )"

(2.3

where S, is the slip corresponding to breakdown torque 7, Substituting the +5,, expression in
(2.32). the motoring breakdown torquc is

3 P v\z 3 2Z
To = 4w 5 > > (2.35)
¢ \/R; +o; (L + 1) +R,
and by substituting the S, the regenerative breakdown torque is
3P v’
g :—4 = — - (230
@, \/ R +w; (L, +1;,)" —R,
As cexpected, [T, .| = |T,, | if stator resistance R, is neclected. A further simplification of the
p ent g B b= |

equivalent circuit of Figure 2.6 can be made by neglecting the stator parameters R, and 75, This
assumption is not unreasonable for an integral horsepower machine. particularly if the speed is
typically above 10 percent. Then, the Equation (2.32) can be simplificd as

.

i PYV.)Y R, ,

T, =3 s . R . (2.37)
e ) RS+, L,

Equation (2.37) can be shown to be the same as (2.28) by substituting the following
relations:

V.

N

[l. - : R R
\/ (R./S) +w. 15,

R./S

e

cosf,. =—sind =

R
(R,S) +, L/,
From Figure 2.6 (neglecting R, and L;,) and recognizing that the air gap fTux can be given by

l//HI = ‘/

A

o, (240

m a low-slip region. (2.37) can be approximated as

5

“ IE

» Pyl h) A
I(' :%( R Wi Oy A

o) 2 2 - . . . . . .
where R >> @y~ L. Equation (2.41) is very important. It indicates that at constant flux v, .

the torque 7, is proportional to @y, or at constant m,;. 7., is proportional o "
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2.2.5 NEMA Classification of Machines

The National Electrical Manufacturers Association (NEMA) of the U.S. has classified
cage-type inducton machines into different categories to meet the diversified application needs
of the industry. These are characterized by torque-speed curves, as shown in Figure 2.8. The
most significant machine parameter in this classification is the effective rotor resistance. Class A
machines are characterized by somewhat low starting torque, high starting current, and low
operating slip. A Class A machine has low rotor resistance, and therefore, operating efficiency is
high at low slip. Class B machines are most commonly used for constant-speed industrial drives.
The starting torque, starting current, and breakdown torque of a Class B machine are somewhat
lower than those of a Class A machine, but a Class B machine has somewhat higher slip charac-
teristics. The machine is designed with higher rotor leakage inductance. Both Class C and Class
D machines are characterized by higher starting torque and lower starting current due to higher
rotor resistance. Most recently, high-efficiency Class E-type machines have been introduced.

2.2.6 Variable-Voltage, Constant-Frequency Operation

A very simple and economical method of controlling speed in a cage-type induction motor
i to vary the stator voltage at constant supply frequency. The three-phase stator voltage at line
frequency can be controlled by the firing angle control of anti-parallel thyristors connected to

A

Torque (T,)

Speed (o) f
Synchronous speed

((ﬂ e)

Figure 2.8 NEMA classification of induction motors
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Figure 2.9 Three-phase variable voltage control at constant frequency by thyristors

cach phase, as shown in Figure 2.9. This type of circuit has been used extensively as a solid-state
“soft starter” for constant-speed induction motors, where the stator voltage is applied gradually

to limit the stator current.

Figure 2.10 shows the torque-speed curves with variable stator voltage which have been
plotted from Equation (2.32). A load-torque curve for a pump or fan-type drive (7, = k(o,.2) 1S
also shown in the figure, where the points of intersection define stable points for variable-speed
operation. The motors of NEMA Class D category are generally suitable for this type of speed
control, which gives high rotor copper loss and correspondingly low machine efficiency. With a
low-slip machine, such as Class B, or with a constant torque-type load, the range of speed con-

trol will evidently be diminished. On the other hand, if the machine is designed to have S, > 1.a

m
constant- or variable-load torque-type load can be controlled in the full range of speed. Since the
air gap flux is reduced at lower supply voltage, the stator current tends to be excessive at low
speeds, giving high copper loss. In addition, distorted phase current in the machine and line and
a poor line power factor are also disadvantages. Often, single-phase, low-power, appliance-type
motor drives where the efficiency is not an important consideration use this type of drive for

speed control.

2.2.7 Variable-Frequency Operation

If the stator frequency of a machine is increased beyond the rated value. but the voltage is
kept constant, the torque-speed curves derived from Equation (2.32), can be plotted as shown in

Figure 2.11. The air gap flux and rotor current decrease as the frequency increases. and corre-
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Figure 2.10 Torque-speed curves at variable frequency

spondingly, the developed torque also decreases. The breakdown torque as a function of slip (at
constant frequency) can be derived by differentiating Equation (2.37) as

2
T, :3(5)[£] za’slmer 2 (2.42)
2 @ Rf +6oslmL Ir
where @, = R,/L; is the slip frequency at maximum torque. The equation shows that

Te,,,,a)ez=constant (i.e., the machine behaves like a dc series motor in variable-frequency
operation).

2.2.8 Constant Volts/Hz Operation

If an attempt is made to reduce the supply frequency at the rated supply voltage, the air
gap flux y,,, will tend to saturate, causing excessive stator current and distortion of flux wave.
Therefore, the region below the base or rated frequency (@),) should be accompanied by the pro-
portional reduction of stator voltage so as to maintain the air gap flux constant. Figure 2.12
shows the plot of torque-speed curves at volts/Hz = constant. Note that the breakdown torque
T,,, given by Equation (2.42) remains approximately valid, except in the low-frequency region
where the air gap flux is reduced by the stator impedance drop (V,, < V). Therefore, in this
region, the stator drop must be compensated by an additional boost voltage so as to restore the
T,,, value, as shown in Figure 2.12.

If the air gap flux of the machine is kept constant (like a dc shunt motor) in the constant
torque region, as indicated in Figure 2.12, it can be shown that the torque sensitivity per ampere
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Figure 2.12 Torque-speed curves at constant volts/Hz

of stator current is high, permitting fast transient response of the drive with stator current con-
trol. In variable-frequency, variable-voltage operation of a drive system. the machine usually has
low slip characteristics (i.e., low rotor resistance), giving high efficiency. In spite of the low
inherent starting torque for base frequency operation, the machine can always be started at max-
imum torque, as indicated in Figure 2.12. The absence of a high in-rush starting current in a
direct-start drive reduces stress and therefore improves the effective life of the machine. By far.
the majority of variable-speed ac drives operate with a variable-frequency. variable-voltage
power supply. This will be discussed further in Chapters 8 and 9.



46 Chapter 2 » AC Machines for Drives

2.2.9 Drive Operating Regions

The different operating regions of torque-speed curves for a variable-speed drive system
with a variable-frequency, variable-voltage supply are shown in Figure 2.13, and the correspond-
ing voltage-frequency relation is shown in Figure 2.14, Figure 2.14 also shows torque, stator
current, and slip as functions of frequency. The inverter maximum, but short-time or transient
torque capability, is limited by the peak inverter current and is somewhat lower than the machine
torque capability (shown by the dotted profile in Figure 2.13). The margin permits machine
breakdown torque variation by a variation of machine parameters.

The drive operating point can be anywhere within the inverter torque envelope. Since the
inverter is more expensive than the machine, this margin is not too uneconomical. The steady-
state torque envelope, further limited by the power semiconductor junction temperature 7, is
indicated in Figure 2.13.

Typically, the inverter peak or short-time limit torque is 50 percent higher than steady-
state torque for 60-seconds duration (NEMA standard). For a longer time duration of the tran-
sient, this peak torque must be reduced. Obviously, with improved cooling system design, the
steady-state torque envelope can be increased.

Constant power region
(Teo = constant)

Equivalent dc series

Constant torque motor operation
———— region < ’ 2
(T,.= constant) (T, = constant)

o Machine limit
1.0 — gy ——
\

Inverter short time
limit

o

Inverter steady-state
limit

Te
Te m

Torque[

1.0 - 2.5

m
Frequency O‘Z) pu
Figure 2.13 Torque-speed curves at variable voltage and variable frequency up to
field-weakening region
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Figure 2.14  Induction motor characteristics in constant torque and field-weakening regions

At the right edge of the constant torque region, the stator voltage reaches its full or rated
value, and then the machine enters into the constant power region at higher frequency. In this
region, the air gap flux decreases, but the stator current is maintained constant by increasing the
slip. This is equivalent to the field-weakening mode of operation of a dc separately excited
motor. Note that stable operation at any operating point within the envelope can be obtained by
controlling the voltage and frequency and will be discussed in Chapter 8.

2.2.10 Variable Stator Current Operation

Instead of controlling the stator voltage, the stator current can be controlled directly to
control the developed torque. Figure 2.15 shows the simplified per phase equivalent circuit with
a variable-stator current source. Since the Thevenin impedance is large for a current source. the
stator circuit impedance has been neglected. With current control, the developed torque depends
on the relative distribution of magnetizing current and rotor current, which are both affected by
the inverse ratio of parallel circuit impedances, which in turn are dependent on frequency and
slip.

Neglecting the rotor leakage reactance (w,L;. << R,/S) and core loss. the distribution of
currents can be given as

i R[S
1] 2 2
\/(Rr /S)2 +(1)(, LHI

!
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o 3|3

Figure 2.15 Simplified equivalent circuit for variable stator current operation

o,L
lo=1,= ——, (2.44)
\/ (R./S) +w," L,

where [, = active or in-phase component of stator current. Substituting Equations (2.43) and
(2.44) in (2.30), the torque expression is

where

: P 2
K'= 3(2 )R,.Lm

Equation (2.45) gives torque as a function of stator current, frequency, and slip. Typical
motor torque-speed curves at different stator currents but fixed frequencies are shown in Figure
2.16. If, for example, the machine is operated at rated current (/, = 1.0 pu), the starting torque
will be very low compared 1o that of a voltage-fed machine at V= 1.0 pu. The reason is that the
air gap flux will be very low due to the rotor’s short-circuiting effect. As the speed increases
(i.e., the slip decreases), the stator voltage increases, and as a result, the torque increases with
higher air gap flux. If saturation of the machine is neglected, the torque increases to a high value,
as shown by the dashed line, and then decreases to zero with steep slope at synchronous speed.
In a practical machine, however, the saturation will limit the developed torque, as shown by the
solid line. A torque curve with rated stator voltage is superimposed in Figure 2.16, where the
part with the negative slope can be considered to have stable operation with the rated air gap
flux. This curve intersects the /; = 1.0 pu torque curve at point A. Theoretically, the machine can
be operated either at A or B for the same torque demand. Because of lower slip at point B, the
rotor current will be lower and the gap flux will be somewhat higher, causing partial saturation.
This will result in higher core loss and harmonic torque pulsation, which will be discussed later.
The stator copper loss is the same at A and B, but the rotor copper loss is somewhat higher at A.
Overall. operation at A is more desirable. However, since A is in the unstable region of the
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Figure 2.16 Torque-speed curves with variable stator current

torque curve, effective close-loop stable operation of the machine is mandatory. The developed
torque can be varied by varying the stator current and slip so that the air gap flux remains con-
stant (i.e., the locus shown by the dots is on the negative slope of the equivalent voltage-gener-
ated torque curve). Note that for constant flux, slip increases with higher stator current. For
variable-frequency, variable-current operation, similar families of torque-speed curves can be
described on the torque-frequency plane, as shown in Figure 2.17.

2.2.11 The Effect of Harmonics

Although machines like to have a power supply with sinusoidal voltage or current waves.
the practical converter-fed power supply using a matrix of switches is hardly sinusoidal. The
waveforms are generally either pulse width modulated (PWM) or square and will be discussed
in Chapter 5. Such waveforms can be analyzed by Fourier series and are shown to have a funda-

mental or useful component and undesirable harmonic components. The harmonics generally
have two undesirable effects:

* Harmonic heating
* Torque pulsation

2.2.11.1  Harmonic Heating

For simplicity, here we will consider only the balanced three-phase, square-wave voltage
supply (see Figure 5.9). Analysis with square-wave current supply will be similar. However, the

analysis with the PWM wave is somewhat involved and should preferably be done with the help
of a computer program.



50 Chapter 2 *« AC Machines for Drives

Te
Te m

Torque(

()]
0)e1 e?2 (De3 (De4

Frequency (©)
Figure 2.17 Torque-speed curves with variable stator current and variable frequency

For a balanced, three-phase, square-wave voltage supply, only the odd harmonics should
be considered. Again, the third and its multiple (triplen) harmonics are in the same phase (co-
phasal—often defined as zero sequence component), and therefore cannot cause any triplen har-
monic current in a wye- or delta-connected machine winding with isolated neutral. Considering
only the non-triplen harmonics, the Fourier series of the phase voltages can be given as

Vs = Vi SIN@,t + Vs, sin 50,1+ V5, sin Tyt +--- (2.46)

. 2 o 2 . 2 ‘

Vs = Vim sm[w{)t Y )+ Vs, sin 5[ Dt == J+ V2, sin 7(a)€r —= |+ (2.47)
: 2 . 2 . 2

Vg = Vi sm(a)(,t + B J+ Vs, sin 5(0)1)’ + By ]+ V7, 8In 7(0)(1 + Y e (2.48)

where V. Vs, etc. are the peak values. Equations (2.47) and (2.48) can be simplified as

: 2 : 2 | 21
Vos = Vim sm(a)et — ;{ ]"r Vs, sm(Sa)et + ;t )+ Vi sm( Tw,1— ;E ]+ o (2.49)



Induction Machines 51

: 2 : 2 : 2
Ves = Vi sm(wet + ?ﬁ ]+ Vau sm(Sa)et _Tﬂ )+ Vo sm(7wet + 3 ]+ “e (2.50)

For each harmonic component, the machine can be approximately represented by a
constant-parameter, linear-equivalent circuit and the resultant ripple current can be solved by the
superposition principle. The per phase equivalent circuit of Figure 2.6 can be converted to a
harmonic-equivalent circuit as shown in Figure 2.18 where the core loss resistor R,, has been
omitted. In fact, there will be some skin effect increase of rotor resistance with harmonics which
will also be ignored. In this figure, n is the order of the harmonic and S,, is the slip at the nth har-
monic. Equations (2.46), (2.49), and (2.50) indicate that the 5" harmonic voltage component has
negative phase sequence, whereas the 7" harmonic has positive phase sequence like the funda-
mental component. Obviously, the 5™ harmonic will create air gap flux which will rotate in the
backward direction, whereas the fundamental and the 7™ harmonic will create flux that will
rotate in the forward direction. The effect of higher harmonics can be derived in a similar
manner. Since rotor speed is related to fundamental frequency only, the rotor appears practically
stationary with respect to a fast-moving harmonic field, that is, S, = 1.0.

Mathematically, the slip at the nth harmonic field can be given as

where negative and positive signs relate to forward- and backward-rotating fields. respectively.
Substituting ®,/®, = (1 - S) in Equation (2.51) and simplifying yields

5 = (n=1)+5 (2.52)
n
(Il + 1)—5]

Figure 2.18 Per phase equivalent circuit for harmonics calculation
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corresponding to forward- and backward-rotating fields, respectively. In these equations, S; is the
fundamental frequency slip. For example, if S| varies from 0 to 1, S5 and S5 will vary in ranges
from 1.2 to 1.0 and 0.857 to 1.0, respectively. Note that the harmonic currents are not influenced by
the fundamental frequency operating condition (i.e., they are independent of the torque and speed
of the machine). Assuming that nX,, approaches infinity and (nX); + nX;,) >> (R, + R,),

|7
Iy =—1 (2.54)
n(X, +X,,)
where V) and I, are the nth harmonic rms voltage and current, respectively, the corresponding
expression of rms harmonic ripple current /, is

[/’l :\/152+I72+1112+1132+"‘

(2.55)
= z In2
n=5,7,...

where Is, I, etc. are the rms harmonic components of the current. The total stator and rotor cop-
per losses due to fundamental and ripple currents can be given as

Py =3(I4" +1,7 )R, (2.56)

2
B, = 3([rl2 +1,7)R, (2.57)

where I; and I,; are the fundamental stator and rotor currents, respectively.

The core loss in the machine created by time-varying flux in the machine laminations con-
sists of hysteresis and eddy current losses. This loss is contributed by the fundamental as well as
harmonic components of the supply voltage. The per phase stator core loss expression at funda-
mental frequency can be given as

P

(

- 2 2.2
s = [\hwe!//nz +Kewe Vi (2.58)

where y,, = fundamental air gap flux linkage, K, = hysteresis loss coefficient, and K, = eddy
current loss coefficient. The parameter K, depends on the magnetic properties of iron and
machine size, and K, depends on machine geometry, size, lamination thickness, and resistivity of
iron. Under normal operating conditions, the fundamental rotor frequency S, is a small fraction
of the stator frequency and the corresponding rotor core loss P, is given by

- 2 : 2
P, =K Sow,” +K,(S0,) v, (2.59)
where Sw, has been substituted for @,. Obviously, the rotor core loss is small compared to that

of the stator. Substituting Equation (2.40) in (2.59), the total core loss is given as

2
Vm
2.60
R (2:60)

1+S

(4 m

a—m+m:%4 }mww?h?:



Induction Machines 53

therefore, the equivalent core loss resistance can be written as

o 5
1+ S (2.60)
K| == K, (1+5%)

w,

Assuming that the core losses due to harmonic fluxes are governed by the same principles
that determine the fundamental core losses, the coefficients K, and K, remain the same at har-

monic frequency. Since the harmonic slip S, = 1, the equivalent core loss resistance R, at har-
monic frequency n@, can be given from (2.61) as
I
R = K, (2.62)
— +K,

ne,
The superposition principle can be applied to find the total core loss. In a variable-
frequency drive, harmonic core loss is normally smaller than harmonic copper loss.

[n addition to copper and core losses, there are stray losses in the machine. By definition.
stray losses are those losses that occur in excess of copper loss, no-load core loss. and triction
and windage loss. These losses are essentially due to hysteresis and eddy current losses induced
by stator and rotor leakage fluxes. Approximate expression of stray loss can be derived in a sim-
ilar manner as core loss modeling.

22.11.2 Machine Parameter Variation

[t 1s needless to say that the machine parameters in the equivalent circuit hardly remain
constant during operating condition. Both stator and rotor resistances increase linearly with tem-
perature, depending on the temperature coefficient of the resistance of the material. Besides.
there is skin effect due to harmonics. The skin effect causes current crowding on the conductor
surface, which causes an increase of resistance, but a decrease of leakage inductance. The skin
effect is negligible on the stator winding, but its effect is dominant on the rotor bars. The magne-
tizing inductance is subjected to saturation with higher magnetizing current. Both the stator and
rotor leakage inductances can also have some amount of saturation at higher currents.

22.11.3  Torque Pulsation

Pulsating torque is produced by air gap flux at one frequency interacting with rotor mmf at a
different frequency. However, like frequency air gap flux and rotor mmf waves produce unidi-
rectional torque components. The general torque expression as a function of air gap flux. rotor
current, and the phase angle between the air gap flux and rotor current is given in Equation (2.28a).
Considering only the fundamental frequency, or any harmonic frequency alone. the angle &
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remains fixed and therefore only unidirectional torque is produced. A harmonic component of air
gap flux induces rotor current at the same frequency, and therefore torque is developed in the same
direction as that of the rotating flux. For example, the 7™ harmonic frequency torque will add with
the fundamental frequency torque, but the 5™ harmonic frequency torque will oppose it.

The torque pulsation will occur when angle o varies with time. This occurs, as mentioned
before, when y,, of one frequency interacts with /, of another frequency, modulating ¢ at a rate
which is the difference between speeds of the corresponding rotating phasors. The pulsating
torques can be calculated by superimposing the flux and rotor current phasors of various fre-
quencies on a single diagram, as shown in Figure 2.19(a). In the figure, the effects of only the
fundamental, Sth, and 7™ harmonic voltages are considered, and the flux phasors are assumed to
be cophasal at an instant ¢ = (). Each harmonic voltage will produce the corresponding flux and
rotor current components as shown in the figure. The equivalent circuit resistances for the 5th
and 7" harmonics are neglected [(Rg + R,) << n(X); + X;,)], and therefore, harmonic currents
will Tag the respective flux components by angle © (see Figure 2.5). The fundamental and 7t
harmonic phasors rotate in the counter-clockwise direction at speeds @, and 7@, respectively,
whereas the 5" harmonic phasors rotate in the clockwise direction at speed Sw,.

Figure 2.19(b) has been constructed from Figure 2.19(a) by giving the whole diagram a
clockwise rotation at @, to make the fundamental phasors stationary. From the diagram, it can be
seen that the 6 harmonic torque is contributed by the interaction of fundamental flux with the
5 and 7" harmonic currents, and of the fundamental current with the 5t and 7 harmonic
fluxes. Mathematically, the 6" harmonic torque expression can be written as

T,o = Ky, 17, sin(r —6w,t) + 7,1}, sin(d +6w,1)
W\l SIn(T +60,1) + s, 1, sin(d — 6w, 1)} (2.63)
= K[Wlm(17r - [51" )sin 6(1)(,1 + llr(l//7m +W5171)COS 6600’]

= K\, (I3, =I5, )sin 6@, (2.64)

whereas the fundamental component of torque is given as

T, =Ky, I,, sind (2.28a)

where K = torque constant and 0 is approximately taken as /2 in Equation (2.64). Since the har-
monic flux components y7,, and s, are very small, the contribution of the second term can be
neglected.

The pulsating torque will tend to cause jitter in the machine speed, but the effect of high-
frequency components will be smoothed (filtering effect) due to rotor inertia.
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Figure 219  Phasor diagram explaining 6th harmonic torque

Assuming pure inertia load, the speed jitter at the 6 harmonic torque can be given as

dw

2.65
J =T, sin6o,1 (=6
t

or

T
o,, =" cos6w,t (2.66)
J6w
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where J = rotor moment of inertia, ®,, = rotor speed, and 7,, = peak value of the 6™ harmonic
torque from Equation (2.64). Equation (2.66) indicates that at higher inertia and high harmonic
frequency, the speed pulsation will be highly attenuated. On the other hand, at low frequency,
mechanical resonance may be induced, causing severe shaft vibration, fatigue, wearing of gear
teeth, and instability of the feedback control system.

2.2.12 Dynamic d-q Model

So far, we have considered the per phase equivalent circuit of the machine, which is only
valid in steady-state condition. In an adjustable-speed drive, the machine normally constitutes an
element within a feedback loop, and thercfore its transient behavior has to be taken into consid-
eration. Besides, high-performance drive control, such as vector- or field-oriented control, is
based on the dynamic d-g model of the machine. Therefore, to understand vector control (to be
discussed in Chapter 8) principles, a good understanding of the d-¢ model is mandatory.

The dynamic performance of an ac machine is somewhat complex because the three-phase
rotor windings move with respect to the three-phase stator windings as shown in Figure 2.20(a).

Basically, it can be looked on as a transformer with a moving secondary, where the cou-
pling coefficients between the stator and rotor phases change continuously with the change of
rotor position 8,. The machine model can be described by differential equations with time-vary-
ing mutual inductances, but such a model tends to be very complex. Note that a three-phase
machine can be represented by an equivalent two-phase machine as shown in Figure 2.20(b),
where d* - ¢’ correspond to stator direct and quadrature axes, and d” — ¢" correspond to rotor
direct and quadrature axes. Although it is somewhat simple, the problem of time-varying param-
eters still remains. R. H. Park, in the 1920s, proposed a new theory of electric machine analysis
to solve this problem. He formulated a change of variables which, in effect, replaced the vari-
ables (voltages, currents, and flux linkages) associated with the stator windings of a synchronous
machine with variables associated with fictitious windings rotating with the rotor at synchronous
speed. Essentially, he transformed, or referred, the stator variables to a synchronously rotating
reference frame fixed in the rotor. With such a transformation (called Park’s transformation), he
showed that all the time-varying inductances that occur due to an electric circuit in relative
motion and clectric circuits with varying magnetic reluctances can be eliminated. Later, in the
1930s, H. C. Stanley showed that time-varying inductances in the voltage equations of an induc-
tion machine due to electric circuits in relative motion can be eliminated by transforming the
rotor variables to variables associated with fictitious stationary windings. In this case, the rotor
variables are transformed to a stationary reference frame fixed on the stator. Later, G. Kron pro-
posed a transformation of both stator and rotor variables to a synchronously rotating reference
frame that moves with the rotating magnetic field. This model is extremely important, and will
be discussed later in detail. D. S. Brereton proposed a transformation of stator variables to a
rotating reference frame that is fixed on the rotor. In fact, it was shown later by Krause and Tho-
mas that time-varying inductances can be eliminated by referring the stator and rotor variables to
a common reference frame which may rotate at any speed (arbitrary reference frame). Without
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Figure 2.20 (a) Coupling effect in three-phase stator and rotor windings of motor,
(b) Equivalent two-phase machine

going deep into the rigor of machine analysis, we will try to develop a dynamic machine model
in synchronously rotating and stationary reference frames.

2.2.12.1  Axes Transformation
Consider a symmetrical three-phase induction machine with stationary as-bs-cs axes at
2n/3-angle apart, as shown in Figure 2.21. Our goal is to transform the three-phase stationary
reference frame (as-bs-cs) variables into two-phase stationary reference frame (d*-¢') variables
and then transform these to synchronously rotating reference frame (d°-¢¢). and vice versa.
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d -axis

Figure 2.21  Stationary frame a-b-c to ds—gs axes transformation

Assume that the °-¢° axes are oriented at 6 angle, as shown in Figure 2.21. The voltages v;,> and

vq_;" can be resolved into as-bs-cs components and can be represented in the matrix form as

S
Vi cosf sin@ L] Yas

v | = | cos(@—120°) sin(@-120°) 1| v, (2.67)
Ves | | cos(@+120°) sin@+120°) 1|[y, ¢
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The corresponding inverse relation is

vqss cos@ cos(@—120°) cos(6+120%) »
v |= z sin@  sin(@—120°)  sin(@ +120°) || vy, (2.68)
) 0.5 05 0.5 v,

where v,* is added as the zero sequence component, which may or may not be present. We have
considered voltage as the variable. The current and flux linkages can be transformed by similar
equations.

It is convenient to set 8 = 0, so that the ¢*-axis is aligned with the as-axis. Ignoring the
zero sequence component, the transformation relations can be simplified as

§ (2.69)

T B (2.70)

Vg =—=V “‘+—vds" (2.7

and inversely

_) (2.72)

=LY as

=

—=Vpe =~ Vs
as bs cs
3 3

(2.73)

s 1 1
VdsS = ﬁ Vps T ﬁ Ves

Figure 2.22 shows the synchronously rotating d¢-¢¢ axes, which rotate at synchronous speed @,
with respect to the d* — ¢* axes and the angle 6, = @,t. The two-phase d* — ¢* windings are trans-
formed into the hypothetical windings mounted on the d — ¢ axes. The voltages on the d* - ¢*

axes can be converted (or resolved) into the d¢ — g° frame as follows:

=v,," cosB, — vy sinf, (2.74)

Vys qs

Vas = Vs SinB, + vy’ cosh, (2.75)
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Q.

Figure 2.22  Stationary frame d® — g°to synchronously rotating frame d®— g® transformation

For convenience, the superscript e has been dropped from now on from the synchronously rotat-
ing frame parameters. Again, resolving the rotating frame parameters into a stationary frame, the
relations are

Vgs' = Vgs COSB, + vy sind, (2.76)

qs

N

Vds =

~Vgs SN0, + vy cosb, (2.77)

As an example, assume that the three-phase stator voltages are sinusoidal and balanced,
and are given by

Vs = Vi, cos(@, 1 +¢) (2.78)
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2
Vps = Vi cos(a)et——3—+¢) (2.79)

2
Ve =V, cos[a)et+?+<p) (2.80)

Substituting Equations (2.78)—(2.80) in (2.72)—(2.73) yields

Vys' = Vi COS(@,1 + @) (2.81)
Vg ==V, sin(@,t+ ) (2.82)
Again, substituting Equations (2.74)- (2.75) in (2.81)—(2.82), we get
Vgs =V COSP (2.83)
(2.84)

Vds = ""V;n qu)

Equations (2.81)—(2.82) show that vqss and v,," are balanced, two-phase voltages of equal peak
values and the latter is at /2 angle phase lead with respect to the other component. Equations
(2.83)—(2.84) verify that sinusoidal variables in a stationary frame appear as dc quantities in a
synchronously rotating reference frame. This is an important derivation. Note that the stator
variables are not necessarily balanced sinusoidal waves. In fact, they can be any arbitrary time
functions.

The variables in a reference frame can be combined and represented by a complex space
vector (or phasor). For example, from Equations (2.81) — (2.82),

V=v = Vqss —J Vdss
=V, [cos(@,t +¢)+ jsin(w,t +¢)] (2.85)
=V, el9 /0
(0
- \/Evsej( . +0)
which indicates that the vector V rotates counter-clockwise at speed @, from the initial ( = 0)
angle of ¢ to the ¢®-axis. Equation (2.85) also indicates that for a sinusoidal variable, the vector
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magnitude is the peak value (Vm), which is /2 times the rms phasor magnitude (V). The ¢¢ — d¢
components can also be combined into a vector form:

€ . N S . - S : N
Vads = Vgs = Vas = (Vgs €088, =vys sin6, ) — j(v s sinB, + vy~ cosb,) (2.86)

= (Vqss - ]'Vdss )e_je* = Ve IO

or inversely

= s .8 : +,6
V= Vgs ~—JMVds = (Vqs = Jvgs)e™ (2.87)
Note that the vector magnitudes in stationary and rotating frames are equal, that is,

=5 / 52 2 _ [ 2 2 2.88
‘V\ =V, = Vqss + Vdss = Vgs + Vs ( )
i0

The factor ¢/’ may be interpreted as a vector rotational operator (defined as a vector rotator
(VR) or unit vector) that converts rotating frame variables into stationary frame variables. Cos 6,
and sin 6, are the cartesian components of the unit vector. In Equation (2.86), ¥ % is defined as
the inverse vector rotator (VR™!) that converts d* — ¢° variables into d¢ — ¢ variables. The vector
Vand its components projected on rotating and stationary axes are shown in Figure 2.22. The as-
bs-cs variables can also be expressed in vector form. Substituting Equations (2.72)—(2.73) into
(2.85)

Vzvqss_f‘)dss
2 11 (B B
= gvas Evbs_gvcs —-J _Tvbs'i_ Ves
2.89
2 N I\ (289
=3 Vas t —EHT Vps T TS e
2r—
:—3—kvas+avbs+a2vcs]

where a = ¢/?™ and a® = ¢7>™3 The parameters a and a® can be interpreted as unit vectors

aligned to the respective bs and cs axes of the machine, and the reference axis corresponds to the
v,s -axis. Similar transformations can be made for rotor circuit variables also.
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22122 Synchronously Rotating Reference Frame—Dynamic Model (Kron Equation)

For the two-phase machine shown in Figure 2.20(b), we need to represent both d° — ¢* and
d" — q' circuits and their variables in a synchronously rotating d° — g frame. We can write the
following stator circuit equations:

s_pis, d
Vs = Ryl + quss (2.90)

: . d
Vdsb = Rsldss + Ests (2.91)

where y, " and y," are g-axis and d-axis stator flux linkages, respectively. When these equa-
tions are converted to d°-¢° frame, the following equations can be written [4]:

) d
Vgs = Rslqs + Equ T DY s (2.92)

) d
Vg = Rslds +;l;l//ds —(Uel//qs (293)

where all the variables are in rotating form. The last term in Equations (2.92) and (2.93) can be
defined as speed emf due to rotation of the axes, that is, when w, = 0, the equations revert to sta-
tionary form. Note that the flux linkage in the d° and ¢¢ axes induce emf in the ¢° and d° axes,
respectively, with /2 lead angle.

If the rotor is not moving, that is, @, = 0, the rotor equations for a doubly-fed wound-rotor
machine will be similar to Equations (2.92)—~(2.93):

. d

vqr = erqr + Zl,;l//qr T 0¥y, (2.94)
. d

Var = erdr + EW{I}’ _wel//qr (2.95)

where all the variables and parameters are referred to the stator. Since the rotor actually moves at
speed @), the d-q axes fixed on the rotor move at a speed w, - w, relative to the synchronously
rotating frame. Therefore, in d°— ¢° frame, the rotor equations should be modified as

. d
Vgr = Ry + qur +(w, — o, W4, (2.96)

‘ d (2.97)
Var = erdr + EWdr - (a)e — O, )qu
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Figure 2.23 Dynamic d° - g€ equivalent circuits of machine (a) q° axis circuit, (b) d® — axis

circuit

Figure 2.23 shows the d° — ¢ dynamic model equivalent circuits that satisfy Equations
(2.92)-(2.93) and (2.96)—(2.97). A special advantage of the d° — ¢¢ dynamic model of the
machine is that all the sinusoidal variables in stationary frame appear as dc quantities in syn-
chronous frame, as discussed before.

The flux linkage expressions in terms of the currents can be written from Figure 2.23 as

follows:

l//q\\' = Llsiqs + Lm (l‘qx + i(/l‘)
Vyr = Llriqr + Lm(iqs + ic/r)
Von = Lm(iqs + iqi‘)

Was = Liglgs + Ly, (fgg +lgy)
Var = Lypigy + Ly (g +ig, )

Wam = Ly (igs + lgr)

(2.98)
(2.99)
(2.100)
(2.101)
(2.102)

(2.103)
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Combining the above expressions with Equations (2.92), (2.93), (2.96), and (2.97), the electrical
transient model in terms of voltages and currents can be given in matrix form as

[ves | T R +SL, o,L, SL,, oL, [is]
|| e R, +SL, ~o,L,, st i 0.104)
Var SL,, (0, —w,)L, R, +SL, (W, =@, )L, || iy,

v, | l-@-0L, S, - RSL |, |

where § 1s the Laplace operator. For a singly-fed machine, such as a cage motor, Var = Var = 0.

If the speed @, is considered constant (infinite inertia load), the electrical dynamics of the
machine are given by a fourth-order linear system. Then, knowing the inputs Vgsr Vds» and @,, the
Currents iy, Iyq, igp, and iy, can be solved from Equation (2.104). If the machine is fed by current
source, Iy, Iy, and @, are independent. Then, the dependent variables Vgss Vdse 1gr and ig, can be
solved from Equation (2.104).

The speed , in Equation (2.104) cannot normally be treated as a constant. It can be
related to the torques as

dow

m

7, 42799 (2.105)

T,=T, +]
¢ L P

where T; = load torque, J = rotor inertia, and ®,, = mechanical speed.

Often, for compact representation, the machine model and equivalent circuits are
expressed in complex form. Multiplying Equation (2.93) by — j and adding with Equation (2.92)
gives

Vas —Vds = Rs (lqs ~ Jlds )+ Z (l//qs —JW s )+ @, (qu — Y s ) (2.106)
or
—ri 4+ 4 - (2.107)
Vyds = Rslq(ls + Equs T IO g5 -

where v . 1,45 etc. are complex vectors (the superscript e has been omitted). Similarly. the
rotor Equations (2.96) — (2.97) can be combined to represent

. d .
Vadr = Relgar + = Vaar + J(@c =0 W gy (2.108)
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qus

Yads

Figure 2.24 Complex synchronous frame dgs equivalent circuit

Figure 2.24 shows the complex equivalent circuit in rotating frame where v 4, = 0. Note
that the steady-state equations can always be derived by substituting the time derivative compo-
nents to zero. Therefore from Equations (2.107)—~(2.108), the steady-state equations can be
derived as

Vi =R, + jo,y, (2.109)
R ,
O:?’I,+ja)ey/r (2.110)

where the complex vectors have been substituted by the corresponding rms phasors. These equa-
tions satisfy the steady-state equivalent circuit shown in Figure 2.4 if the parameter R,, is
neglected.

The development of torque by the interaction of air gap flux and rotor mmf was discussed
earlier in this chapter. Here it will be expressed in more general form, relating the d-g compo-
nents of variables. From Equation (2.29), the torque can be generally expressed in the vector
form as

3(PY -
Te:E(E}W’HXIF (2]]])

Resolving the variables into d°- ¢° components, as shown in Figure 2.25,

3(P

T, = 5(5 ](deiqr _l//qmi(/r) (2.112)

Several other torque expressions can be derived easily as follows:

3

P . .
I, = 5(5 )(V/dmlqs ““l//qmlds) (2.113)
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Figure 2.25 Flux and current vectors in d° — g¢ frame

3(P . .

= 5 E (Wa’slqs _t//qslds) (2.114)
3 o 2

= 5 E L, (lqs’({r - ldslqr) (2.115)
(P . .

- 5 é (Wdrlqr _l//qudr) (2.116)

Equations (2.104), (2.105), and (2.115) give the complete model of the electro-mechanical
dynamics of an induction machine in synchronous frame. The composite system is of the fifth
order and nonlinearity of the model is evident. Figure 2.26 shows the block diagram of the
machine model along with input voltage and output current transformations.

2.2.12.3  Stationary Frame—Dynamic Model (Stanley Equation)

The dynamic machine model in stationary frame can be derived simply by substituting ,
= 0 in Equation (2.104) or in (2.92), (2.93), (2.96), and (2.97). The corresponding stationary
frame equations are given as

s i do s (2.90)
e A s’(/x dt l//qs
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Figure 2.26 Synchronously rotating frame machine model with input voltage and
output current transformations

‘ s dy s 291
VdsA = RslalsS +Estb ( )
s d o ¢
0=R.i," +— v, -0y, (2.117)
dt
: - d : ,
0= Rria'r3 + EWdrb -*'wrl//qrAS (2.118)
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where v, = v, = 0. Figure 2.27 shows the corresponding equivalent circuits. As mentioned before,
in the stationary frame, the variables appear as sine waves in steady state with sinusoidal inputs.

The torque Equations (2.112)~(2.116) can also be written with the corresponding variables
in stationary frame as

(P 5. s 5. 2
T(' Y e (l//(lmslqrs _l//(]msldry) (2119
21 2
(P $.0s §.0s 2
:2 2 (wdm\’(/ss_l//(/msldss) (2.120)
(P s. s S.os 2.12
:i 5 (wdssl(/ss_Wl]ssldsé) (2.121)
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3(P Cos. s .S

=3 3 Lm(lqsvldr?—ldsslqrs) (2.122)
3(P .

25 E (Wdrslqrs_‘l/qrsldrs) (2‘]23)

Equations (2.90)-(2.91) and (2.117)—(2.118) can easily be combined to derive the complex
model as

. s d § 2.124
quss = R.\‘lqué —l'E‘//quS ( )

: d s . :
0= Ry’ + Voar' = O Vqa' (2.125)

where quss = Vqss ~J Va5 quss = qus ~J W5 iqus - iqss ~Jigs s qurs :qus ~jyy’, etc. The
complex equivalent circuit in stationary frame is shown in Figure 2.28(a). Often, a per phase
equivalent circuit with CEMF (®,, ) and sinusoidal variables is described in the form of Figure
2.28(b) omitting the parameter L, .

2.2.12.4  Dynamic Model State-Space Equations

The dynamic machine model in state-space form is important for transient analysis, partic-
ularly for computer simulation study. Although the rotating frame model is generally preferred,
the stationary frame model can also be used. The electrical variables in the model can be chosen
as fluxes, currents, or a mixture of both. In this section, we will derive state-space equations of
the machine in rotating frame with flux linkages as the main variables. A hybrid model in terms
of stationary frame stator currents and rotor fluxes will be discussed in Chapter 8.

Let’s define the flux linkage variables as follows:

Fqs = OpY g (2.126)
F, =0, (2.127)
Fi= gy (2.128)
Fy. = oy, (2.129)

where @), = base frequency of the machine.

Substituting the above relations in Equations (2.92)—(2.93) and (2.96)—~(2.97), we can write

1 dFys o, F, (2.130)
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: 1 dFy; o, (2.131)
Vis = Rylgg o d o, ®
1 dFy (w,-w 2.132
0=Rriqr+—~ﬁi+QJFd, (2.132)
y, dt wy,
1 dF, W, —
0=R.ij +— _ (@ w’)Fq, (2.133)

Wy, dt ay,

where it is assumed that v, = v, = 0.
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Multiplying Equations (2.98)—(2.103) by @), on both sides, the flux linkage expressions
can be written as

Fos = Oy = Xiglys + X, (s i) (2.134)
Fop = 0pW g = Xpplgy + Xy, Giys + 1)) (2.135)
Fom = O g = X, (g5 1) (2.136)
Fyo=opW o = Xisige + X, (g +igy) (2.137)
Fj =W ar = Xipige + X Gigs +ig) (2.138)
Fg = OpW g = X Uigs +igr) (2.139)
where X;; = wy, Ly, X;,, = @, L;,, and X, = wy, L,,,. or
Fpy = Xjyigs + Fyp, (2.140)
Fyp = Xyyiy +Fyy (2.141)
Fyo = Xpgige + Fyp (2.142)
Fyr = Xy + Fyp, (2.143)

From Equations (2.140)—(2.143), the currents can be expressed in terms of the flux linkages as

F,-F
iy = ——— (2.144)
Xls
F, —F
. qr qm
i, = (2.145)
qr Xlr
Fy —F
iy = dSX dm (2.146)
Is
idr — Fdr de (2.147)
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Substituting Equations (2.144)—(2.145) in (2.140)—(2.141), respectively, the F ., expression is
given as

Fyy =X, | L) Uy~ o) (2.148)
Xis Xir
or
X X
E, ="mlp y2mlp (2.149)
qr
o Xis * X
where
1
X, =
A (2150
Xon X Xiy
Similar derivation can be made for F,, as follows:
X X
Fyp=""T0F, +"mlp (2.151)
" Xis Xir

Substituting the current Equations (2.144)—(2.147) into the voltage Equations (2.130)—(2.133).

R, 1 dFyy  w, (2.152)
Vgs = )a Fog —Fon)+- ; e + w—deS
1 dF;, o (2.153)
V=S (Fy —F, )+ — —ds _Le
ds X[S ( ds dm X dt o, qs
R 1 dFy (0, -, 2.154
0:,,L(qu_Fq’,’1)+‘Jf+L’;,Jf)Fdr ( )
Xlr @y, dt @y,
R 1 dF, W, —®
0:‘-L(Fdr_de)+———-dl—_(.*€,, V)qu (2155)
Xy @ dt @y,
which can be expressed in state-space form as
dF [ w R ] 9
qs 2 ¢ (2.156)
T DO ‘Vqs ‘5[) Fys —;(; (Fys —Fymn )_
dfyy | o, . R ] (2.157)
% ths +w—qus - )E(Fds —Fm )4
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dF, (w,-w,) R
qr e r r (2.158)
=—y | —F; +——(F,. — F
dt b[ Wy, dr Xlr ( a qm)
dFy, (@, —o,) R,
=y | P R (2.159)
dr b|: w, gr X[r( ar ~ Fim)
Finally, from Equation (2.114)
3I(PY1 . :
Te == 5(5 ]w—b (Fdslqs _Fqslds) (2160)

Equations (2.156)—(2.160), along with Equation (2.105), describe the complete model in
state-space form where F g, Fy, F,,, and F,;, are the state variables. Simulation of the machine
will be discussed in Chapter 5.

2.3 SYNCHRONOUS MACHINES

A synchronous machine, as the name indicates, must rotate at synchronous speed; that is,
the speed is uniquely related to the supply frequency, as indicated in Equation (2.10). It is a seri-
ous competitor to the induction machine in variable-speed drive applications. Both machine
types are similar in many respects, and much of the discussion in the previous section holds true
for the synchronous machine. Therefore, only the salient features of the synchronous machine
will be reviewed here.

2.3.1 Wound Field Machine

Figure 2.29 shows an idealized three-phase, two-pole wound field synchronous machine.
The stator winding of the machine is identical to that of the induction machine, but the rotor has
a winding that carries dc current and produces flux in the air gap that helps the stator-induced
rotating magnetic field to drag the rotor along with it. The dc field current is supplied to the rotor
from a static rectifier through slip rings and brushes, or by brushless excitation, which will be
discussed later. Since the rotor always moves at synchronous speed (i.e., the slip is zero), the
synchronously rotating d¢ — ¢¢ axes are fixed with the rotor, where the d¢ axis corresponds to the
north pole, as shown. There is no stator-induced induction in the rotor, and therefore, the rotor
mmf is supplied exclusively by the field winding. This permits the machine to run at an arbitrary
power factor at the stator terminal, that is, leading, lagging, or unity. On the other hand, in an
induction machine, the stator supples the rotor excitation that makes the machine power factor
always lagging.

The mechanism of torque production is somewhat similar to that of an induction machine.
The machine shown is characterized as a salient pole because of the nonuniform air gap around
the rotor, which contributes to asymmetrical magnetic reluctance in the d and ¢ axes. This is in
contrast to a machine with a cylindrical rotor structure having a uniform air gap (such as an
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Figure 2.29 Idealized three-phase, two-pole synchronous machine (salient pole)

induction motor), defined as a nonsalient pole machine. For example, low-speed synchronous
generators in hydro-electric power stations use salient pole machines. whereas high-speed gen-
erators in steam-power stations use nonsalient pole machines. In addition to field winding. the
rotor usually contains an amortisscur, or damper winding, which is like short-circuited squirrel-
cage bars in an induction motor. The machine is more expensive. but efficiency is somewhat
higher. Wound field machines are normally used for high-power (multi-megawatt) drives. A lyp-
ical comparison between a high-power induction motor and a synchronous motor for a rolling
mill application |10} is given in Table 2.1.
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Table 2.1 Comparison of Induction and Wound Field Synchronous
Machines (6MW size)

IM SM
Displacement factor (at rated operation) 0.89 1.0
Efficiency (incl. excitation) 93.9% 95.5%
Max. output at 200% speed 240% 240%
Moment of inertia 134% 100%
Total weight of motor 101% 100%
Torque response time <10ms <10ms
Time constant for flux change 3.0s 0.35s
Required converter k VA 354% 258%
Excitation rectifier k VA (at peak load) - 10%

2.3.1.1 Equivalent Circuit

A simple per phase steady-state equivalent circuit for a nonsalient pole, synchronous
machine can be derived from the same physical considerations as those for an induction motor,
and it is shown in Figure 2.30. Figure 2.30(a) shows the transformer-like coupled equivalent
circuit linking the stator and the moving rotor winding. The rotor is supplied by a field current
Iy due to the supply voltage V,. The rotor section can be substituted in terms of the stator by a
current source If’ at frequency @,, as shown in Figure 2.30(b), where n is the ratio relating the
rms magnitude of If’ to the magnitude of the dc field current /;. At steady-state operation, the
power transferred to the rotor winding is zero, and all the power across the air gap 1s converted to
mechanical power. Neglecting the core-loss resistor R,,, Figure 2.30 (b) can be drawn in the
form of Figure 2.30(c) using the Thevenin theorem, where V; = w,L,nl; = @, Yy is defined as
excitation or speed emf due to flux linkage ¥y induced by field current I;. The sum of leakage
reactance ®,L;,, and magnetizing reactance ,L,, is known as the synchronous reactance
(X,=w,L,= o, (L + L,)). and the total impedance Z, = R + jX; is known as synchronous
impedance.

As mentioned before. a synchronous machine can operate at any desired power factor:
leading, lagging. or unity. The power factor can be controlled by the magnitude of the field exci-

tation. At a given frequency m,. the air gap voltage is V,, = w, y,,, where y,, = L1, 1s the air

gap flux linkage. This tends to balance the fixed supply voltage V. and correspondingly, the

magnetizing current /,, tends to be constant. The current I, is contributed by tield component /;

H
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Figure 2.30 Development of per phase equivalent circuit of nonsalient pole machine

o
o

reactive current is supplied to the output (i.e., the terminal power factor is leading). On the other
hand, if the machine is underexcited, it takes lagging current from the line to supplement the

excitation.
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Figure 2.31 Phasor diagrams of nonsalient pole machine (a) Motoring mode,
(b) Generating mode

Figure 2.31 shows the phasor diagrams for the equivalent circuit of Figure 2.30(c) under
both motoring and generating conditions. The motoring mode is shown with a leading power
factor.

The resistance drop is small and is often neglected. Neglecting R, the flux linkage phasor
diagram is added wherc

A

%), 7 (2.161)
()

2

i (2.162)
l//(1 = §Hy
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the angle 6 between V and Vyis known as the power or torque angle of a synchronous machine.
and it is negative in the motoring mode (with V. as reference phasor), but is positive in the gen-
erating mode. The phasor diagram in the generating mode is shown for a lagging power factor.

23.1.2 Developed Torque

Neglecting R, in Figure 2.31, we can write the I, expression as

_WA0-VpL-6

s

xs-Z
)

T T
P Ve 6+ =
V£ ) f ( 2)

X, X

N

Vv
I, cos¢ = Vicos L R A B L
‘ X, 2| X, 2
Ve
=—Jcos| 5+ 7
X, 2

The power input to the machine is

or

B =3Vl cos¢
Substituting Equation (2.164) in (2.165) yields
=3 )

~.sinéd
A}

k

[f machine losses are ignored, the power P; is also delivered to the shaft.

Combining Equations (2.166) and (2.167) gives

PYV. V
312 | L sing
2 o, X

=3 VY s
L

;)

(2.163)

(2.164)

(2.166)

(2.167)

(2.168)

(2.169)
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Figure 2.32 Torque-0 angle characteristics of nonsalient pole machine

Equation (2.169) gives the developed torque as a function of torque angle 6, which is plot-
ted in Figure 2.32 for both motoring and generating modes. The torque is zero at 6 = 0 and
becomes maximum at 0 = + ©/2. Stability considerations dictate that the machine should be
operated with & angle within + 1/2. At a fixed frequency and supply voltage, the torque curve is
proportional to the field excitation current as shown in the figure, where the saturation effect is
neglected. Or, for a fixed torque angle and field excitation, the torque remains unchanged if the
supply voltage-to-frequency ratio (i.e., ¥,) remains constant.

Equations (2.165) and (2.167) can be combined to write the torque expression as

T, 3[§ )Wsls cos¢

P
= 3(5]WSIT

where y, = stator tlux linkage and I = I, cos¢ is the in-phase or torque component of stator
current.

(2.170)

23.1.3 Salient Pole Machine Characteristics

So far we have discussed the characteristics of a nonsalient pole cylindrical rotor machine.
The characteristics of a salient pole machine differ from those of a nonsalient pole machine
because of the nonuniform air gap reluctances in the d€ and ¢¢ axes. The resulting asymmetry in
the direct and quadrature axes magnetizing reactances causes the corresponding synchronous
reactances to be unsymmetrical (i.e., X4, # X ;). Figure 2.33 shows phasor diagrams of a salient
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pole machine for the motoring and generating modes, and also includes flux linkages. Again. for
simplicity, the stator resistance has been dropped. The excitation or speed emf Vi is shown
aligned with the ¢© axes, whereas Wy is aligned with the d° axes. The phase voltage V, and phase
current /¢ are resolved into corresponding d¢ and ¢ components, and a voltage phasor diagram is
drawn with the corresponding reactive drops. In the phasor diagram, the armature reaction flux
W, aids the field flux to result in the stator flux y, as shown. The motoring mode phasor dia-
gram, which is drawn for lagging power factor, y, > Yr, whereas in the generating mode.
Yy < Yy because it is operating at leading power factor. Note that d°-¢° axes phasor diagrams
can also be drawn for a nonsalient pole machine where X, = X, gs-

From the phasor diagram, Figure 2.33(a), we can write
Iy cosg =1, co80 —1y5sind (2.171)

The figure can also be a vector diagram if all the rms phasors are multiplied by the factor
2, as mentioned before.

Substituting Equation (2.171) in (2.165), the input power P; can be given as

P =3V, (Iq‘Y cosd — 1, sin5) (2.172)

Again, from the phasor diagram we can write

I, _Yycosd-Vy (2.173)
as
Xd.s‘
;- Vi sind 517
A P
K qu

Substituting Equations (2.173)—(2.174) in (2.172) yields

'A% (X4 —X,)
P=3"Tgng+3v2 B e Guos (2.175)
ds dsqu
or
p V.V, (X4 —X,0)
T, :3( Jl 2L ging+v2 h e Ghos (2.176)
2 @, ds ds qu

v, Ly ~L,,
T —3(P)[W”Wsin5+w3 ("“‘”)smza] (2.177)

ds ds=qs
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Figure 2.33  Phasor diagram of salient pole machine (a) Motoring mode, (b) Generating mode

Equation (2.177) gives the developed torque with torque angle d for a salient pole machine. The
first component of the equation is contributed by the ficld yy and is identical to Equation (2.169)
except L is replaced by L. The second component is defined as reluctance torque. which arises
due 1o rotor saliency (i.e.. X # X,,,). where the rotor tends to align with the position of mini-
mum reluctance and is not influenced by the field excitation. For a standard salient pole machine
(Lyy > L) thisis an additive torque component.
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Figure 2.34 Torque-d angle characteristics of salient pole machine

The torque (T,)-6 angle curves for different field excitations are plotted in Figure 2.34 for
both motoring and generating modes. The steady-state stability limit corresponds to the maxi-
mum points and is indicated by the dots. The reluctance torque component is the lowest curve.
where the stability limit is reached at 6 = +n/4. It is evident from Equation (2.177) that it V /e,
ts maintained constant (i.e., the supply voltage is changed proportional to frequency). for a fixed
excitation and torque angle. the developed torque remains constant.

2314 Dynamic d°-g¢ Machine Model (Park Model)

A nonsalient pole synchronous machine without damper winding can be represented by an
approximate per phase transient equivalent circuit as shown in Figure 2.35. The voltage V,, is
the air gap voltage. which is also defined as the voltage behind the subtransient impedance
R, + w,L;. The air gap flux linkage is somewhat sluggish to change during transient. and there-
fore, impedance beyond the air gap voltage does not appear in the circuit.

A more comprehensive, dynamic performance of a salient pole synchronous machine can
be studied by synchronously rotating d“-¢¢ frame model developed by Park [6]. The model can
be derived following the same procedure discussed for an induction machine. The damper
winding is equivalent to the rotor cage winding of an induction motor. Including the effects of

the d“ - ¢“ components of damper winding and the field excitation circuit. which is active in the
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Figure 2.35 Per phase approximate transient equivalent circuit

d¢ axis only, the equivalent circuits are shown in Figure 2.36, where the field circuit parameters
Vi 150 Ry, and Ly, are referred to the stator circuit and all other symbols are given in standard
notation. The electrical model of the machine in matrix form can be given as

- —\

1Vq.\ R‘\ + SLL/.\ o, L([.\' SLqm w, Ldm 6O()L(I/n ,q.\'
Vs —(O(,L(I_\_ R.\ + SL(IX —wchm SLdm SLdm icl.x'
0= SL,, 0 R, +SL, 0 0 iy (2.178)
0 0 SL(IIH 0 Rzlr + SL(//‘ SLdm iz/r
_y/'r B | 0 SLdm 0 SLzIm Rﬁ‘ + S(L(/}‘ + Lzlm )_ _Iv/’r ]
and
3(P . .
T, = E 5 (l//dslqs _qulds) (2.179)
T, =1, +27 % (2.180)
P dr

The above equations indicate that the electro-mechanical dynamics of the machine are
described by a sixth-order nonlinear system. All the transformation equations from d*-¢* frame
to d°-¢¢ frame, and vice versa, remain the same as in an induction motor. The equations can
easily be described in state-space form for simulation. Note that the induction machine model
becomes identical with the model of a synchronous machine if: (1) the motor runs at synchro-
nous speed; (2) there is no saliency; and (3) excitation of the synchronous machine is ignored.
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Figure 2.36 d°- g° equivalent circuits of synchronous machine (a) q®-axis circuit,

(b) d®-axis circuit

The steady-state model of the machine can be derived by equating all the time derivatives

or S-related terms to zero. The following are the steady-state equations:

Vqs =Rl + @, (l//f + Ldsl(ls )

stqs
= RSI(/S + V/z + X(/.\‘ Id.s‘
Vd,.s' = RS 1 ds — X qsl s

(2.182)

where ;= Ly,l5, and all the variables are shown as rms phasors. If stator resistance is
neglected, these equations describe the phasor diagram shown in Figure 2.33(a). Since the
steady-state rms phasor diagram is a special case of the d°-¢¢ model. it is now clear why Figure

2.33 was drawn on d-¢¢ axes.
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2.3.2 Synchronous Reluctance Machine

The idealized structure of a reluctance motor is the same as that of the salient pole syn-
chronous machine shown in Figure 2.29, except that the rotor does not have any field winding.
The stator has a three-phase symmetrical winding, which creates sinusoidal rotating magnetic
field in the air gap, and reluctance torque is developed because the induced magnetic field in the
rotor has a tendency to cause the rotor to align with the stator field at a minimum reluctance
position. The developed torque of the reluctance machine included in Equation (2.177) can be
given as

(Lgs —Lyg)
T, :3(5) pio B B Gnos (2.183)
2 2Lyl

The plotting of Equation (2.183) in Figure 2.34 indicates that the stability limit is reached at 6 =
+7/4. The rotor of the modern reluctance machine is designed with iron laminations in the axial
direction separated by nonmagnetic material, as shown in Figure 2.37, to increase the reluctance
to flux in the g®-axis. Compared to the induction motor, it is slightly heavier and has a lower
power factor. With proper design, the performance of the reluctance motor may approach that of
an induction machine. With a high saliency ratio (L,/L,), a power factor of 0.8 can be reached.
The efficiency of a reluctance machine may be higher than an induction motor because there is
no rotor copper loss. Because of inherent simplicity, robustness of construction, and low cost,
reluctance machines have been popularly used in many low-power applications, such as fiber-
spinning mills, where a number of motors operate synchronously with a common power supply.
The interest in reluctance motor drives is growing.

2.3.3 Permanent Magnet (PM) Machine

In a permanent magnet synchronous machine, the dc field winding of the rotor is replaced
by a permanent magnet. The advantages are elimination of field copper loss, higher power den-
sity, lower rotor inertia, and more robust construction of the rotor. The demerits are loss of flexi-
bility of field flux control and possible demagnetization effect. The machine has higher
efficiency than an induction motor, but generally its cost is higher, which makes the life cycle
cost of the drive somewhat lower. Permanent magnet machines, particularly at low-power range,
are widely used in industry. Recently, the interest in their application is growing, particularly up

to 100 kW.
2.3.3.1 Permanent Magnet Materials

The property of a permanent magnet and the selection of the proper materials are very
important in the design of a permanent magnet (PM) synchronous machine. Figure 2.38 shows
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Figure 2.37  Cross-section of synchronous reluctance motor

the demagnetization segment of the B-H curve where the permanent magnet is usually designed
to operate. The maximum flux density B, corresponding to point A” will be available initially if
the magnet is short-circuited with steel keepers (no air gap). When the magnet 1s installed in the
machine, the air gap will have some demagnetization effect and the operating point B” will cor-
respond to the no-load line shown in the figure. The slope of the no-load line (with respect to the
H-axis) will be smaller with higher air gap. With current flowing in the stator winding. the mag-
netic axis (d°) armature reaction effect can have a further demagnetization effect, which will fur-
ther reduce the air gap flux density. A load line corresponding to worst-case demagnetization.
which may be due to a starting, transient, or machine fault condition, 1s also shown in the figure.
Once the operating point reaches D and the demagnetization effect is removed, the magnet will
recover along the recoil line, which has approximately the same slope as the original B-H curve
near H = 0. In a subsequent operation, the stable operating point will be determined by the inter-
section of the load line and the recoil line. The magnet is therefore permanently demagnetized at
no-load operation, corresponding to the vertical distance between A’ and A. The worst-case
demagnetization point is therefore vitally important for machine performance and should be
closely controlled. Alternatively, if the material of the permanent magnet is selected to have a
straight-line demagnetization curve, the recoil line will coincide with the demagnetization line
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Figure 2.38 Permanent magnet machine operating points on B-H curve

irrespective of the worst-case demagnetization point (i.e., permanent demagnetization will be
negligible).

Figure 2.39 shows the characteristics of several possible PM materials. Alnico has high
service temperature, good thermal stability, and high flux density, but the disadvantage is low
coercive force coupled with squarish B-H characteristics, which makes the permanent demagne-
tization high so that it is practically unsuitable for a PM machine. Barium and strontium ferrites
are widely used as permanent magnets. Ferrite has the advantages of low cost and plentiful sup-
ply of raw material. They are also easy to produce, and their process is suited for high volume, as
well as moderately high service temperature (400°C). The magnet has a practically linear
demagnetization curve, but its remnance (B,) is low. Therefore, the volume and weight of the
machine tends to be high. The Cobalt-Samarium (CoSm) magnet is made of iron, nickel, cobalt,
and rare-Earth Samarium. It has the advantages of high remnance, high energy density defined
by (BH,,,.)
as 300 °C, and the temperature stability (% change in B per °C) is very good (-0.03%). But, the
material is very expensive because of an inadequate supply of Samarium. The Neodymium-iron-

, and linear demagnetization characteristics. The service temperature can be as high

boron (Nd-Fe-B) magnet has the highest energy density, highest remnance, and very good coer-
civity (H,). The disadvantages are low service temperature (150 °C) and susceptibility to oxida-
tion unless protected by a coating. Besides, the temperature stability (-0.13%) is inferior to that
of a CoSm magnet. The material is expensive compared to ferrite, but because of higher energy
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Figure 2.39 Permanent magnet characteristics

density, the machine weight is reduced. The application of Nd-Fe-B magnets is growing in PM
machines.

2332 Sinusoidal Surface Magnet Machine (SPM)

In this machine, as shown in Figure 2.40, the stator has a three-phase sinusoidal winding
as before, which creates a synchronously rotating air gap flux. The PMs are glued on the rotor
surface using epoxy adhesive. The rotor has an iron core, which may be solid or made of
punched laminations for simplicity of manufacture. Line-start 60 Hz PM machines may have a
squirrel-cage winding to start as an induction motor. For variable-speed operation. PM machines
may or may not have a cage or damper winding, which has an additional loss due to harmonics.
If the machine is rotated by a prime mover, the stator windings generate balanced three-phase
sinusoidal voltages. Since the relative permeability of a PM is very close to onc (i, > 1). and
magnets are mounted on the rotor surface, the effective air gap of the machine is large and the
machine is a nonsalient pole (L, = L,,). This contributes to a low armature reaction effect due
to low magnetizing inductance,

2333 Sinusoidal Interior Magnet Machine (IPM)

Unlike an SPM, in an interior or buried magnet synchronous machine (IPM). the magnets
are mounted inside the rotor. Although a number of geometries are possible. a typical configura-
tion is shown in Figure 2.41. The stator has the usual three-phase sinusoidal winding. The differ-
ence in the geometry gives the following characteristics to the IPM machine: (1) the machine is
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Stator

Air gap

Magnets

Figure 2.40 Cross-section of sinusoidal surface magnet machine (SPM)

more robust, permitting a much higher speed of operation, (2) the effective air gap in the d“-axis
is larger than that in the ¢“-axis, which makes the machine a salient pole with Ly, < Ly (unlike
a standard wound field synchronous machine). and (3) with the effective air gap being low, the
armature reaction effect becomes dominant.

The steady-state analysis of a sinusoidal PM machine with an equivalent circuit and pha-
sor diagram remains the same as a wound field machine except that the equivalent field current Iy
should be considered constant, that is, the flux linkage Y=L, l; = constant. The synchronously
rotating frame transient cquivalent circuits, shown in Figure 2.36, also hold true here, except the
machine may not have any damper winding. Figure 2.42 shows the equivalent circuits where the
finite core loss is represented by the dotted damper windings. Ignoring the core loss, the circuit
equations can be written as

: , .d (2.184)
Vgs = R.\' lys TON e+ wewif + EW{/.V
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Figure 2.41 Cross-section of interior permanent magnet sinusoidal machine (IPM)
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: d 5
V([S = R.S‘Id.s' - a)ell/(ls + _l//([s (h. ] 85)
dt
where
l/?f = La’m[‘,/‘ (2.186)
l//(,ls = igy(Lyg + Ly ) = tge Ly, (2.187)
Yas = l/}f +l//(,1'.\' (2.188)
Vs = ’.qs (Lyy + Lqm) - iqs qu (2.189)

and the torque equation is

3(P . . .
T, = 2(5 )(W{l&l(/x ~Yyslas ) (2.114)
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Figure 2.42 Synchronously rotating frame (d€ - q¢) equivalent circuits of IPM machine

Substituting Equations (2.186)—(2.189) in (2.184), (2.185), and (2.114) and simplifying,
we can write

di( ; (6) w ) 2
s _ Wp . ¢ . e (2.190)
= v, —Ri, ——=X; i) ——V
dt qu qs stgs o, ds‘ds i f
di g _ wy, ﬁv ‘_R'il'__mf’ oy (2.191)
dt de ds stds X gstys

(2.192)
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where sz Wy lﬁ/’ X(/S = waq.w X(/s = wa(/s’ F(IS, = a)bl//ds,’ Fqs = lVq.\" and Wy = base
frequency. These equations, which are valid for IPM as well as SPM (except L, = L) can be

used for computer simulation study.

Again, for steady-state operation of the machine, the time derivative components of
Equations (2.184) and (2.185) are zero, that is, these can be written in the form of Equations
(2.181) and (2.182), respectively, which correspond to Figure 2.33, except the resistance drops.

2334 Trapezoidal Surface Magnet Machine

A trapezoidal SPM machine is a nonsalient pole, surface-mounted PM machine similar to
a sinusoidal SPM machine except its three-phase stator winding (normally wye-connected) has
concentrated full-pitch distribution instead of sinusoidal winding distribution. Figure 2.43 shows
the cross-section of the machine; its three stator phases are shown at the right side. The two-pole
machine is shown with a gap to reduce the flux fringing effect, and the stator is shown with four
slots per pole per phase. As the machine rotates, most of the time flux linkage in a phase wind-
ing varies linearly, except when the magnet gap passes through the phase axis. If the machine is
rotated by a prime mover, the stator phase voltages will have symmetrical trapezoidal wave
shape as shown in Figure 2.44. An electronic inverter is required in the front end to establish a
six-step current wave at the center of each half-cycle to develop torque. Since converter use is
mandatory, it is often defined as an electronic motor. With the help of an inverter and an
absolute-position sensor mounted on the shaft, both sinusoidal and trapezoidal SPM machines
can be controlled to have “brushless dc motor” (BLDM) performance. However, a trapezoidal
machine gives closer to dc machine-like performance. The machine is simple, inexpensive, and
has somewhat higher power density than the sinusoidal machine. Further discussion of the
machine and the drive will be given in Chapter 9. Low-power (up to a few kW) drives using this
machine are commonly used in servo and appliance drives where the commutators and brushes
of a dc motor are not desirable.

Stator

Permanent magnet

Air gap

Rotor core

Figure 2.43 Cross-section of trapezoidal surface magnet machine (two-pole)
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Figure 2.44 Stator phase voltage and current waves in trapezoidal PM machine

2.4 VARIABLE RELUCTANCE MACHINE (VRM)

A variable or double reluctance machine (VRM), as the name indicates, has double
saliency, meaning it has saliency in the stator as well as in the rotor. As mentioned before, the
VRM has two classifications: switched reluctance machine (SRM) and stepper motor. The step-
per motor is basically a digital motor, i.e., it moves by a fixed step or angle with a digital pulse.
Small stepper motors are widely used for computer peripheral-type applications. However, since
the machine is not suitable for variable-speed applications, there will not be any further discus-
sion of it

There has been interest in switched reluctance motor drives in the literature, and recently,
great etfort has been made to commercialize them in competition with induction motors. Figure
2.45(a) shows the cross-section of a four-phase machine with four stator-pole pairs and three
rotor-pole pairs (8/6 motor). The machine rotor does not have any winding or PM. The stator
poles have concentrated winding (instead of sinusoidal winding), and each stator-pole pair wind-
ing, as shown in the figure, is excited by a converter phase. For example, the stator-pole pair
A-A"is energized when the rotor pole-pair a-a” approaches it to produce the torque by magnetic
pull, but is de-energized when pole alignment occurs. All four machine phases are excited
sequentially and synchronously with the help of a rotor position encoder to get unidirectional
torque. The inductance profile of a stator-pole pair with respect to rotor angular position and the
corresponding phase-current waves is shown in Figure 2.45(b). In the forward direction, as
shown, the motoring torque is developed by establishing the stator current pulse where the
inductance profile has positive slope; whereas for regenerative braking, the current pulse is at the
negative slope. For the 60° cycle period shown in the figure, a particular phase is excited every
60°, and four consecutive phases are excited at 15° intervals. The magnitude of torque can be
given as

(2.193)
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Figure 2.45 (a) Construction of switched reluctance machine
(SRM), (b) Inductance profile and phase current waves

where m = inductance slope and i = instantaneous current. The current i can be maintained con-
stantly by control during the inductance slope. At high speeds, the rotor-induced CEMF is high,
which makes the current wave as indicated. Note that the backward slope at the end of the cur-
rent pulse contributes to negative torque.
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The favorable attributes of this electronic motor are simplicity and robustness of construc-
tion; potentially, it is somewhat cheaper than other classes of machines. However, the torque
generation is pulsating in nature and there are serious acoustic noise problems.

2.5 SUMMARY

In this chapter, we attempted to give a comprehensive review of the different types of ac
machines, including induction machines, wound field synchronous machines (WFSM), surface
magnet synchronous machines (SPM), interior magnet synchronous machines (IPM), surface
magnet trapezoidal synchronous machines, and switched reluctance machines (SRM). Cage-
type induction machines, which are commonly used, were emphasized over wound rotor
machines.

In the beginning, steady-state performance of induction motors was discussed, which was
then followed by the dynamic d-g model in both synchronously rotating reference frame and sta-
tionary reference frame. Then, state-space equations in terms of flux linkages were derived
mainly for simulation. For easy understanding, the author represented the dynamic equations
and corresponding equivalent circuits in cartesian form with  and ¢ coordinates instead of com-
plex space vector representation. In this context, the difference between space vectors and rms
phasors for sinusoidal variables was clarified.

For synchronous machines, steady-state analyses with an rms phasor diagram and then a
d®-¢° dynamic model were discussed in detail. Since PM machines are widely used, a dynamic
model with state-space equations was derived. Finally, switched reluctance machine principles
were discussed briefly.

An intimate understanding of machine performance, including parameter variation charac-
teristics, 1s necessary to design modern high-performance drives. Often, for a particular applica-
tion, more than one type of machine can be used. The final selection will depend on a cost/
performance trade-off, where the various factors to consider are initial cost, size and weight,
efficiency, dynamic response, power factor, rotor inertia, reliability, need of position or speed
encoder, etc. Further discussion of machines will be continued in Chapters 8 and 9.

References

1. A.E. Fitzgerald, C. Kingslay, and S. D. Umans, Elecrric Machinery, McGraw-Hill, New York, 1983.

G. R. Slemon, “Electrical machines for variable frequency drives”, Proceedings of the IEEE, vol. 82, pp. 1123-
1139, Aug. 1994,

P. C. Krause, Analvsis of Electric Machinery, McGraw-Hill, New York, 1986.
4. C.M. Ong, Dynamic Simulation of Electric Machinery, Prentice Hall, New Jersey, 1998,

[xe]

B. K. Bose, “Power electronics and motion control — tecchnology status and recent trends”, IEEE Trans. on Ind.
Appl.. vol. 29, pp. 902-909, Sept./Oct. 1993.

6. R.H. Park, “Two-reaction theory of synchronous machines — generalized method of analysis- Part 17, AIEE
Trans., vol. 48, pp. 716-727, July 1929,

7. H. C. Stanley, “An analysis of induction motor™, AIEE Trans., vol. 57 (Supplement), pp. 751-755, 1938.

8. G. Kron, Equivalent Circuits of Electric Machinery, John Wiley, New York, 1951.



Summary 97

9. S.D. T Robertson and K. M. Hebber, “Torque pulsations in induction motors with inverter drives”. IEEE Trans.
Ind. Appl., vol. 7, pp. 318-323, Mar/Apr. 1971.

10.  R. Hagmann, "AC cycloconverter drives for cold and hot rolling mill applications”, IEEE IAS Annu. Meet. Conf.
Rec., pp. 1134-1140, 1991,






CHAPTEHR 3

Diodes and Phase-
Controlled Converters

3.1 INTRODUCTION

Diodes and phase-controlled converters constitute the largest segment of power electronics that
interface to the electric utility system today. The history of these converters extends nearly one
hundred years. and they are often defined as classical power clectronics. Before the advent of
solid-state diodes and thyristors, which are invariably used presently, gas-filled glass-bulb
devices such as mercury-arc rectifiers, phanotrons, thyratrons, and ignitrons were dominant in
the early part of this century. Then, during World War 11, saturable-core magnetic amplifiers
were introduced. This class of converters mainly converts 50/60 Hz ac to dc (rectification). but a
select group can also function for dc to ac conversion (inversion). The efficiency of the convert-
ers is very high, typically in the vicinity of 98%. because device conduction loss is low and
switching loss is practically negligible. However, the disadvantage is that they generate harmon-
ics in the utility system creating a power quality problem for other consumers. Besides. thyristor
converters constitute a low lagging power factor load on the utility system. The application of
these converters may include the following:

* Electrochemical processes such as electroplating. anodizing, metal refining. and chemical
gas production (hydrogen, oxygen, chlorine, elc.)

* Adjustable-speed de and ac motor drives

* High-voltage dc (HVDC) systems

* Dc and ac general-purpose power supplies, including UPS (uninterruptable power supply)
systems

* Dc-to-ac power conversion from solar cells, fuel cells. ete. with interface to the utility
system

99
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In this chapter, we will describe the key configurations of diodes and phase-controlled thy-
ristor converters. Although the dc motor drive is not a theme of this book, the dc motor speed
control with thyristor converter will be included here for completeness. The background in this
chapter will be an important ingredient for phase-controlled cycloconverters, which will be dis-
cussed in Chapter 4, and current-fed converters, which will be described in Chapter 6. While
explaining the principles of different converters, we will consider the devices as ideal, meaning
zero conduction drop, no reverse recovery current, and instantaneous turn-on and turn-off

switching.

3.2 DIODE RECTIFIERS

Diode rectifiers are the simplest and possibly the most important power electronics cir-
cuits. They are rectifiers because power can flow only from the ac side to the dc side. In this sec-
tion, we will discuss only the most important circuit configurations, that is, the single-phase
diode bridge and three-phase diode bridge. Again, the commonly used loads such as resistance,
resistance-inductance, and capacitance-resistance will be considered. Note that thyristor con-
verters with zero firing angle also behave as diode rectifiers. Therefore, understanding the more
complex diode circuits by extrapolating the performance of thyristor converters 1s left as an exer-
cise to the reader.

3.2.1  Single-Phase Bridge — R, RL Load

The single-phase diode bridge rectifier is one of the simplest power electronic circuits, and
it is shown in Figure 3.1 with resistance-inductance load. The performance of this circuit is sim-
ilar to the rectifier with a center-tapped transformer shown in Figure 3.2. The latter circuit uses
only two diodes; in addition, a transformer that can provide voltage level change and electrical
isolation from the primary is used. In Figure 3.1, the ac supply is represented by a sinusoidal
voltage source (v,) in series with a Thevinin leakage inductance L, (the resistance is neglected),
which will be ignored in the present analysis. In the positive polarity of supply voltage, as
shown, the diodes D; and D, will conduct current through the load, whereas in the negative
polarity, diodes D; and D, will conduct. When a pair of diodes is conducting, the voltage v, will
appear as reverse voltage to the other devices.

Figure 3.3(a) shows the waveforms for the R load where the load voltage (v,) is single-
phase, full-wave rectified, which contains a dc component, and the load current (i) i1s propor-
tional to this voltage. Each of the diodes on the positive side (D,;D;) and negative side (D,D ) of
the bridge conduct for a half-cycle so that the continuity of current flow is maintained. The line

current (i) is sinusoidal (no distortion), and it is in phase with the line voltage, as shown in the
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Figure 3.1 Single-phase diode bridge rectifier with R or AL load

vs® —{ LOAD |

D,

Figure 3.2 Single-phase rectifier with center-tapped transformer

figure. The load voltage and current waves are very rich in harmonics, and the order of harmon-
ics are even (since flor) = fi—wr)). The Fourier analysis of v wave gives

[>3

V(1) = ay + z (a, cosnwt +b, sinnwt) (3.1)
n=24..
] 2r (z ,))
a, :—JU vy (wr)cosnot dwt s
T

1 ¢2 _
b, = f ﬂ\,’(,(cor)smna)r dwt (3.3)
0
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ot

(a) R-load

OJ \K ot

D3Dy

(b) RL-load (L» «)
Figure 3.3 Waveforms for Figure 3.1 (a) R-load, (b) RL-load (L — 90)

1 . 2
ay =V, = ;H Viu Sin 01 dot ==V, = 0.9, (3.4)
1 ¢x v, V.
I;=—| ijdot=-%=09-=% (3.5)
1 r IO d R R

where V ;= average or dc output voltage, V,, = peak supply voltage, V; = rms supply voltage, and
1, = average or dc output current. The b, or sine components will disappear if cosine symmetry
is assumed. Therefore, substituting v, (@r) = V,, sin @t in Equation (3.2) gives

2 .
a, = —J‘g V., sinwt cosnwt dwt
T
(3.6)

_ Vi i -
T y=pa, (n=D+])
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The complete Fourier series expression is

2 4V 4v, 4v
vyloty= ="V, — Eﬂ cos20t — " cosdwt ——" cosbwr... (3.7)
T m

157 357

which indicates magnitudes of the even harmonic components.

Figure 3.3(b) shows the waveforms with RL load, where L is assumed to be infinity for
simplicity. The output voltage waveform will remain the same, but the load current will be
smooth dc as shown because all the harmonic voltages will be absorbed by the load inductance.
With the load current constrained to be pure dc, the source current will be a square wave of
amplitude /;. The current will contain only odd harmonics (since f(wr) = —f(-wr)) and is given
by the Fourier series

41 1 1
ij(wr) = il:sin ot + —sin 3@t + — sin St + :l (3.8)
' T 3 5

where the fundamental (/) and total rms (/) values are given by 4112w and 1. respectively.
The ripple or distortion factor (also defined as total harmonic distortion (THD)) for this wave
can be calculated from Equation (3.8) as 0.482 or 48.2 percent.

2 2 2
Iy =15 _ 11y
i

s |- (3.9)
51 [sl

RF =

This is a considerable departure from the ideal sine current waveform desired in the line.
Obviously, if the load inductance is limited, a ripple current will flow in the load and this will
reflect in the line current. The waveforms given above help to design the rectifier easily.

3.2.2 Effect of Source Inductance

So far, we have neglected the leakage inductance L. of the line. This parameter affects the
current transfer (or commutation) from the outgoing device to the incoming device and distorts
the square line current wave, as shown in Figure 3.4. Again, it is assumed that the load is highly
inductive so that the current I, is maintained constant. Consider, for example, the current com-
mutation from D;D, to the D3D, pair. In the presence of L,., this current transfer will be slowed
down. Initially, i; = +/, and it is flowing through L. As the supply voltage becomes negative,
D;Dy will begin to conduct. This will short-circuit the bridge and the voltage v, will be
impressed across L., which will start decreasing the line current is. The current in D;D, will
gradually increase and the current in DD, will gradually decrease (the total I, remaining con-
stant) untl the current transfer is complete. The total commutation angle u, as shown, will
depend on the load current, inductance value, and supply voltage magnitude. Note that the dc
output voltage V,; will be somewhat smaller because of the loss of a voltage segment during
commutation. A detailed analysis for commutation overlap will be given later.
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Figure 3.4 Waveforms of single-phase bridge with source inductance

3.2.3 Single-Phase Bridge - RL, CEMF Load

Figure 3.1 may contain a CEMF load in addition to resistance and inductance. The CEMF
may be due to a battery or dc motor load. With CEMF load and assuming that the current is
always flowing in the load (continuous conduction), the dc (or average) load voltage equation
can be given as

|7

[t

L= IR+, (3.10)

where V.= CEMF. In such applications, the load inductance is finite and therefore will contrib-
ute some ripple current. With large CEMF, the load current may be intermittent or discontinu-
ous, which will be discussed later.
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3.2.4 Single-Phase Bridge — CR Load

A very important configuration is the diode bridge rectifier with capacitance-resistance
(CR) load shown in Figure 3.5. The capacitor C filters the rectified voltage to make the dc out-
put voltage smooth. The equivalent resistance R represents the load. The dc voltage may be used
for a voltage-fed inverter or dc-to-dc converter. The waveforms of the circuit are shown in Fi gure
3.6. The capacitor voltage v, behaves as a CEMF of the rectifier. The capacitor will charge with

pulse current every half-cycle, when v, < v¢ near the peak voltage V,,, as shown, and the current

i
becomes limited by the line inductance L. The capacitor then discharges exponentially with the
load time constant CgR. The load current is always proportional to the capacitor voltage. The
discontinuous load current pulses cause pulsating line current as shown in the figure. Note that
the initial charging of the capacitor should be done through a series resistor. which can be
shorted with a bypass switch at steady state. Otherwise, the diodes will be overloaded with large
in-rush current. The ripple in the capacitor voltage will be reduced with higher capacitance
value, causing narrow current pulses, but the pulses will widen with higher line inductance.
Obviously, at no load (R = infinity), the capacitor will remain charged to peak value V,, of the
supply.

An approximate analysis of converter operation can be made if the ripple in the capacitor

voltage v, is neglected, that is, the capacitor size is very large. With large energy storage, the

Vs s Vg /T\CF R

Figure 3.5 Single-phase diode bridge rectifier with CR load
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Figure 3.6 Waveforms for Figure 3.5

load current will always be smooth, although the capacitor charging current is pulsating. The
capacitor will start charging at angle 8, when

m 91[]91 ([ (3.11)
where v, =V,

During conduction, the equation for charging current i, is given as

i
L2 =y sinwt-V, (3.12)
dt

which can be expressed as

H

|
—j@ (V, sinwr—V,) dot (3.13)
.

The current will reach the peak value at angle 6, when V,; = v, again.

For the discontinuous conduction shown, iy = 0 at @t = 65. Therefore,

]
0=—- (V,,, sinwt =V, ) dwt (3.14)
WL,

Equation (3.14) gives the relation between 6, and 6; for a given V. The average current /;
can be given by

2
O
Z

)
I 3. ( R
1, - J.Q iy dot
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Equations (3.11), (3.13), (3.14), and (3.15) can be combined to derive a relation between
the current /,; and the voltage V,; A plot of this relation in per unit values is shown in Figure 3.7
where 1., = V/@L . (short-circuit current) and V), = 2/1 V., (see Equation (3.4)). Notc that
with higher load current I,;, the level of V,; will be adjusted so that the average capacitor charging

current is the same as /,;.

At no load, the capacitor will charge to peak voltage Vs (Vi (pu) = 1.57), so that the cur-
rent falls to zero. The detailed analysis of a practical converter and the corresponding waveforms
is quite involved and requires computer simulation.

3.2.5 Distortion, Displacement, and Power Factors

So far, we have seen that the line current wave flowing in the utility line is usually dis-
torted. This is natural because the converter is essentially a nonlinear load. The harmonics in the
distorted current load the power line equipment. Besides, the distorted current flowing through

1371 1 1.50
DC voltage V, (pu)
1271
T+ 1.45
1.1+ _
Displacement power
factor (DPF)
101 + 140
V,(pu)
09T
1+ 135

08T
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07 ¢+ 1.30
Power factor (PF)
06+
+1.25
057 Ripple factor (RF)
} t t t ; 1.20
0 0.02 0.04 0.08 0.10 0.12
0.06 s (pu)

Figure 3.7 DC voltage, RF, DPF, and PF characteristics for Figure 3.5 (CF — <) (not in scale)
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the line source inductance distorts the bus voltage and affects other customers. This power qual-
ity problem will be further discussed later.
3.2.6 Distortion Factor (DF)

The degree of line current distortion can be determined by the distortion factor (DF). It is
defined as

DF = Rms value of fundamental current

Rms value of total current

) (3.16)

2 « 2
! 51 + Z Isn
n=1,23....

For square-wave current, as shown in Figure 3.8,

=09
T

DF%(I{\/E)I‘I 22 G4
d

3.2.7 Displacement Power Factor (DPF)

It will be shown later that fundamental line current in a phase-controlled converter always
lags the fundamental voltage by a displacement angle ¢, as indicated in Figure 3.8. The displace-
ment power factor (DPF) can be defined as

DPF = Average power
Fundamental rms voltage X Fundamental rms current (3.18)
B Vi, cos '
_ B _ Vi cosp = cosé
VSI sl Vs ! sl

where V, = fundamental rms voltage and /; = fundamental rms current.

Y

-~ Iy
0 = 7
q} H«w I S
.
Fundamental

current

Figure 3.8 Line voltage and current waves
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3.2.8 Power Factor (PF)

The line power factor (PF) can be defined as

Average power

PF =
Supply rms voltage x Supply rms current

Py (3.19)

oo

2 2
VS [sl + Z ]n
n=1,273...

Substituting Equations (3.16) and (3.18) in (3.19) gives

PF: VSISl COS¢ —

oo

2 2
Vs [sl+ Z [n

n=1,23,...

=DPFxDF

(3.20)

Since the circuit of Figure 3.5 is very important for household appliances and low-power
(typically up to 10kW) industrial applications, the analysis of pulsating line current I, 1S very
important. With computer simulation, the Fourier series of the current wave can be analyzed and
its RF (see equation (3.9)), DPF, and PF can be determined as functions of load current 1, and
included in Figure 3.7. Note that the DPF is near unity, as indicated in Figure 3.6, but severe har-
monic distortion of the current wave makes high RF and low PF, which tend to improve with
higher loading.

3.29 Three-Phase Full Bridge — RL Load

For higher power applications and where three-phase power supply is available, a three-
phase bridge rectifier, as shown in Figure 3.9, should be used. The converter is shown with a
delta-wye transformer at the input and resistance-inductance load. Line inductance L.1s
neglected for simplicity. As mentioned before, the use of a transformer is optional; one should
be used when the voltage level changes and isolation from the supply line is desirable. The cir-
cuit is redrawn in (b) of the same figure, where the upper + converter consists of devices
D;D;Ds and the lower converter consists of D,D,Dy. Figure 3.10 shows the waveforms for the
bridge rectifier assuming highly inductive load (L. — infinity). As shown in (a), the diode in the
+ converter, which has the highest voltage, and the diode in the — converter, which has the lowest
voltage, will conduct at any instant. Each diode will conduct for 2773 angle. and the load current
will be smooth dc, as shown in the figure. The line currents at the output and input of the trans-
former are also constructed graphically. The output dc voltage wave v, which 1s between the
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Figure 3.9 Three-phase diode bridge rectifier with R or AL load

positive and negative envelopes of (a), is shown in (b). The wave is symmetrical and repeats
every /3 angle. The average dc voltage V,; can be calculated as

3 (7
V, = ;F_"-"Vf V2V, cosor dat =135V, (3.21)

where V; = J3Vs is the rms line voltage at the rectifier input. It can be easily seen that each
diode experiences a peak reverse voltage of A/ng. The input current i, in (e) has the character-
istic six-step wave shape, which can be expressed by the Fourier series as

2 1
i = ﬁld Sin @f —~5in 501 — ~sin 701 + ~—sin 1ot +... (3.22)
B4 5 7 11

This indicates that the fundamental rms current is (Jg/ﬂ)lcl, and harmonics of the order
(6n = 1) [n = integer] only are present. The fundamental input current will be in phase with the
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phase voltage, giving DPF = 1. Note that the three-phase bridge has the advantage of less har-
monic content in load voltage and line current.

3.2.10 Three-Phase Bridge - CR Load

A three-phase bridge rectifier with capacitance-resistance load is shown in Figure 3.11. It
is basically an extension of Figure 3.5 for higher power load. Figure 3.12 shows the waveforms
assuming the filter capacitor Cy. is very large. The envelope of the peak-to-peak line voltage 1s
the same as that of Figure 3.10(b). For example, when line voltage v, exceeds the dc voltage
V,. diodes D; and D4 will conduct to contribute a pulse of load current flowing in phase a and
phase b. Then again, when v,. > V,, another load current pulse will flow through D; and D,. It
can be shown casily that each line contributes two identical current pulses in each half-cycle, as
indicated in Figure 3.12(b). With higher load current /, the level of V, will decrease. Again, as
in Figure 3.6, the RF of the line current will be high, contributing low PF, but DPF will be near
unity. The RF, DPE, and PF can be determined by Fourier analysis of the line current wave.
Figure 3.13 shows the plot of these parameters where V. = 1.35 V, and I, = short-circuit
linc current given by

V.
[l)use = G)Z (3.23)

¢

Comparing with Figure 3.7, it can be seen that in a three-phase bridge, the dc voltage drop
is much smaller, the RF is much lower, and the PF is somewhat improved.

3.3 THYRISTOR CONVERTERS

In a diode rectifier, as discussed above, power flows only from input to output and it can-
not be controlled. Of course, the fluctuation of power will occur naturally with the fluctuation of
supply voltage and load. In many applications, the power flow requires control. Even for a load
that requires constant voltage or constant current, control is required to compensate supply and
load fluctuation. A thyristor converter can control the power flow by the phase control principle,
which delays the firing angle of the gate. The converter has the additional capability that power
can be converted from the dc to the ac side, in other words, it 1s an inverter function. There are
many possible configurations of thyristor converter. In fact, every diode rectifier has an equiva-
lent thyristor configuration. In this section, only the topologies that are commonly used will be
studied. Much of the discussion for the diode rectifier is also valid for the thyristor converter.

3.3.1 Single-Phase Bridge — RL, CEMF Load

Figure 3.14 shows the single-phase thyristor bridge configuration with resistance, inductance
and CEMF load. The line leakage inductance L. has been neglected for simplicity. Figure 3.15
shows the waveforms for the rectifier mode of operation. The load inductance is assumed to be
very large so that the load current /; is ripple-free. In the positive half-cycle, the thyristors ;0>



113

Thyristor Converters
id
—>
oK 0N ol
Al
~A)— $ +
N\
/\Vb Va ANCe DR
"—)— #b
V'
O—- te -
D42 ; DGZ ; DZZ ;

Figure 3.11 Three-phase diode bridge rectifier with CR load
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Figure 3.12 Waveforms for Figure 3.11 (Cg — o)

are forward-biased, and when these two devices are triggered into conduction at firing angle o the
load current will flow through these devices. Since the load is inductive, the thyristor current will
continue to flow beyond 7 angle when the voltage v, reverses its polarity. Thyristors Q30 are fired
symmetrically at o angle in the next half-cycle. This places a reverse voltage across Q,0>. which
turns off, or commutates, and the load current is taken by Q;0,. This method of commutation is
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Figure 3.13 DC voltage, RF, DPF, and PF for Figure 3.11 (Cg — o) (not in scale)

known as, natural, or line commutation. Each thyristor pair conducts for a half-cycle and the load
voltage wave v, is shown in (a). The thyristors can be fired by single gate current pulse, but
generally, pulse-train firing during the entire half-cycle is preferred so that the device does not turn
off inadvertently if the anode current is fluctuating and falls below the holding current. Note that
during every half-cycle, the instantaneous power flows to the output for part of the cycle when v is
positive, but for another part of the cycle, the power flow is negative when part of the inductive
energy stored in the load is returned back to the source. However, the average power flow is posi-
tive, giving the rectifier mode of operation. The average dc output voltage V,; can be calculated as

| ra+r | ro+n .
Vd = }EJ}X v, dot = n-J.O( \/EV\ sin@t dwt (3.24)

= Vo cosU

where V,, = 2V, /r. which is the same as Equation (3.4). The voltage V,; can be controlled by

controlling the firing angle ¢. At =0, V,; =V, and the circuit operates like a diode-bridge rec-
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Figure 3.14 Single-phase thyristor bridge with RL and CEMF load

tifier. The & angle can be retarded to the maximum value of /2 for the rectifier mode of opera-
tion when V,; = 0. This condition is idcal because it requires infinity-load inductance and zero-
load resistance to maintain continuous conduction. At this condition. the load inductance L
absorbs energy during the first quarter-cycle, but is then returned back to the source in the next
quarter-cycle. The line current wave always remains a square-wave, but its phase is shifted by o
in the lagging direction. Note that with finite load inductance, the load current may be continu-

ous, but it will contain harmonics.

The firing angle o can be retarded beyond the 772 angle, and continuous conduction can
be maintained if the load contains a CEMF of negative polarity. In this mode. the converter oper-
ates as an inverter, and average power from the dc source is supplied to the ac line. Figure 3.16
shows the inversion mode of operation with o = 37/4 angle. Here, in the initial part of the cycle.
the instantancous power flow is positive with +v,. but in the major part of the cycle. the power
flow is negative with —v, . Ideally, the o angle can be extended up to angle . but in practice. it
should be limited to a few degrees below 7. The reason for this limited angle 1s that reverse volt-
age must be impressed for a definite minimum time across the outgoing thyristors for successful
linc commutation. The commutating thyristor voltage wave for Q10> 1s shown in (b) of the same
figure. A converter that can operate both as a rectifier and as an inverter is defined as a two-
quadrant converter. This is in contrast to a diode rectifier, which functions as one-quadrant con-

verter. A two-quadrant converter, for example. is desirable for dc motor speed control. where o
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Figure 3.15 Rectification mode waveforms for Figure 3.14

can be varied between O and 7/2 in the motoring mode, but regenerative braking mode is
possible by reversing the CEMF and simultaneously retarding the firing angle beyond /2.

Figure 3.17(a) shows the plot of V; (pu) with a angle, where 0 < o < /2 range indicates
rectifier mode operation and 7/2 < ¢ < mrange indicates inverter mode operation. Two-quadrant
operation is indicated in (b) of the same figure. Note that two single-phase bridges can be con-
nected in anti-parallel across the load to construct a dual-bridge, which can give four-quadrant
mode of operation. This will be discussed later for three-phase bridge operation.

If the load inductance is beyond a critical value such that continuous conduction is main-
tained, the load equation can be written as

i
v, = Riy +L%+VC (3.25)
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The corresponding average voltage V, equation is

1
Vi :;J"(ldwt =1yR+V, (3.26)
or
V,-V.
](l = —*—'i( R ¢ (327)

because inductance cannot sustain any average voltage. The average power delivered to the load
1s given by

Fy :;JZM Vald dot = 1GR+V,1, (5:28)
where I = rms load current. With L —> o0, [y = 1.

The load voltage v; and line current i; contain harmonics which can be analyzed by Fou-
rier series. The unsymmetrical nature of v; wave indicates that it contains even harmonics and its
fundamental frequency is twice that of the ac source. The harmonics are absorbed by the load
inductance. The superposition principle may be applied to solve harmonic components of cur-
rent. The line current, as shown, is a pure square-wave, which is given by the following Fourier
series:

41 | 1
ij(ot) = —d|:sina)t+;sin 3t +—sin 5wr+...] (3.8)

/4 5
A special characteristic of the phase-controlled, line-commutated converter is that it takes
lagging reactive current from the line, irrespective of rectification or inversion mode. Since the
fundamental line current is in phase with the square line current wave shown in Figures 3.15(c)
and 3.16(c), the displacement power factor angle is the same as the firing angle, meaning
DPF = cos ¢ = cos «.

3.3.2 Discontinuous Conduction

The thyristor converter discussed so far is assumed to operate in continuous conduction,
where the load voltage wave is fabricated by the segments of the supply voltage wave. In prac-
tice, a converter may also operate in discontinuous conduction mode, which is more likely with
a CEMF load, such as in dc motor speed control. A two-quadrant converter may have discontin-
uous conduction both in rectification and inversion, which will be studied later for the three-
phase bridge converter. Here, only the rectification mode will be studied.

Figure 3.18 shows the waveforms for a single-phase bridge rectifier under discontinuous
conduction with resistance-inductance-CEMF load. The thyristor pair QQ, in Figure 3.14 can
be fired to conduct when the supply voltage v, is positive and exceeds the CEMF V... The load
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Figure 3.18 Waveforms for Figure 3.14 at discontinuous conduction

current iy will grow up to angle ¢, but will continue up to angle 8 due to the load inductance
effect. Then, the output voltage v, will be equal to V., as shown, until the 0304 pair is fired sym-
metrically at & angle in the next half-cycle. Obviously, the range of ¢ can be given as o <a<
o, where o) = sin_l(V(./ﬁ Vi) and o, = — o). The conduction may change from discontinu-
ous to continuous if & or V. is low, or load inductance L is high. The voltage equation during

conduction can be given as

,
L‘dﬂ+ Riy =2V, sinwt V. (3.29)
!
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The current i, can be solved as

V. V.
g =Ael + . sin(a)l—(]))—?f (3.30)

where

Z =R +0’I?

1 OL
¢ = tan ==
R
Noting that i; = 0 at ar = ¢, Equation (3.30) can be written as

\/E R . lli(a)z—(x)
iy =—= Sm(cor )—m+| m——sin(a —@) |e®L (3.31)
R 1|

where m = V,./J2V, is the CEMF coefficient. Equation (3.31) is valid in the range a < @r < 6
for discontinuous conduction. From the current waveform, i; = 0 again at @t = 6. Substituting
this condition in Equation (3.31) yields

-R _
ew—L(Q—a) _ cos¢sin( —¢)—m (3.32)
cosgsin(o—¢)—m

This is a transcendental equation relating parameters ¢, m, 6, and wL/R, which can also be
solved by a computer program.

Figure 3.19 gives a plot showing the relationships among the parameters. The curves are
bounded on the lower side by the o-limit curves, where o = sin_](VC/ﬁ Vo and op = - «,
and on the upper left side by the continuous conduction boundary o = 6 — . The load dc and
rms currents can be calculated from Equation (3.31) with the help of Figure 3.19. However,
since the inductance L cannot sustain any average voltage, the dc load current /; can be calcu-
lated as

dwt

’_JG \/»V sinwr—V

(3.33)
_V2y,

R

[cosa cos —m(6 — Q))]

The discontinuous conduction case can be extrapolated to reach continuous conduction.
Writing Equation (3.30) for both @ = v and @r = 7 + « and equating yields
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Figure 3.19  Cutoff angle 6 as a function of firing angle o at discontinuous conduction

V2V, sin(o—¢) (3.34)
2l (B ) R,
el _ 1] o0l

and therefore i, expression for continuous conduction is given as

A=

. -R
~ 2cos¢sin(a—¢) ——rlor-o) 3

-R
—7T
(I —ewL )

'
N
—

) V. )
iy = RS cos@ sin(wt —¢)—m



122 Chapter 3 « Diodes and Phase-Controlled Converters

Therefore the dc current /; can be derived from Equation (3.35) as

2V,
Iy :ljamid dot = V2, (2coso —mm) (3.36)
e TR

which can be shown as identical with Equation (3.27).

3.3.3 Three-Phase Converter — RL, CEMF Load

For higher load power (typically above 10 kW), a single-phase converter should be
replaced by a three-phase converter. A polyphase converter, in general, not only balances the
power flow in a three-phase utility system, but provides considerable improvement in load volt-
age and line current harmonics, as will be shown later. As a result, the harmonic filtering
requirement becomes a nominal problem.

3.3.4 Three-Phase, Half-Wave Converter

Among all the configurations of polyphase converters, the three-phase bridge converter as
shown in Figure 3.20 is most commonly used. The applications include speed controls of dc
motors, current-fed induction and synchronous motor drives, general-purpose dc power supplies,
UPS systems, etc. It is also an element in phase-controlled cycloconverters, which are used for
large ac motor drives. Cycloconverters will be discussed in Chapter 4. In many respects, the
operation of a threc-phase bridge is similar to that of a single-phase bridge, as explained before.
The converter consists of six thyristors arranged in the form of three legs, the center points of
which are connected to a three-phase ac power supply. The transformer connection is optional,
but useful for shifting the voltage level or isolation from the primary. A three-phase bridge con-
verter can be constructed by series-cascading a three-phase, half-wave + converter and a three-

o
Qy Q32 ; Qs Z ;
Lo + "
i
L » 4
Vd
L
+
L - A
Q4Z{ Qer Q22§

Figure 3.20 Three-phase thyristor bridge with RL and CEMF load
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Figure 3.21 Three-phase bridge as a cascaded connection of a + converter and a — converter

phase, half-wave — converter with the neutral isolated, as shown in Figure 3.21. The operation of
the two converter components are identical except the + converter operates in the upper voltage
envelope whereas the — converter operates in the lower voltage envelope. We will study the
+ converter only in detail.

Consider the + converter only in Figure 3.21 with the neutral connected and assume con-
tinuous conduction with perfect load filtering (L — o). Figure 3.22 shows the waveforms of the
converter. The three thyristors Q,03;05 conduct symmetrically, each for 27/3 angle through the
load. and provide a common return to the transformer neutral point #. A thyristor can be fired to
conduct when its anode voltage is positive with respect to the cathode (i.e., with respect to the
load voltage), and conduction will continue until the next thyristor is fired after 27/3 angle. The
commutation from an outgoing to an incoming thyristor occurs naturally (natural or line com-
mutation) by a segment of negative line voltage. The firing angle o is defined from the crossover
point of phase voltages (7/6 angle), which is the earliest point when a thyristor can conduct. At
a = (), the thyristors can be considered to be operating as diodes. The average dc load voltage
V,/ can be calculated as

r 3 (o2 . ’
v, =5 7% A\/EVS sin@t dwt =V, coso (3.37)
T 6+O{

where V,/( = 0.675 V; and V, is the rms line voltage. The voltage V,/ can be varied by controlling
the firing angle o. Up to a = 71/6, the instantaneous dc voltage v,/ is always positive, and therefore
conduction will be continuous even with resistive load if there is no CEMF. For « > /6, the
instantaneous v, wave will be negative for part of the cycle, and discontinuous conduction may
occur if the load is not sufficiently inductive. At o = 7/2, positive and negative scgments of v,/
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Reverse voltage for commutation
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Figure 3.22 Waveforms for three-phase, half-wave + converter in inversion mode (o = 57/6)

th
e = ]

wave will balance, giving V,/ = 0. The angle o can be controlled beyond /2, giving a sustained
inverter mode of operation, as discussed before, provided an energy source exists in the load.

Figure 3.23 shows the waveforms for inverter operation at @ = 571/6. The angle 3, known as
the retard limit angle, is important for line commutation because the reverse voltage shown by the
shaded area is impressed across the outgoing thyristor. Typically, B,,;,, = 10° to 15°. With the load
current always positive, the converter has two-quadrant characteristics, as shown in Figure 3.17.

An examination of the output v,/ wave indicates that it contains triplen harmonic frequen-
cies (i.e., third, sixth, ninth, etc. The increase in pulse number from two to three also increases
the dc voltage V,/ at the output. In a three-phase converter, each device conducts for one-third of
the cycle and therefore carries the average current /,;/3 and rms current I,/4/3. A unidirectional
current pulse for 27/3 in the transformer secondary winding is harmful because it may cause dc
saturation in the core. The problem may be avoided by providing a zigzag connection in the sec-
ondary. Although the half-wave converter alone is not used in practice, its analysis is important
because the circuit is a basic functional element in all polyphase converters and cycloconverters.

3.3.5 Analysis for Line Leakage Inductance (L)

A finite leakage inductance L. in the line will cause gradual current transfer from the out-
going thyristor to the incoming thyristor, as shown in Figure 3.24. During the commutation over-
lap angle u as indicated. the line-to-line voltage is shorted and the supply volt-seconds area is
absorbed by the two leakage inductances L. in series until the current transfer is completed. Dur-
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Figure 3.24 Waveforms showing line inductance effect

ing this period, the load voltage dwells at an intermediate level between the two phase voltages.
Considering commutation from Q, to Q5 in Figure 3.21, we can write the following equations:

di
oL 3.38
Va = L(. '-—dr + Vd ( )



126 Chapter 3 ¢ Diodes and Phase-Controlled Converters

di
Q3
=L, +v (3.39)
< dr d

Vi

During commutation, the load current /,; can be assumed to be constant, that is,

. . 3.40
) +IQ3 = Id ( )
This gives
di di
9 o,
—t—=9
dt dt (34D
Combining Equations (3.38), (3.39), and (3.41) yields
(3.42)

, |
Vd = E(Va +Vp)

Thus, the instantaneous load voltage is the mean of the two phase voltages. From Figure 3.24, it
is evident that every 27/3 interval, some volt-second area is lost during commutation and, as a
result, the effective de voltage is reduced. Combining Equations (3.38) and (3.42) yields

di 1
L (3.43)
= v, —V -
dt 2L(.(b @)
or
o
(Y Jom v d (3.44)

Substituting the line voltage v, = v, — v, = NEND: V, sin (ot + ) in Equation (3.44) and
solving gives

6V,
ig) = g/a_)-LS cos(wr+ o)+ A (3.45)

¢

Assuming wr = 0 at the beginning of commutation, where ig) = 14, the constant A can be
evaluated as

A=1,- f[‘f cose (3.46)

’
Substituting this in (3.45) yields
Y

in =1 —\/-
Y

C

[COS(X—C()S(O)[+(X)] (3.47)
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Substituting Equation (3.47) in (3.40), we have

iz = \/EVS
Q3 2wl

(.

[COSOC —cos(wt +0()] (3.48)

Again, substituting i3 = I, at ot = u in Equation (3.48) gives

coso —cos(U +ar) = 20Lly (3.49)
| VoV, R
Therefore, the commutation angle u can be expressed as
u=cos”'| coser - 20Lcly - 3 50)
I Y 0

Equation (3.50) shows that the overlap angle will increase if L, or 1 increases, or the volt-
age v, at the instant of commutation decreases. The mean dc voltage loss due to the commutation
notch can be given as

3 cul
VX :g 0 E(V,,—va)da)t
_3 [¥' N6V, sin(er +a) do (3.51)
4r 0

3J€vs

= [cos(i +a)—cosa]
4r

Substituting Equation (3.49) in (3.51) gives

3w
Ve=L., —2; =3L.1,f (3.52)

where f'= supply frequency in Hz. Therefore, with loading, the dc voltage V,;; can be given from

Equations (3.37) and (3.52) as

Vy =V, ~V, =0.674V; cosa—3L.1,f (3.53)

Equation (3.53) indicates that the load voltage is reduced linearly with dc current. and the
equivalent Thevenin resistance of the converter is given as Ry, = 3L..f.

Figure 3.25 shows the inverter operation of a three-phase, half-wave positive converter,
where the commutation notch makes the dc voltage more negative, that is,

Vai :*lVd

—|v,| (3.54)
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Figure 3.25 Waveforms showing inverter mode of operation with line inductance effect

The overlap angle has more significance in inverter operation since it determines how far
angle o can be increased (i.e., the minimum B angle for safe commutation). In the figure,

%)
n
)]
~—

B=u+y G-

where y= turn-off angle, as indicated. Substituting @ = 7 - (u + ) in Equation (3.49) gives

Cosy —cos( +y):%a\/)ﬂ (3.56)

6V,

The thyristors require minimum turn-off time Lo for successful commutation, which cor-
respondingly determines the angle y = i, For fluctuating load, adequate B angle margin
should be provided to ensure successful commutation.

3.3.6 Three-Phase Bridge Converter

Three-phase bridge converter operation can be analyzed by superpositioning the wave-
forms of both a positive half-wave converter and a negative half-wave converter and isolating the
load neutral connection.
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Figure 3.26 shows waveforms of the bridge for firing angle o = /6, where the effect of
leakage inductance has been ignored. Note that the current waves are the same as in Figure 3. 10.
The — converter, consisting of thyristors Q4 Qg O,, Operates on the negative voltage envelope and
is fired symmetrically at 271/3 angle intervals like the + converter, except that it is phase-shifted
by m/3, as shown. The load voltage v, is enclosed within a line-to-line voltage envelope and has
the six-pulse waveshape shown in (b). At any instant, a thyristor from the + converter and
another from the — converter must conduct to complete the load circuit. The average dc voltage
V4 1s twice that of a half-wave converter, which can be given from Equation (3.37) as

V,; =2x0.675V, cosor =1.35V; cosa (3.57)

Since the full bridge operates on line-to-line voltage, the line voltage waves have been con-
structed and the negative half cycles have been flipped to the positive side for convenience. The
o angle can be symmetrically controlled for both the component converters in the sequence
Q1-07-03-04-05 -Qg to regulate the de voltage V,;. The Fourier analysis of a v, wave indicates
that it contains harmonics of the order 6n, where n = 1, 2, 3, and so on. Evidently, the waveform
with an increasing pulse number is easier to filter and a nominal value of load inductance is
required for a smooth i; wave. The phase currents i, and i, can be constructed by the superposi-
tion of thyristor currents and have the characteristic six-step waveform, which contains harmon-
ics of the order 6n + | (i.e., fifth, seventh, eleventh, thirteenth, etc.), as shown by Equation
(3.22). If no transformer is used, i, and i;, will constitute the line current waves. With a delta-
wye transtormer of unity turns ratio, the input line current i; can be constructed by superposi-
tioning the i, and i), waves, as shown. The transformer does not have a dc saturation problem
because of mmf balancing, and the order of the input harmonic currents is the same as that of the
i, and i, waves. If the firing angle is retarded beyond n/2 (72 < & < 1), the converter will oper-
ate in the inverter mode, as explained in Figure 3.27. Again, the full bridge will have two-quad-
rant characteristics as shown in Figure 3.17.

The current wave i, in Figure 3.26 and its fundamental component have been plotted in the
correct phase position with the supply phase voltage wave v, in Figure 3.28. Figure 3.29 shows
the corresponding active and reactive current relations of the fundamental current in both the
rectification and inversion modes. It is assumed that the dc current 7, remains constant. the load
1s highly inductive, and it has the correct polarity and magnitude of emf to balance the dc output
voltage. Since the input displacement angle ¢ is equal to the firing angle ¢, the rms values of the
active and reactive current components can be given as

[P =R coso (3.58)

[Q =R s« (3.59)

where R = (2J§ /ﬁ ) and I is the rms value of the fundamental current. For the firing angle in
the range 72 < e <m (i.e., in the inverting mode), the active current Ip becomes negative. but the
reactive current /) always remains lagging.
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Figure 3.26 Waveforms of three-phase bridge converter in rectification mode (« = 7/6)
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Figure 3.28 Phase relation of input phase voltage and line current

So far, the voltage and current waves in a bridge converter have been considered ideal.
neglecting the line leakage inductance effect. Figure 3.30 shows the typical waveforms with
overlap angle i The positive and negative converters operate independently. and therefore. the
volt-second area loss per commutation remains the same as that of a half-wave converter. Since
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Figure 3.29 Input line active and reactive current characteristics of bridge converter
(/4= constant)

the number of commutations are twice per cycle, the dc voltage loss will also be doubled; that is,
from Equations (3.53) and (3.57)

Vy =V, =2V, = 1.35V, cosa—6L1,f (3.60)

Again, as discussed before, the overlap angle is particularly important in the inverting
mode, where the safe minimum ¥ angle must be maintained under the worst-case load condition.

3.3.7 Discontinuous Conduction

A three-phase bridge converter can fall into discontinuous conduction in both the rectifica-
tion and inversion modes with CEMF load, as indicated in Figure 3.31. This mode is particularly
important in two-quadrant speed control of a dc motor drive, where the CEMF varies directly
with speed. The operation is somewhat similar to single-phase bridge operation, which was
explained previously. Consider the waveforms in rectification mode shown in Figure 3.31(a).
For discontinuous conduction, the thyristor pair can be fired when the respective line voltage is
higher than the CEMF. A pulse of load current will flow every 7/3 angle, and at any instant, one
device from the + converter and another device from the — converter will conduct. Each thyristor
will carry two consecutive current pulses during the 27/3 interval, and the resulting line current
wave will be similar to Figure 3.12, except with a phase lag. Consider the load voltage v,
segment in the interval o + /3 to o + 27/3. The load current equation in this interval can be
given as

.
L%mid:vm sinwr -V, (a+%)<a<9 (3.61)
t

where V,, = 2 V, is the peak line voltage and V.= CEMF.
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Figure 3.30 Three-phase bridge converter showing commutation overlap effect

Since iy = 0 atangle o + /3, substituting this condition in Equation (3.61). the I; EXpres-
sion can be solved as

. Vm : :
iy = ﬁ [sm(a)r—(}))—sm(awtg—(p Jexp{((anL%)—a)t ]cotq)}

Vel T e
—?{1 exp{(a+3 wt]aotq)}

| (3.62)

where
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Figure 3.31 Waveforms for Figure 3.20 in discontinuous conduction mode (a) Rectification
mode, (b) Inversion mode

-1 wlL
—tan — 3.64
¢ 2 (3.64)

Again, iy = 0 at @r = 6, as shown in the figure. Substituting this in Equation (3.62) gives

Vi

T b8
sin(@—¢)—sinl a+- —0¢ fexpil a+——6 jcot
|- L0 Jexpy| o+ =6 Jeoto

L
—_
(U]
[
[ ]
g

V. b4
=-"-|1l-ex o+——6 |cot
R p 3 ¢}
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or

sin(@ —¢)—sin(a+%—¢}exp{(a+%—9 Jcot(p}

zgm[l_exp{(mg_e}omﬂ

where m = V,/V,, is the CEMF coefficient. This transcendental equation relates the parameters
o, m, 6, and wL/R similar to Equation (3.32). The average dc voltage expression can be derived
as

(3.60)

3| 6 _ (x+27%
V,= p LH% Vi sinot dot+ |, 77V, da)r:l
. (3.67)
3 2
=—|V, {cos o+ |- cosh +V. a+Z ¢
T 3 3
But,
1 (3.26)
Vd = ;;J.Vdda)f :](I'R+VC e

Combining Equations (3.67) and (3.26), the CEMF expression can be given as

V, l:cos(a +7 J— COSG:|

T T

or, the current /, expression can be given as

I /4 T
1, = R {3\/,,, {COS(OH— 3 ]—COSQ}—WC (9 —05—3]} (3.69)

Equations (3.67), (3.68), and (3.69) can be combined to derive a relation between V(pu)
= Vy/V,, and Ly(pu) = 1,/(3V,,/@L) as a function of firing angle o and wL/R parameters. Figure
3.32 shows the plot for @L/R = 5.0 in both rectification and inversion modes, which also com-
bines the continuous conduction regions [4]. In continuous conduction.

Vy = 1.35V, cosar (3.57)

where V; = ﬁV,,,.
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The V,(pu) lines are horizontal and are functions of angle & only. The boundary between
continuous and discontinuous regions is shown by a dotted curve. If the resistance drop IR is
neglected, we can write the following relations:

% K
Vy (pu) :_d:—a)m =K'o

(3.70)
i ‘/Hl "
and
Id
l,(pu)=————=K"T, (3.71)
3‘/111 /a)L

where @, = angular speed. T, = developed torque of the motor, and K = CEMF or torque con-
stant. The finite resistance drop (increasing with /) will cause increasing droop of the speed
curves with torque. Equations (3.70) and (3.71) indicate that Figure 3.32 also gives profiles of
speed vs. torque as functions of firing angle o

3.3.8 Three-Phase Dual Converter

A dual converter basically consists of two converters that are connected in anti-parallel.
Figure 3.33(a) shows the three-phase half-wave configuration, and (b) shows the corresponding
bridge configuration. Here, the + converter supplies the positive load current, whereas the nega-
tive load current is taken up by the — converter. Since each converter component can operate in
two quadrants (see Figure 3.17), a dual converter has four-quadrant characteristics, as shown in
Figure 3.34. Dual converters (both single-phase and three-phase versions) are popularly used in
“Thyristor Leonard” speed control of dc motors, where reversible and regenerative operations of
the drive can be obtained. The circuit is used for phase-controlled cycloconverters, which will be
discussed in Chapter 4. Dual converters can be operated in blocking mode or in circulating cur-
rent mode through an inter-group reactor (IGR). In blocking mode, only one component con-
verter is permitted to conduct while inhibiting the other to prevent a line-to-line short-circuit.
However, in circulating current mode, current may be allowed to circulate continuously between
the converter components. This will be further discussed later.

3.3.9 Six-Pulse, Center-Tap Converter

Two three-phase, half-wave converters with a phase shift of 7 can be connected in parallel
through an IGR to constitute a six-pulse, center-tap converter as shown in Figure 3.35. The cir-
cuit is commonly used in low-voltage, high-current, electrochemical-type applications. The dc
load voltage v, is the same as that of a half-bridge converter, and each component converter con-
tributes 50% of the load current 7;. Each component operates independently, with each thyristor
conducting for 2773, and the IGR absorbs the instantaneous potential difference between the
common cathodes G and H. As a result, the load voltage v, is a six-stepped wave, as in a bridge
converter. Note that if the circuit is used without IGR, a conventional six-phase, half-wave con-
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Figure 3.32 Load characteristics of thyristor bridge (Figure 3.20) under continuous and
discontinuous conduction

verter operation will result, where each thyristor and transformer secondary winding will con-
duct symmetrically for 7/3 per cycle. Such a circuit operation, although satisfactory. is not
desirable due to poor utilization of the transformer and thyristors. One demerit of the center-tap
circuit is that the load current must not fall below a minimum limit. which is the peak magnetiz-
ing current of the IGR. If this happens, the circuit reverts to SiX-pulse wye converter operation
and the load voltage rises by 15% at o = 0.

3.3.10 12-Puise Converter

If the converter current or voltage rating is high so that a single thyristor device is not ade-
quate, multiple devices may be connected in parallel or in series, respectively. The parallel con-
nection of devices is particularly difficult because of the matching problem in static and dynamic
conditions. Instead, parallel or serics operation of converters with phase-shifting transformers is
advantageous because of harmonic reduction on the load and line sides. although the additional
cost and losses of the transformer are involved. An example of phase-shifted paralle! operation
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Figure 3.33 Three-phase dual converters showing blocking mode (a) half-bridges,
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was given in Figure 3.35. An example of phase-shifted series operation of bridges for higher
voltage operation 1s given in Figure 3.36. A single bridge gives 6-pulse operation, but a series
connection of two bridges with transformer secondaries at 7/6 phase shift gives 12-pulse opera-
tion. The load voltage wave v; and line current wave i; are shown in Figure 3.37. It can be
shown that the order of load voltage harmonics is 12n (i.e., 12th, 24th, 36th, etc.) and the corre-
sponding order of line current harmonics are 12n + 1 (i.e., 11th, 13th, 23rd, 25th, etc.) where n 1s
an integer. For higher current operation, the two bridges can be connected in parallel through an
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operation

Figure 3.35 Six-pulse center-tap converter with inter-group reactor (IGR)

IGR to give 12-pulse operation. The principle can be extended to 24-pulse and 48-pulse convert-
ers, For high-power converter applications, such as high-voltage dc (HVDC) and large dc power
supplies for motor drives, operation with an increasing pulse number is very desirable. Note that

every thyristor converter topology becomes an equivalent diode converter topology with firing
angle a0 = 0.
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Figure 3.36  12-pulse series connected bridge converter

3.3.11 Concurrent and Sequential Control of Bridge Converters

The double-bridge converter shown in Figure 3.36 is normally controlled symmetrically or

concurrently for two-quadrant operation, that is, the consecurive thyristors are fired at 77/6 inter-

val (for 12-pulse) in the entire range of ¢ between 0 and & With such a concurrent firing angle

control, the line displacement factor deteriorates as the o angle approaches 7/2 as shown in

Figure 3.29. The DPF can be considerably improved if one converter is phase-controlled while
the other remains at full advance (@ = 0) or full retard (a = 7) for rectifier or inverter operation,

respectively. This means that in the rectification mode, one bridge operates as a diode rectifier

while the other bridge is phase-controlled. For example, in rectifier mode, ¢ (upper bridge) =
2713 and o, (lower bridge) = 0. These give V,; = (1.35 - 0.675)V; = 0.675 V. Figure 3.38 shows
the characteristics in sequential control in comparison to concurrent control in both the rectifica-
tion and inversion modes. Note that V; = 0 when o = mand a, = 0, giving unity DPF in the
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Figure 3.38 Characteristics of series bridge converter with concurrent and sequential control

line. However, this advantage gives a penalty in the ripple of line current and load voltage: a
[2-pulse converter operates in 6-pulse mode.

3.4 CONVERTER CONTROL

The function of a controller is to control the firing angle o of a converter symmetrically in
response to a demand of output dc voltage or current. Any other control loop can be applied as
desired. The controller usually incorporates the following functions:
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* Line synchronization
* Control of firing angle o
* Advance limit of angle «

* Retard limit of angle «

Line synchronization permits the establishment of a symmetrical firing angle control to all
thyristors with respect to the fixed angular position of line ac voltage wave. The firing angle con-
troller alters angle o angle in response to a variable input control voltage. The advance and
retard limit controls restrict the angle o within safe limits. Theoretically, the advance limit angle
can be established as early as o = 0, but the retard limit angle must provide a sufficient margin
so that a minimum turn-off angle ¥ is maintained to avoid commutation failure.

3.4.1 Linear Firing Angle Control

Figure 3.39 explains the simple linear firing angle control method for a single-phase
bridge converter. The line supply voltage v, is stepped down through a transformer and con-
verted to a square wave through a zero-crossing detector. A sawtooth wave of twice the supply
frequency can be generated as shown in (c) such that it remains synchronized with the square
wave. The sawtooth wave starts with an initial voltage A at zero angle, linearly decreases to zero
at angle 7, and restarts again. The control voltage V.. is compared with the sawtooth wave and
the firing angle is generated at the crossover point by the following linear relation:

a=-"V +nx (3.72)
A C

The long firing pulse train in the interval 7 - « is created for the respective thyristor
through a steering circuit. As the control voltage V,.is increased, o advances, giving a higher dc
voltage at the output until o approaches zero at V. = A. On the other extreme, o approaches 7 at
V.= 0 in the absence of a retard limit control. The relation between control voltage V,. and out-
put V,; can be derived by substituting equation (3.72) in V; = V;, cos o as

/2
V,=Vy cos(n—A Vc] (3.73)
Because of nonlinear transfer characteristics, linear firing angle control is hardly used.

3.4.2 Cosine Wave Crossing Control

A popularly used control method where linearity of transfer characteristics is achieved is
known as the cosine wave-crossing method. Figure 3.40 illustrates this method for a single-
phase bridge converter. The sine wave supply voltage v, is phase-advanced by 71/2 to generate a
cosine wave; it is phase-inverted every second half-cycle to construct the “cosine wave” shown
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in (b) of the figure. The firing angle « is generated by the crossover point of control voltage V.
and cosine wave at every half-cycle as

v,
cosor =—% (3.74)
Yo
where V), = peak value of the cosine wave. Substituting (3.74) in V; = V4, cos a gives
|7
V="V =KV, (3.75)
Yo

indicating a linear relation between output and input with a gain factor K. In this case, the con-
verter looks like a switching-mode linear amplifier. Note that if the cosine wave magnitude var-
ies with the fluctuation of supply voltage, the gain K remains unaltered. It should be noted,

{c}

| T
o

nt+o 2n wt

{d)

Figure 3.39  Waveforms for linear firing angle control
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Figure 3.40 Waveforms for cosine wave-crossing control

however, that Equation (3.75) is valid only for continuous conduction. With discontinuous con-
duction, as discussed before, the gain becomes nonlinear and depends on angle « and load
parameters.

Figure 3.41shows the cosine wave-crossing control method for a three-phase bridge con-
verter and Figs. 3.42 and 3.43 explain its operation. The derivation of firing logic signals for thy-
ristor Q| is shown only, but the principle can be easily extended to other thyristors. The line
voltage v, is the reference wave in which the angle 0 to 7 corresponds to the firing angle range
of Q. The phase voltage —v, leads v, by 7/2 and constitutes the cosine reference wave for thy-
ristor Q. The phase and line voltages are stepped down through transformers and connected to
the comparators, as shown. The comparator 1, which compares the control voltage V.. with phase
voltage —v,, transitions to logic 1 at firing angle . The output of comparators 1 and 2 are logi-
cally ANDed to trigger flip-flop 9 at the leading edge, which in turn couples a pulse train (not
shown) to the gate of Q. The flip-flop is reset at the firing of Qs, thus limiting the gate pulse
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duration to 271/3. The firing angle of Q| can be advanced or retarded by increasing or decreasing.
respectively, the magnitude of V.. The advance-limit notch, as indicated, is coupled to AND gate

5, and the retard-limit pulse is coupled to OR gate 7, as shown in Figure 3.41.

3.4.3 Phase-Locked Oscillator Principle

The cosine wave-crossing method described in the previous section derives cosine refer-
ence waves directly from power supply voltages. The harmonics generated by the converter flow
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Figure 3.43 Waveforms explaining control circuit operation of thyristor Q,

through the line source impedance and distort the line voltage. Similar distortion and transients
can be introduced in the system by the power supply itself or by converters operating in parallel.
A large filter to eliminate the distortion may not be satisfactory because of phase shift, which is
also sensitive to supply frequency variation. A method to eliminate this problem is to digitally
synthesize the cosine wave using the phase-locked loop (PLL) technique. Figure 3.44 explains
the principle of digital synthesis on a biased cosine wave for a single-phase bridge converter.
The frequency synthesizer generates a 30.72 kHz clock from a 60 Hz line frequency. The output
frequency f, = Nf can be programmed by selecting the frequency-divider ratio N (=512) so that
fy tracks the supply frequency f within a definite locking range. The PLL is essentially a digital
feedback system where the reference frequency f* and feedback frequency f are compared in the
phase frequency detector (PFD) and an analog error signal proportional to the phase difference
is generated at the input of a loop filter. The amplified error signal drives a voltage-controlled
oscillator (VCO) to generate the desired output frequency. If the output wave tends to fall back
in phase (or frequency), the error voltage builds up to correct the VCO output such that the input
and feedback waves lock together with a small phase error.

In Figure 3.45, the 30.72 kHz output clock, which has frequency and phase synchronization
with the ac phasc voltage, generates a biased cosine wave through a counter and ROM (read-only
memory) lookup table. The counter is synchronized to the 60Hz wave and retrieves the ROM
output repetitively every half-cycle. The control voltage can be compared with the ROM output
either digitally or by an analog method by converting the ROM output through a digital-to-analog
(D/A) converter. This technique can be easily extended to control a three-phase bridge converter.
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The phase-locked oscillator principle can be used directly to control the firing pulses of a
converter. At steady-state condition of the converter, the firing pulses for successive thyristors
are applied at evenly spaced intervals of time. Thus, the time interval between any two consecu-
tive firing signals is equal to the period of the input voltage wave, divided by the pulse number of
the converter. An analog phase-locked oscillator method to generate such a pulse train for a
three-phase bridge converter is shown in Figure 3.46. The method removes the dependence of
the controller from the line voltage waves, and therefore it is particularly attractive for a soft ac
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Figure 3.46 Phase-locked oscillator control of three-phase bridge converter

line supply. The converter current control is illustrated by a feedback method where the error
signal drives a voltage-controlled oscillator (VCO) through a proportional-integral (P-I) control-
ler. The VCO output drives a six-stage ring counter and the thyristor firing logic signals are
derived by OR-coupling the consecutive stages as shown. At steady state, the loop error is zero
and the P-I controller locks the output voltage such that the VCO operates at exactly six times
the supply frequency, but the phase angle of the firing pulses can change. As the load changes or
the command current /;* is changed, the VCO frequency tends to drift, but a change in angle o
compensates /; so that the system stabilizes at a new « angle. The response of the phase-locked
oscillator is sluggish, and therefore, commutation failure may occur if the transient is fast.

3.5 EMI AND LINE POWER QUALITY PROBLEMS

Diode and thyristor converters, as discussed previously, essentially constitute a nonlinear
load on electric utility systems, and this type of load has grown enormously in recent years. The
line waveforms generated by these converters are far from sinusoidal, and as a result, serious
EMI (electromagnetic interference) and harmonic problems are created.

3.5.1 EMI Problems

EMI problems arise due to the sudden changes in voltage (dv/dt) or current (di/dt) levels in
a waveform. For example, in a diode rectifier, the line current can be pulses of short duration,
and the diode recovery current pulse can generate transient voltage spikes in the line inductance.
Similarly, a thyristor can generate recovery current transient, line voltage spike during commuta-
tion overlap, and high di/dr in line current wave during fast commutation. In fact, any fast-
switching power semiconductor device creates similar high dv/dt and di/dt in the waveforms. A
conductor carrying a high dv/dr wave acts like an antenna, and the radiated high-frequency wave
may couple to a sensitive signal circuit and appear as noise (radiated EMI). Or, a parasitic cou-
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pling capacitor may carry this noise signal through the ground wire (conducted EMI). Similarly.
a high di/dr current wave may create conducted EMI by coupling through a parasitic mutual
inductance. The EMI problems create communication line interference and malfunctions to sen-
sitive signal electronic circuits. Proper shielding, noise filtering, careful equipment layout, and
grounding can solve EMI problems. Various EMC (electromagnetic compatibility) standards
[5, 6] have been defined to regulate EMI problems.

3.5.2 Line Harmonic Problems

The harmonic currents generated by the converters flow through the utility system and
cause vartous power quality problems. The distorted current flowing through line source induc-
tance distorts the distribution bus voltage. The non-sinusoidal bus voltage may create a problem
on sensitive loads operating on the same bus. Additionally, harmonic currents create additional
loading and losses in line equipment, such as generator, transmission, and distribution lines.
transformers, and circuit breakers. A simple example of line loading is a household appliance
supplied by a front-end diode-rectifier capacitor filter where a peaky current wave may severely
limit the outlet power capacity. Of course, in a phase-controlled converter, the additional VAR
due to low DPF may also load the line equipment. The harmonics also give error in meter read-
ing, protective relay malfunction, and can cause spurious line resonance with distributed induc-
tance and capacitance parameters.

As the nonlinear power electronic loads are growing on the utility systems, various IEEE
and IEC standards have been developed to protect power quality. For example, the IEEE-519
Standards [7] (amended in 1992) limit a line’s individual harmonic and total current distortion
(THD) at a point depending on the short circuit current ratio (I, /I;), as shown in Table 3.1. A
bus with lower short-circuit current means higher Thevenin impedance, and therefore, more dis-
tortion of the bus voltage for a specified load current /;. This means that for a specified bus volt-
age distortion, the permissible harmonic current loading should be less. For example. with
I5c/T; < 20, the Standard permits THD = 5% of the fundamental and individual odd harmonics.
as indicated in the table. Note that the harmonic Standards are valid at the point of common cou-
pling (PCC), as shown in Figure 3.47. This means that, for example, if a factory consumes linear
and nonlinear loads, the Standards will be valid only at the PCC point, permitting the advantage
of nonlinear load compensation by the linear load. The IEC 1000 Standards (developed in the
mid-1990s) are much more rigorous and are applied to harmonic emission by individual equip-
ment. The harmonic problems on the line can be mitigated by passive (nonresonant and reso-
nant) and active filters, or by active wave shaping in the line converter itself. Similarly, lagging
VAR compensation is also possible by the line converter itself or by separate passive and active
line VAR conditioners. Active filtering and VAR compensation will be discussed in Chapter 5.
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Table 3.1  Current Distortion Limits for General Distribution System at PCC (2.4 to 69 kV)

Maximum Harmonic Current Distortion in % of Fundamental

Harmonic Order (ODD Harmonics)

Iscll, <11 11<h<17  17<h<23  23<h<35  35¢h  THD

%

<20 4.0 4.0 1.5 0.6 0.3 5.0
20-50 7.0 35 2.5 1.0 0.5 8.0
50-100 10.0 4.5 4.0 1.5 0.7 12.0
100-1000 12.0 5.5 5.0 2.0 1.0 15.0
>1000 15.0 7.0 6.0 2.5 1.4 20.0

“Isc. 1 = Short-circuit and load current, respectively, at PCC; h = Order of current harmonics.

The table is for the worst-case load at time more than one hour. Even harmonics, if present, are lim-
ited to 25% of the odd harmonic limits above. All power generation equipment is limited to these val-
ues of current distortion, irrespective of actual /g-/I;.

ey > NoOnlinear loads

—
O——w—-rm
\___/\/\__/

Equivalent —

utility system

— & Linear loads

Point of
common coupling
(PCC)

Figure 3.47 Utility system indicating linear and nonlinear loads at the point of common coupling
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3.6 SUMMARY

This chapter has given a broad review of different types of diode rectifiers and thyristor
phase-controlled converters which are extensively used in industry. Among diode rectifiers,
emphasis has been given to single-phase and three-phase bridge configurations with inductive
and capacitive loads. Similar circuit configurations and loads have also been emphasized for
phase-controlled converters. Thyristor converters can operate as rectifiers as well as inverters. At
zero firing angle, a thyristor converter operates as a diode rectifier. Note that this class of con-
verter switches at zero current (defined as soft switching), and therefore, switching loss of the
devices is negligible. The efficiency of the converters is high because of soft switching, accom-
panied with low conduction loss. Since the circuits are nonlinear, emphasis has been put on
graphical analysis with the help of waveforms rather than rigorous mathematical analysis. Diode
and thyristor converters constitute by far the major power electronics load on utility system and
create harmonic distortion and lagging VAR loading problems. Stringent power quality stan-
dards have been recently trying to restrict this type of load directly on utility systems.
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CHAPTER 4

Cycloconverters

4.1 INTRODUCTION

A cycloconverter is a frequency changer that converts ac power at one input frequency to output
power at a different frequency with a one-stage conversion process. The phase-controlled thyris-
tor converters, described in Chapter 3, can be easily extended for cycloconverter operation. Self-
controlled ac switches, usually based on IGBT, can also be used in high-frequency link cyclo-
converters. In large-power industrial applications, thyristor phase-controlled cycloconverters are
widely used. It is interesting to note that in the 1930s, phase-controlled cycloconverters with
grid-controlled mercury-arc rectifiers were used in Germany to converter three-phase 50 Hz
power to single-phase 16 2/3 Hz power for railway traction using universal motors. Historically.
around the same time, the first known variable-frequency, adjustable-speed ac drive using a
thyratron gas tube cycloconverter was used in the U.S. to control a 400 hp synchronous motor
for a thermal power station auxiliary drive. Today, high-power, multi-megawatt, thyristor-based
cycloconverters are very popular for driving induction and wound field synchronous motors. In
fact, the general applications of cycloconverters may include the following:

* Cement and ball mill drives

* Rolling mill drives

* Slip-power recovery Scherbius drives

* Variable-speed, constant-frequency (VSCF) power generation for aircraft 400 Hz power
supplies

In this chapter, we will study phase-controlled cycloconverter operation principles. con-

verter configurations, harmonics and power factor considerations, and control principles. Matrix
converters and high-frequency link cycloconverters will be briefly reviewed for completeness.

153
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Cycloconverter  j—————p

Figure 4.1 Block diagram of cycloconverter

4.2 PHASE-CONTROLLED CYCLOCONVERTERS

4.2.1 Operation Principles

Figure 4.1 shows the block diagram of a cycloconverter. In an industrial cycloconverter
driving an ac motor, the input 50/60 Hz power is converted to variable-frequency, variable-volt-
age ac at the output to control the motor speed. The output frequency may vary from zero (recti-
fier operation) to an upper limit, which is always lower than the input frequency (step-down
cycloconverter), and the power flow can be in either direction for four-quadrant motor speed
control. In a VSCF system, the input power is usually generated by a synchronous machine that
is coupled to a variable-speed turbine. The generated voltage can be regulated if the synchronous
machine is wound field, but the output frequency is always proportional to the turbine speed.
The function of the cycloconverter is to regulate the output frequency to be constant (typically
60 or 400 Hz). Figure 4.2 shows alternate-frequency conversion schemes. Figure 4.2(a) is a
commonly used scheme where the input ac is rectified to dc and then inverted to variable-fre-
quency ac through an inverter. In Figure 4.2(b), the input ac is converted to high-frequency ac
through a step-up cycloconverter, and then converted to variable-frequency ac by a step-down
cycloconverter. If the input power is dc, then the step-up cycloconverter is replaced by a high-
frequency inverter.

The basic principle of cycloconversion can be explained with the help of the single-phase-
to-single-phase converter circuit shown in Figure 4.3. A positive center-tap thyristor converter
(see Figure 3.2) is connected in anti-parallel with a negative converter of a similar type so that

f DC f
—_— Rectifier Inverter —
(a)
‘ High ¢
! Cycloconverter |frequency] Cycloconverter a
(step-up) (step-down)
(b)

Figure 4.2 Alternate schemes of frequency conversion (a) DC link, (b) High-frequency link
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Figure 4.3 Single-phase-to-single-phase cycloconverter circuit showing ac switch
configurations

the voltage and current of either polarity can be controlled in the load. The waveforms are shown
in Figure 4.4, assuming ideal resistive load. In Figure 4.4(a), an integral half-cycle output wave
is fabricated, which has a fundamental frequency fy = (I/n)f;, where n (n = 3 in this case) is the
number of input half-cycles per half-cycle of the output. The thyristor firing angle can be modu-
lated to control the fundamental component output voltage, as shown in part (b). Instead of step-
down frequency conversion, step-up frequency conversion is also possible, as indicated in (c) of
the same figure. In this case, the devices are switched alternately between the positive and nega-
tive envelopes at a high frequency to generate carrier-frequency, modulated output. Here, the
anti-parallel thyristor pair is replaced by a high-frequency ac switch, as indicated at the right of

W

~

—>TO:fl<—
0

Figure 4.4 Fabricated waveforms for Figure 4.3 (a) Integral half-cycle control, (b) Waveform
with firing angle modulation, (c) Waveform with step-up cycloconversion
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Figure 4.3. The ac switch is basically an anti-parallel connection of IGBTs with a series diode
and connected at center point, as shown, so that voltage can be blocked in either polarity, but
current can flow in either direction. It can also be a diode bridge with a single IGBT as shown in
the figure.

4.2.2 A Three-Phase Dual Converter as a Cycloconverter

The three-phase dual-converter, described in Chapter 3, can be used for three-phase-to-sin-
gle-phase cycloconversion. The three-phase, half-wave circuit (see Figure 3.33(a)) and dual-
bridge circuit (see Figure 3.33(b)) are repeated here in Figures 4.5 and 4.6, respectively. The four-
quadrant operation modes of a dual converter are summarized in Figure 4.7, assuming only con-
tinuous conduction mode. With bipolar and controllable output voltage and current capability, it
can be easily seen that a dual converter can be operated as a three-phase-to-single-phase cyclo-
converter. A dual converter can be represented by the Thevenin-equivalent circuit shown in Figure
4.8, where the harmonics and the Thevenin impedance of each converter component are
neglected. The diodes, as indicated, permit the converter current in the direction shown. The two

g 4V,
, - ’
»
+ converter Q, Q3JS Q5£E N/ Qg Q&-converter
A .
B
c

b
I:|] Load
N

Figure 4.5 Three-phase, half-wave dual converter

e +vy
— " —

c 0 —
K% % ¥

Figure 4.6 Three-phase, dual-bridge converter
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Figure 4.7 Four-quadrant operation modes of dual converter (indicates dc motor operation
modes)

+
V=VoC0Sup —724 [] V=V > = V=-V,COSoy

Load

Figure 4.8 Thevenin-equivalent circuit of dual converter

converter voltages V; are controlled to be equal so that the output voltage Vi, = V; at all condi-
tions and the load current /; is free to flow in either direction. This gives

4.1)

V, =V, =V, cosatp

=-V,, cosay (4.2)

where V4, = dc output voltage of each converter at zero firing angle, and ap and oy are the
respective firing angles. For a three-phase, half-wave converter, V5 = 0.675V, (see Equation
(3.37)), whereas for the bridge, V, = 1.35V, (see Equation (3.57)). The voltage-tracking con-
trol of the two converters is explained in Figure 4.9, where the converter transfer characteristics
are indicated as functions of the respective firing angle. The horizontal dotted line representing

the output voltage can be varied in either polarity and modulated in a sinusoidal manner by mod-
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+ Converter -~ Converter

Voltage ratio, V ,/V,

lnversion

+

+
V=V 4,C0S0p q\,) Vo @ V= -V, Cosay

Figure 4.10 Cycloconverter equivalent circuit

ulation of the firing angles to generate a sinusoidal output voltage v. For tracking conditions of
the two converters, Equations (4.1) and (4.2) indicate

Op +(XN =7 (43)

For the particular output condition shown in Figure 4.9, V,;/V,, = 0.5, ap = /3, and
oy = 2n/3. Figure 4.10 shows the cycloconverter-equivalent circuit, where variable dc sources
are replaced by sinusoidal sources.

4.2.3 Cycloconverter Circuits

4231 Three-Phase, Half-Wave Cycloconverter

A practical and commonly used cycloconverter uses the three-phase, half-wave configura-
tion shown in Figure 4.11, which is also known as a 18-thyristor, three-pulse cycloconverter. The



Phase-Controlled Cycloconverters 159

Figure 411 Three-phase-to-three-phase cycloconverter with 18 thyristors

circuit consists of three identical half-wave, anti-parallel phase groups and is shown with a wye-
connected ac machine load. The load neutral is usually disconnected, as indicated. If the neutral
is connected, the phase groups operate independently and create a large neutral current, which
loads the machine. Each phase group functions as a dual converter, but the firing angle of each
group is modulated sinusoidally with 27/3 phase angle shift so as to fabricate three-phase bal-
anced voltage at the machine terminal. An inter-group reactor (IGR) is connected to each phase
group to restrict circulating current, which will be explained later. Figure 4.12 explains the syn-
thesis of an output phase voltage wave by sinusoidal modulation of the firing angle . The out-
put frequency and depth of modulation can be varied to generate a variable-frequency, variable-
voltage power supply for the motor. The fabricated output voltage wave contains complex har-
monics, which may be adequately filtered by the machine’s effective leakage inductance.

Mean phase voltage

Fabricated phase voltage

~
i

b

a=n2 w3 w6 0 /6 /3 n/2 /3 Sn/6 o Sw6 23 w2
Figure 4.12 Phase-controlled fabrication of output voltage wave in three-phase, half-wave
cycloconverter
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Figure 4.13 Voltage and current waves for motoring and regenerative modes (a) Motoring
mode, (b) Regenerative mode

Any arbitrary DPF load can be supplied by a cycloconverter. Figure 4.13(a) shows the
phase voltage and current waves in active or motoring mode, where the current wave lags the
voltage wave by DPF angle ¢. The positive half-cycle of current flows through the positive con-
verter, whereas the negative converter takes the negative half-cycle of current. A component con-
verter operates in the rectification mode if the voltage and current are of same polarity, but in the
inversion mode these are of opposite polarity. Both the component converters in a phase group
can be controlled simultaneously to fabricate the mean output voltage. This will permit the bidi-
rectional phase current to flow freely through either converter. There will, of course, be an
instantaneous potential difference (due to harmonics) between the outputs of the two converters,
which will be discussed later. Figure 4.13(b) shows the voltage and current waves in regenerative
mode of the drive, where the polarity of the current wave is reversed.
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Figure 4.14 Three-phase-to-three-phase cycloconverter with 36 thyristors

4232 Three-Phase Bridge Cycloconverter

Among the many other possible cycloconverter circuit configurations, the three-phase
bridge (six-pulse) configuration, or 36-thyristor circuit, as shown in Figure 4.14, is very popular
in multi-megawatt drive applications. Each phase group of the cycloconverter consists of a dual-
bridge converter, which is connected to a transformer-isolated, three-phase supply. The wye-
connected machine is supplied from the lower output points of the bridges, as shown, whereas
the upper points are shorted to make the load neutral point. No transformer is required for isola-
tion if the machine windings are isolated. The cycloconverter is shown without any IGR. The
waveform fabrication of a bridge cycloconverter is similar to that of an 18-thyristor circuit and is
left as an exercise to the reader.

Modulation Factor The output phase voltage v, of a cycloconverter, can be written as
(see Figure 4.12)

v, =2V, sinw,t (4.4)

where Vj, = rms voltage and @y = 27f;) is the output angular frequency. Since op + oty = 7. we
can write

v, = VdO CosOp (45)
= _Vd() COSQ (46)
=mVy, sin@,t (4.7)

where my= modulation factor, and V, = 0.675V, for an 18-thyristor circuit and 1.35V, for a 36-
thyristor circuit. From Equations (4.4) and (4.7), the modulation factor is given as
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\/EV(’ (4.8)

me =
/ V([()

which means my is the ratio of peak output phase voltage and maximum possible peak phase
voltage. The parameter me varies in the range 0 to 1. From Equations (4.5) and (4.7), we can
write

CosOtp =my sin@,t (4.9)
that 1s,
Op = cos™! [mf sin a)(,t] (4.10)
and
Oy =TT —0Qp (4.11)

The equations indicate that for zero output voltage, m; = 0: that is, ap = oy = n/2 at all
conditions. On the other hand, for maximum phase voltage, m,= 1, which gives ap = 0 and oy
= 1 at positive peak value and op = ® and oy = 0 at negative peak value. Figure 4.15 gives the
output voltage waves at my= 0.5 and 1.0 indicating the firing angles

4.2.4 Circulating vs. Non-Circulating Current Mode

4.2.4.1 Circulating Current Mode
Like a dual converter, the phase group of a cycloconverter can be operated in either circu-
lating current mode or non-circulating current, or blocking, mode. In circulating current mode, a
current always circulates between the positive converter and the negative converter. Although the
fundamental output voltage waves of the component converters arc always equal, the harmonics
will cause instantaneous potential difference, which will cause a short-circuit unless an IGR is

_ N Olp= o =T/2
ap=0, o=7
v =
Vi 1 ; m=1
Vg m=0.5
/”’ / \\\
/() T N\~ f 2 (Dot
—_ —_ ) T - hd
ap— (XN—TE/A o -
- “ _—
ap=1/3, ay=21/3 ap=m, o=0

ap=271/3, o =7/3

Figure 4.15 Output phase voltage wave showing modulation of firing angles
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Figure 4.16 Circulating current mode equivalent circuit with IGR

connected (see Figure 4.11). Figure 4.16 shows the equivalent circuit of a phase group with an
IGR. Tt can be shown that with an IGR, a self-induced circulating current is developed between
the positive converter and the negative converter. This is explained with the help of waveforms in
Figure 4.17. Assume that the load circuit is highly inductive and the load current i, is con-
strained to be sinusoidal by the sinusoidal applied voltage v. Assume again that at time 7 = 0.
the positive load current is switched on, as shown in the figure. The positive load current is taken
by the positive converter only (ip = i). The increasingly rising positive load current during the
angular interval 0 and n/2 will create a positive voltage drop v; = diy/dt in the primary winding
segment of the IGR. With the IGR polarity markings shown, the induced voltage polarity in the
secondary segment will be negative and reverse-bias the diode Dy. This will inhibit any current
flow in the negative converter. However, at 1/2 angle, vi, = 0 when i, reaches the peak value /.
From this point onward, v; will tend to reverse in polarity, which will induce current in the neg-
ative converter, clamping the voltage across the IGR to zero. From now on. the IGR voltage will
remain clamped to zero and the mmf 0.5N1,, (N = number of turns of IGR) will remain trapped
init. As a result, there will be a self-induced circulating current between the positive and nega-
tive converters, as shown in the figure. Since the total mmf (or flux linkage) in the IGR remains
constant (0.5MV/,,) at any instant (conservation of mmf or flux linkage). we can write the mmf
balancing equation as

0.5Nip +0.5Niy, =0.5NI,, (4.12)
or
ip+iy =1, (+.13)
But,
Ip=—iy =i, =1, sinw,t (4.14)

From Equations (4.13) and (4.14), we can solve ipand Iy as

ip =051, +0.51, sinw,1

m

iy =0.51,, =051, sinw,z (4.16)

m
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The waveforms of ip and iy, shown in Figure 4.17, indicate that the difference between the
converter current and the load component of current constitutes the self-induced circulating current.
In a practical circuit, of course, a ripple component of current will add to each current component.
Note that the waveforms are valid for steady-state operation. Any load-induced transient will even-
tually decay to give steady-state condition with a new level of trapped mmf in the IGR. Figure 4.18
explains the voltage and current waves in a phase group of a 36-thyristor cycloconverter. Figure
4.18(a) shows the fabrication of a raw-output phase-voltage wave of a positive converter from the
supply line voltages by modulation of the firing angles. The corresponding wave for the negative
converter is shown in (b). The mean voltage wave that appears at the output of the IGR is shown in
part (c). This voltage wave is somewhat smoother than the component voltage waves. The instanta-
neous potential difference between the positive and negative converter voltages appears across the
IGR, which is shown in (d). Figure 4.18(¢), (f), and (g) show the currents in a positive converter,
negative converter, and load, respectively.

. —— Self-induced
m; current circulation

mt

inf2

Figure 4.17 Waveforms explaining self-induced circulating current with IGR
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Figure 418 Waveforms in three-phase bridge cycloconverter in circulating current mode
(my=1) (a) Fabrication of output phase voltage (v,) of positive converter from input line volt-
ages, (b) Fabrication of v of negative converter, (c) Mean output voltage at load terminal,
(d) Voltage across IGR, (e) Positive converter current (ip), (f) Negative converter current (in),
(9) Output load current (iy) [1]

The circulating current mode operation of a cycloconverter may provide some advantages
and disadvantages (comparing to blocking mode), which can be summarized as follows

Advantages:

* The output phase voltage wave (vy) is somewhat smoother, contributing less harmonic
content to the load.

* The output frequency range is higher.

* The load displacement power factor condition does not affect harmonics in output voltage.

* There is less subharmonic problem in the load.

* Harmonics injected to input line are somewhat less.

* Intentional control of circulating current provides a method of controlling line displace-
ment power factor (will be explained later).

* The control is simple.
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Disadvantages:
* Bulky IGR increases cost. It also increases losses.
» The circulating current creates additional loading to the thyristors, which increases losses.
* The over-design increases cost.

Some of these points will be discussed later.

42472 Blocking Mode

Although the circulating current mode operation of a cycloconverter provides a number of
advantages, as discussed above, the cost and efficiency penalties do not make it very popular,
except in special cases. In blocking or non-circulating current mode, no IGR is used and only
one converter (positive or negative) component is permitted to conduct at any instant. However,
the firing angles are controlled so that the output voltages track all the time, in other words, op +
oy = . Figure 4.19 explains converter component selection with load current zero crossing
detection. The basic principle is as follows: Since the positive load current is taken by the posi-
tive converter only, this converter is enabled when the load current is positive. A similar princi-
ple holds true for the selection of the negative converter. With sinusoidal output voltage, the load
current will tend to be sinusoidal and the selection of a converter based on the polarity of load
current is not difficult. Assume that in the beginning, the load current is positive, and therefore,
the positive converter is enabled by a current polarity-sensing flip-flop. As the current iy
decreases and goes below a threshold amplitude, the positive converter is disabled. Both convert-
ers remain inhibited for time tes and then the negative converter is enabled, as shown. The lock-
out time gap f, prevents a short-circuit by giving enough time for the thyristors of the outgoing
converter to turn off before enabling the incoming converter. Evidently, such a control will intro-
duce some cross-over distortion of load current.

Output voltage (v,)

/ Load current (i,)

\ 0t

"i" AN

W
—» 1

|<.__ +converter- —3l |¢— -converter- ——)I
enabled enabled

Inhibit both

converters

Figure 4.19 Converter component selection in blocking mode with
\current zero crossing detection
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The simple converter selection based on current zero crossing, as shown in the figure, has
a disadvantage. Near current zero crossing, the converter may fall into discontinuous conduction
mode, particularly due to back emf of the motor. With discontinuous conduction. an outgoing
converter will be turned off prematurely, introducing additional distortion in the load current.
More elegant converter selection principles are described in the literature (3].

In blocking mode, the fabricated voltage waves of the component converters are impressed
directly across the load. This causes more severe load and source harmonic problems, in addi-
tion to the dead-band effect on the load current. The output frequency range is somewhat smaller
in blocking mode. The cycloconverter control is also more complex because of the converter
bank selection problem. However, there are the advantages of lower cost and improved effi-
ciency compared to circulating current mode operation.

4.25 Load and Line Harmonics

As explained before, the fabricated output voltages of a cycloconverter contain complex
harmonics. These harmonics are to be filtered before applying them across the load. A machine
is normally connected directly at the cycloconverter output. The machine leakage inductance
acts as a low-pass filter, and the phase current waves tend to be nearly sinusoidal. However, the
ripple component of current will cause additional machine heating and torque pulsation, as dis-
cussed in Chapter 2. Again, a cycloconverter is basically a matrix of switches without any
energy storage capability (neglecting IGR effect). Assuming the devices are loss-less, there will
be a balance of instantaneous output power (po) with instantaneous input power (p;). Therefore,
the voltage harmonics at the output will have the corresponding reflection of harmonics at the
input line currents, even with the assumption of balanced and sinusoidal supply voltages and
load currents. Basically, the nonlinear switching mode operation of a converter introduces dis-
tortion at the input and output, as explained in Chapter 3. In general, the load and line harmonics
will be influenced by the following:

* Circulating current or blocking mode of operation
* Pulse number (p)

* Modulation factor (my) of output voltage

* Output-to—input frequency ratio (f,/f,)

* Load DPF

* Continuous or discontinuous conduction

* Commutation overlap effect

* Feedback control and its bandwidth

4.2.5.1 Load Voltage Harmonics
Since the harmonic patterns are very complex, it is difficult to make an analysis graphi-
cally or mathematically. The most convenient method to study harmonics is to make a computer
simulation study and analyze the waveforms by FFT. A simplified analytical study made in [1]
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will be cited here. Consider a general p-pulse, phase-controlled thyristor converter. It was
explained in Chapter 3 that for ideal conditions of continuous conduction and high load induc-
tance, the harmonic families of the load voltage and line current are given by pn and pn + 1,
respectively, where p = pulse number and n = an integer. In a cycloconverter, the firing angles,
instead of remaining constant, are sinusoidally modulated. Therefore, we expect the load and
line harmonics to have carrier frequencies related to line frequency and sideband frequencies
related to output frequency.

Figure 4.20 shows the harmonic family (fy/f;) of an output voltage wave in blocking mode
with the output frequency ratio f/f;. Each harmonic group starts as a single number in rectifier
mode and then branches out with sidebands (ideally of an infinite number) as f/f; increases. The
harmonic lines reflect on the f/f; axis with equal slope. The output fundamental frequency (fo)
line is indicated by the dotted slope. Any harmonic below this slope is a subharmonic (fy < fo).
The harmonic family is given by the expression pnf; + nfyy, where pn + n = odd integer. In recti-
fier mode operation, that is, f; = 0, the harmonic family for an 18-thyristor cycloconverter is 3f;,
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Figure 4.20 Harmonic family of output voltage in blocking mode {1]
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Table 4.1  Listing of Output Voltage Harmonics in 18-thyristor and 36-thyristor
Cycloconverters in Blocking Mode

18-thyristor 3f;+0 6f; =1, 9+0
3£ 2, ofi 3, Uix 2,
Yixdf,  6fxSf,  Yx4f,
i+ 06f, ofi £ f,, 9% of,

36-thyristor 6%/, 12fxf,  I8=f,
ofi = 3, 12f; £ 3, I8f; £ 3,
6fi £ 5, 1213/, 18f; = 57,

ofi» 9f;,12f,, etc., and for a 36-thyristor cycloconverter, it is Ofi» 12f;. etc. At any finite f/f. the
harmonic family can be found on the vertical line.

Table 4.1 gives the harmonic families for both I8-thyristor and 36-thyristor cycloconvert-
ers. The amplitude of the harmonics (not shown) is convergent with higher sidebands and higher
carrier frequencies. Consider, for example, the output frequency f, = 17 Hz. which corresponds
to fo/f; = 0.283 with input frequency fi = 60 Hz. The actual harmonic frequencies can be found
by substituting these values of f, and f; in Table 4.1. Locating the point f/f; = 0.283 on Figure
4.20 indicates the presence of a subharmonic component 3f; = 10fy| = 10 Hz. This subharmonic
component with typical magnitude is shown in Figure 4.21(a). The subharmonic voltage wave.

Subharmonic
|3f-10f,|

™

f,=10Hz f=17Hz

e e
) \/

Figure 4.21 (a) Subharmonic voltage component, (b) waveform
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shown in (b), with a volt-sec. area comparable to that of the fundamental wave, can cause a
serious problem by saturation of the magnetics. Figure 4.20 indicates that the subharmonic
problem becomes worse with higher fundamental frequency. Higher harmonic content and the
subharmonic problem usually restrict the output frequency ratio range f;/f; from zero to 1/3, that
1s, de to 20 Hz with 60 Hz line frequency.

Figure 4.22 shows the output harmonic family in circulating current mode. As discussed
before, the harmonic problem in this condition is less severe, which is evident by the harmonic lines
being less crowded. Each harmonic group has limited sidebands and can be summarized as follows:

* 18-thyristor circuit: 3f; + 4f,, 6f; + 7f;, 9f; £ i), etc.
* 36-thyristor circuit: 6f; = 7fy, 12f; £ 13 f,, 18f; £ 19/, etc.

The harmonic components of the output voltage can be easily listed from Figure 4.22.
Note that the subharmonic problem is much less severe in this case. In fact, there is no subhar-
monic at the output for frequency ratios of zero to 0.6. Low or zero subharmonics and reduced
harmonic content permit a circulating current cycloconverter to operate at much higher output
frequency range, typically from zero to 2/3f,, that is, dc to 40 Hz with supply frequency of 60 Hz.
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Figure 4.22 Harmonic family of output voitage in circulating current mode [1]
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4252 Line Current Harmonics

Like the graphical fabrication of the output voltage wave piece by piece from the sinusoi-
dal line voltages, the input line current wave can also be fabricated graphically piece by piece
from the sinusoidal load current wave through the closed switches. Figure 4.23 shows the fabri-
cation of output voltage and line current waves for a 36-thyristor, blocking-mode cycloconverter.
Figure 4.23(a), (¢), and (e) show the fabrication of the output phase voltages from the input line
voltages by modulation of the firing angles. Figure 4.23(b), (d), and (f) show the synthesis of
three-phase line currents for the respective output phase group operation. This means that for
three-phase-to-single-phase cycloconverter operation, Figure 4.23(b), for example. gives the line
current waves for the loading of phase a output only. Note that the component line current waves
are symmetrical, but they have even harmonic components. This is because the single-phase
loading creates second harmonic load power that is reflected as even harmonics at the input. For
three-phase-to-three-phase operation, the component line currents are added to give the total line
currents shown in Figure 4.23(g). Note that although the load DPF = 1, the fundamental input
currents lag the respective input phase voltages.

Figure 4.24 shows the family of line harmonics that is given by the relation (np £ 1)f; =
mfy, where (np = 1) = m = odd integer. A listing of the harmonics is given in Table 4.2 for clarity.

Table 4.2  Listing of Line Harmonics in Circulating Current Mode

I8-thyristor ~ 36-thyristor

s f
fx6f, f+6f,
fe12f,  fx12f,
2= 3f 5f
of + 6f 5/ 6f,
af;+ 3¢ 7t

;= of 7fi* 0f,,

Note that the fundamental component only can carry the average power supplied (o the
load, whereas the harmonics components generate only pulsating power. the average of which is
zero. Figure 4.24 indicates the presence of a small subharmonic current component. which can
be generally ignored.

4.2.6 Line Displacement Power Factor

It was explained in Chapter 3 that a phase-controlled, line-commutated converter always
draws lagging reactive current from the line. A cycloconverter is basically a phase-controlled.
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Figure 4.23 Fabrication of load voltage and line current waves for 36-thyristor cycloconverter
in blocking mode (fy/f; = 1/3, ms;= 1, ¢ = 0°) (a), (c), (e) Fabrication of output phase voltages,
(b) Line currents due to phase group a only, (d) Line currents due to phase group bonly, (f) Line
currents due to phase group ¢ only, (g) Line currents for the operation of all phase groups [1}

line-commutated converter, and therefore, it is natural that it would also draw lagging reactive
line current. In fact, the modulating firing angles have an averaging effect on the line DPF. This
poor DPF, along with the complex harmonics in the line and load, is a big disadvantage of the
cycloconverter. It can be shown that even with unity load power factor and output modulation
factor my = 1, the cycloconverter draws lagging line current. The line DPF deteriorates as the
load DPF decreases or the modulation factor decreases. In fact, the line DPF is lagging even

when the load DPF is leading.
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Figure 4.24 Harmonic family of input current of cycloconverter [1]

4.2.6.1 Theoretical Derivation of Line DPF

It is not difficult to derive a quantitative expression for the input DPF of a cycloconverter
[4]. Consider a phase group of an 18-thyristor cycloconverter, as shown in Figure 4.25(a). and
assume that the positive converter is conducting only at continuous conduction with a high
inductance load. Consider again that the cycloconverter is operating at very low output fre-
quency. Figure 4.25(b) shows a small segment of the output voltage (vg) and current (/) waves,
plus the expanded view of converter operation, where v; = input phase voltage and @ = firing
angle of positive converter. Within the small output angular interval as shown. the converter can
be considered to be operating as a rectifier. The line current i consists of iy load current pulses of
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Vo

7 o L - k2

‘.L— converter

Figure 4.25 (a) Three-phase, half-wave cycloconverter, (b) Segments of output voltage (v,)
and output current (i,) waves

271/3 width contributed in every cycle of the input voltage, as indicated in the figure. The other
input phases of the positive converter will operate in a similar manner. The Fourier series of the
line current can be given as
. b, N3 1 1
i=-2+-=isin(w—0p)—=cos2(wr—ap)—-—cos(4ar—ap)
n 2 4 (4.17)

—ésinS(mt—aP)nL---]

where @ = supply frequency. The current wave has a dc component and a fundamental compo-
nent with a lagging phase angle ap (ap = ¢;, as shown) that is inherent in a phase-controlled
converter. Since the supply’s active and reactive power components are contributed by the funda-



Phase-Controlled Cycloconverters 175

mental current only, the instantaneous active and reactive power expressions for the whole posi-
tive converter (as a rectifier) can be given as

P'=3v, ﬁlﬂ cosap (4.18)

Van

Qi =3V V3,
1 s \/—2'71_

Sinop (4.19)

where V| = rms phase voltage of line. The equations can be written in the following form:

B =(1.17V, cosap )i,
= (O675VL COS&P )l()

' (4.20)
=V COstpl,
= Vyly
O =(1.17V, sinap )i,
i=(117V,sinatp )i @21

=V, sinapi,

where V; = rms line voltage and Vo = instantaneous fundamental output voltage. If the firing

angle orp remains constant, the converter operates as rectifier, that is, V,, cos ap = V,

I Atthis condition, P and Q! expressions give the steady-state input active and reactive pow-
ers, respectively. In a cycloconverter, ap and i, vary sinusoidally, and therefore, P/ and Q are
correspondingly modulated. It is necessary to average these parameters to determine loading on

the source.

/and i() =

Figure 4.26 shows the output phase voltage and current waves indicating the region for
positive converter operation. The waveform Vao sinap is graphically constructed in the figure.
Since 0 < ap < T, its magnitude is always positive and phase-shifted by /2 with respect to the
vo wave. The instantaneous reactive power given by Equation (4.21) is also plotted graphically
on Figure 4.26. It can be easily shown that the curve will repeat for the negative converter, which
is also indicated in the figure. The expression for average reactive power Q; contributed by the
line can be given as

|
| pxcvcle ) _ (4.22
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176
or, with the help of Figure 4.26, the full expression 1s
a
0 :% [ 2(117V, cosw,1)(1,, sin (@1~ 9 ))dar,s
(4.23)
Jﬂ+¢( 1.17V_cosw t)(]m sin(a)or+¢)))dw t
2
(4.24)

load power factor angle

where @ =
Equation (4.23) can be solved as
2P 2
20 cos? g+ % [¢+ sm2¢]
T

Q; =
where P = output active power per phase and (y = output reactive power per phase. These
parameters are given, respectively, by the expressions
c\(/c
4.25
__.[O (Voiy)d 0yt =V, I, cos ( )
and
Q,=V,I,sing (4.26)
V=V4,COSap
\me
/
/ \
/ / \
1
] \
! \
! \
ap=n/2 /7 O\ !
/ J/
) Voot
-1 :
ap=0 = =
C —— 5

< +C
Figure 4.26 Waveforms explaining reactive power loading of line
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Since the active output power is the same as the active input power (P, = P;). we can write
. 2 o) 1.
F+jO;=F+j—|Pcos¢+0Q, (p+531n2¢> (4.27)
/2
and therefore, the input DPF expression can be written as

P,
DPF =cos¢, = !
I ‘ +JQ1)

1

—

l+jz cos ¢>+Q0 (¢+Esm2¢):”

L I

y (4.28)

1+j2(0032¢+tan¢)(¢+;sin2¢ ]:“

V/a

1

1+j72[(1+(ptan<j))‘

where tan ¢ = Qy/P; = Qy/Py.

If more phase groups are added, parameters P; and Q; reflect equally at the input and DPF
remains unchanged. It can be shown easily that the DPF expression remains valid also for a
36-thyristor cycloconverter. Note that Equation (4.28) has been derived assuming a modulation
factor of mg= 1. Since the modulation factor does not affect the current demanded by the load.
but affects the displacement angle directly, we can write the general expression

n ,t

DPF = (4.29)

1+j§(1+¢tan¢)‘

Equation (4.29) indicates that DPF is a function of modulation factor myand load power
factor angle ¢. It has been plotted in Figure 4.27 for different nyand for both lagging and lcad-
ing power factors and motoring and regenerative conditions. The curves are symmetrical in all
the quadrants, and indicate that if the load DPF = 1 and my = 1, the best line DPF =0.843. The
line DPF deteriorates as myor load DPF decreases. In extreme cases. line DPF = 0 for mp=0or
load DPF = 0 with either leading or lagging reactive load.

4.2.7 Control of Cycloconverter

The control of a cycloconverter is very complex, and only elementary discussion will be
given in this section. Figure 4.28 shows a typical variable-speed, constant-frequency (VSCF)
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Figure 4.27 Input and output displacement power factor relations with modulation factors
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Figure 4.28 Variable-speed, constant-frequency (VSCF) system control block diagram
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system where the power and control elements are shown in block diagram form. The generator
bus with regulated voltage but variable frequency (1333 — 2666 Hz) is fed to the cycloconverter
phase groups, as shown. A generator speed variation in the range of 2:1 is assumed in this case.
The dual converter in each phase group has an output low-pass filter to generate sinusoidal out-
put voltage. The @ modulator receives the biased cosine signal wave from the generator bus volt-
age and sinusoidal control signal voltage to generate the firing angles of the converter. Three-
phase sinusoidal control signals can be generated from the primary voltage control loop through
the vector rotator (VR), which receives the angular signal 6, from the frequency signal. as
shown. The feedback voltage V, can be generated from the output phase voltages. as indicated.
The details of the o modulator are explained in Figure 4.29. The cosine wave-crossing method
with ap + oy = 1 assures linear transfer characteristics between the control signal and output
voltage, indicating that the cycloconverter is basically a linear amplifier. If current control is
desired instead of voltage control, this principle is shown in Figure 4.30. The command current
is compared with the feedback current (synthesized from phase currents) and the P-1 controller
generates the synchronously rotating voltage signal, as shown. Further details of such control

methods will be given in Chapter 8.

Biased cosine
signal wave

To

> converter
Gp

Biased cosine
’\/ signal wave

To

.
P - converter
oy

Figure 4.29 Firing angle generation principle for positive and negative converters
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Figure 4.30 Principle of current control

4.2.8 DPF Improvement Methods

As discussed above, the DPF of a phase-controlled cycloconverter is very poor. The DPF
can be improved by the following methods:

* Square-wave operation at output
* Asymmetrical firing angle control
¢ Circulating current control

* Static VAR compensator

A brief review will be given for each of these improvements, except the static VAR com-
pensator, which will be described in Chapter 5.

4.2.8.1 Square-Wave Operation

A simple method of improving the line DPF is to fabricate square-wave voltages at the
output instead of sinusoidal voltages. Figure 4.31 shows the fabrication of square-wave volt-
ages for different fundamental magnitudes by controlling the firing angle. If, for example,
op =0 (ap + ogy = ©), the peak value of the output fundamental voltage is 4 V;5/m. If otp is con-
trolled to be m/3, the fundamental is reduced to 50% amplitude as shown. Without sinusoidal fir-
ing angle modulation, the cycloconverter gives phase-controlled, converter-like DPF at the input.
The additional advantages of a square-wave cycloconverter are higher output fundamental volt-
age and simpler control. Of course, the disadvantage is worse voltage ripple at the output. High-
power cycloconverter drives sometimes use square-wave cycloconverters [5].

4282 Asymmetrical Firing Angle Control

The sequential, or asymmetrical, firing angle control principle, discussed in Chapter 3, can
be applied to a cycloconverter to improve the input DPE. Figure 4.32 shows the block diagram of
a 72-thyristor cycloconverter [6] where the asymmetrical firing angle control principle has been
applied. Each phase group consists of two dual bridges in series, which are supplied by delta-
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op = 21/3 -

Figure 4.31 Fabrication of output square-wave voltage for different fundamental values
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Figure 4.32 72-thyristor cycloconverter block diagram

and wye- connected transformer secondaries, respectively. With concurrent firing angle control.
the circuit operates as a 12-pulse cycloconverter, and the corresponding voltage expressions are

Vg =V t Va2 (4'30)

Val = Va2 = V(/() cose,, (43D

where o,; = o, = @,
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With asymmetrical voltage control, the component voltage expressions are given as follows,

Vo = Vy, COS0, (4.32)

Vo = Vy,co80,, (4.33)

where o,; and «,,, are the respective firing angles.

Figure 4.33 explains the fabrication principle of v,; and v,, such that v, is always a con-
trollable sine wave. The principle can be summarized as follows:

For positive half-cycle (v, = 0):

Va2 = Va0

Va1 =Va = Vao

For negative half-cycle (v, < 0):
Val = Yo
Var = Ve = (Vo)

(b)

Figure 4.33 (a) Asymmetrical voltage control principle, (b} Equivalent three-phase load
voltage generation in positive half-cycle
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The generation of a three-phase output voltage in positive half-cycle is given in Figure
4.33(b). Obviously, the disadvantages are use of large number of thyristors and equivalent six-
pulse operation at the output.

4283 Circulating Current Control
The circulating current in a cycloconverter with IGR can be intentionally increased and
controlled for DPF improvement. This principle was first used in a dual converter-controlled dc
motor drive [7], and was later extended to a cycloconverter drive [8]. If an additional dc circulat-
ing current /.. is introduced in the circuit of Figure 4.16, the currents ip and iy can be given by

ip = ]CC +0.5/  + O.Slm Sina)of (434)

m

iy =Ilcc+0.51,—0.51,, sinw,t (4.35)

m

Since the Thevenin impedance of the circuit is very small, the circulating current can be
induced by symmetrically injecting a positive voltage increment of AV, in the positive converter
and a negative increment of AV, in the negative converter. The average power due to /.. is prac-
tically zero, but it creates equal lagging reactive current loading at both converter inputs.

Figure 4.34 shows a phasor diagram with active (Ip) current, reactive (Ip) current, and
total (/) current. It also includes a variation with circulating current control. In the figure, lp) =

Positive converter

Ips

Negative converter
Figure 4.34 Phasor diagrams of active and reactive currents of component converters
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Figure 4.35 Input DPF control by circulating current of 36-thyristor cycloconverter

inherent lagging current due to loading, Ipp = total reactive current, and Iy, — Iy = reactive cur-
rent due to /... Since the load component fluctuates with loading condition, the /5, component
can be controlled to be constant by /.. control. This means that /.. control permits the cyclocon-
verter to operate at a constant lagging current irrespective of load fluctuation. For such a condi-

tion, a fixed capacitor bank at the input can control the line DPF to unity.

The control principle of a phase group is given by the simplified block diagram in Figure
4.35. The load current i is controlled in the inner loop, as shown. The next higher loop controls
the circulating current /... by injecting the AV, signal. The outer loop controls the total I = 0 by
adjusting the /.. magnitude so that the cycloconverter /) balances with the constant capacitor

bank current /.

An active filter is shown connected at the input line to filter the harmonics so that the total

PF is unity.
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Figure 4.36 Three-phase to three-phase matrix converter

4.3 MATRIX CONVERTERS

So far, we have discussed thyristor cycloconverters that are based on the phase control line
commutation principle. In this section and the next, new classes of cycloconverters that use high-
frequency, self-controlled ac switches (see Figure 4.3) will be discussed. An example is the three-
phase-to-three-phase matrix converter shown in Figure 4.36 [9]. The matrix converter or PWM
(pulsewidth modulation) frequency changer was first proposed in 1980, and since then. many
papers have been published, but hardly anybody uses the scheme in practical application. It will
be described here briefly for completeness. The converter, as the name indicates. is a matrix of
nine ac switches that permit the connection of any input phase to any output phase. The switches
are controlled by PWM to fabricate output fundamental voltage, which can vary in magnitude and
frequency to control an ac motor. PWM techniques are described in the next chapter.

Figure 4.37 explains the output waveform fabrication principle. Consider. for example. the
fabrication of an output line voltage v, wave, as shown in Figure 4.37(c). Figure 4.37(a) shows
the input line voltage waves and (b) shows the fictitious diode bridge rectifier output wave.
Phases a and b can be connected between the positive and negative envelopes. or they can be
shorted to fabricate a v, wave. For example, if switches S5 and S5 are closed, the input line volt-
age vpc segment will appear at the output line voltage v, segment. The v, will be shorted if
switches §3 and Sq are closed. The same fabrication principle applies to vp,. and v, waves. At
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Y

3 1111 S
T

Figure 4.37  Output waveform fabrication principle (a) Three-phase input line voltages,
(b) Fictitious diode-bridge rectifier output, (c) PWM fabrication of v,, wave

N,

1

any instant, onc switch in each bank (that is, three switches altogether) is closed, and there are
33 =27 permissible switching states. Note that lateral line switches should not be closed to pre-
vent line shorting. The line LC filter, as shown, is essential for (1) commutation of ac switches so
that load inductive current can be transferred from one line to another, and (2) filtering the line
current harmonics. The converter is regenerative, and unlike a thyristor cycloconverter, the line
current can be controlled to be sinusoidal with unity PF. Besides the input capacitive filter, the
circuit needs 18 IGBTs and 18 diodes, which provide a much higher device count compared to
12 IGBTs and 12 diodes in the conventional double-sided PWM, dc link, voltage-fed frequency
conversion scheme (see Figure 5.60).

4.4 HIGH-FREQUENCY CYCLOCONVERTERS

A high-frequency cycloconverter converts single-phase, high-frequency (typically 20 kHz)
ac to three-phase, variable-voltage, variable-frequency ac for motor drives using the “soft-
switching™ principle of ac switches. Soft-switching will be discussed in Chapter 5. Figure 4.38
shows a typical configuration of a high-frequency cycloconverter, where the high-frequency ac
is generated by an inverter. Inverters are discussed in Chapter 5. The advantages of a high-
frequency link circuit are that the output can have galvanic isolation and the voltage level can
change from the input through a light weight, high-frequency transformer. Of course, the penalty
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Figure 4.38 Single-phase-to-three-phase high-frequency cycloconverter

is a larger number of devices. The high-frequency ac may be sinusoidal and generated by a reso-
nant link inverter. Or, it can be square- or quasi-square-wave (with a zero voltage gap). as shown.
which may be generated by a non-resonant link inverter. With a resonant link, two cycloconvert-
ers can be connected back-to-back with a three-phase 60 Hz line supply.

4.41 High-Frequency, Phase-Controlled Cycloconverter

With a sinusoidal or square-wave high-frequency link, it is possible to have the phase con-
trol principle [10][11] as discussed before to synthesize the output voltage waves. Figure 4.39
illustrates the operation principle with a square-wave for a single-phasc. half-bridge circuit
where the load is connected between points a and 0. Note that in positive half-cycle. positive
load current is carried by device Sy of the ac switch S, whereas in negative half-cycle. it is car-
ried by device Sy, of switch §,. The waveforms show the comparison of a sawtooth carrier wave
with a sine-modulating wave to generate the firing angle o. The commutation of positive i, from
the outgoing device to the incoming device is shown in the figure. Note the delay in turning off
5> to be sure that current is zero in a self-controlled switch. The phase control provides switch-
ing at zero current eliminating the switching loss. The ac switch can be replaced by anti-parallel
thyristors [10] if the link frequency is low.

4.4.2 High-Frequency, Integral-Pulse Cycloconverter

4.4.2.1 Sinusoidal Supply
With a sinusoidal, or quasi-square-wave, power supply, it is possible to use the integral
half-cycle pulsc-width modulation (IPM) principle to synthesize output voltage waves. Figure
4.40 illustrates the operation of a half-bridge circuit with sinusoidal supply voltage. The advan-
tage of IPM is that devices can be switched at zero voltage, which reduces the switching loss: in
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Figure 4.39 Explanatory waveforms of half-bridge, phase-controlled cycloconverter with
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Figure 4.40 Explanatory waveforms of half-bridge integral-pulse cycloconverter
with sine wave for a segment of output voltage

other words, it improves the converter’s efficiency. Of course, a zero voltage interval is
extremely narrow with sinusoidal supply. The additional disadvantages of the scheme are distor-

tion of link voltage due to harmonic loading of the resonant circuit and link frequency drift.

4422 Quasi-Square-Wave Supply

A high-frequency, non-resonant link can easily generate a quasi-square-wave by phase-
skewing the inverter legs. The resulting zero voltage gap easily permits soft-switching of the
cycloconverter devices [12]. Figure 4.41 explains the fabrication principle of output voltage

wave, which is essentially similar to Figure 4.40. The advantage in this case is the larger zero
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Figure 4.41 Explanatory waveforms of half-bridge, integral-pulse cycloconverter with quasi-
square-wave for a segment of output voltage

voltage gap for easy soft-switching. However, extra care should be taken to minimize leakage
inductance in the link, which can create large spike voltage at the instant of commutation.

4.5 SUMMARY

This chapter gives a general review of cycloconverter principles and different types of cyclo-
converter circuits. Phase-controlled cycloconverters with thyristors were discussed in detail
because they are widely used in industry. Both 18-thyristor and 36-thyristor circuits with circulat-
ing current and blocking modes were covered. The matrix converter and high-frequency cyclocon-
verter were briefly reviewed for completeness. They have extensive literature, but are rarely used in
practice. The great disadvantages of phase-controlled cycloconverters are generation of complex
harmonics in load and line, and poor line DPF. Different methods of line DPF improvement were
discussed. Attempts are being made to replace phase-controlled cycloconverters by dc link fre-
quency changers using GTO/IGBT devices, which will be discussed in Chapter 5.
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CHAPTER 5

Voltage-Fed Converters

5.1 INTRODUCTION

Voltage-fed converters, as the name indicates, receive dc voltage at one side and convert it
to ac voltage on the other side. The ac voltage and frequency may be variable or constant
depending on the application. In fact, the general name “converter” is given because the same
circuit can operate as an inverter as well as a rectifier. We have seen this dual-mode operation for
phase-controlled converters, which were discussed in Chapter 3. A voltage-fed inverter should
have a stiff voltage source at the input, that is, its Thevenin impedance should ideally be zero. A
large capacitor can be connected at the input if the source is not stiff. The dc voltage may be
fixed or variable, and may be obtained from a utility line or rotating ac machine through a recti-
fier and filter. It can also be obtained from a battery, fuel cell, or solar photovoltaic array. The
inverter output can be single-phase or polyphase, and can have square wave, sine wave, PWM
wave, stepped wave, or quasi-square wave at the output. Voltage-fed converters are used exten-
sively, and some of their applications may be as follows:

* AC motor drives

* AC uninterruptible power supplies (UPSs)

* Induction heating

* AC power supply from battery, photovoltaic array, or fuel cell
» Static VAR generator (SVG) or compensator (SVC)

* Active harmonic filter (AHF)

In voltage-fed converters, the power semiconductor devices always remain forward-biased

due to the dc supply voltage, and therefore, self-controlled forward or asymmetric blocking
devices, such as GTOs, BITs, IGBTs, power MOSFETs, and IGCTs are suitable. Force-commu-

191
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tated thyristor converters were used before, but now they have become obsolete. A feedback
diode 1s always connected across the device to have free reverse current flow. One important

characteristic of a voltage-fed converter is that the ac fabricated voltage wave is not affected by
the load parameters.

In this chapter, we will study various types of voltage-fed converters, PWM techniques,
hard switching vs. soft switching of devices, soft-switched converters, active line current wave
shaping and PF correction, static VAR generators, and active filters. Most of the converters will
be shown with IGBT devices, and the devices will be considered as ideal on-oft switches, as
before. The term “inverter” will be used in most cases. This chapter will end with a brief review
of the simulation program SIMULINK will be given with examples because of its common
usage.

5.2 SINGLE-PHASE INVERTERS

5.2.1 Half-Bridge and Center-Tapped Inverters

One of the simplest possible inverter configurations is the single-phase, half-bridge
inverter shown in Figure 5.1 (a); (b) gives its explanatory waves. The circuit consists of a pair of
devices @ and O, connected in series across the dc supply, and the load is connected between
point a and the centerpoint () of a split-capacitor power supply. The snubber across the devices is
omitted for simplicity. The devices (O, and O, are closed alternately for m angle to generate the
square-wave output voltage, as shown. In fact, a short gap, or lock-out time (), is maintained,
as indicated, to prevent any short-circuit or “shoot-through” fault due to turn-off switching delay.
The load is usually inductive, and assuming perfect filtering, the sinusoidal load current will lag
the fundamental voltage by angle ¢, as shown. When the supply voltage and load current are of
the same polarity, the mode is active, meaning the power is absorbed by the load. On the other
hand, when the voltage and current are of opposite polarity (indicated by diode conduction), the

+
— > f—
+ L b
Vd_——__ O S +O-5Vd //\ —
Vao Q1 \
0

Q —» S—
0.5V, A —= ¢ \Q2 ’/O5V
T D, Q D ;— | ¢
—fbe— ac —fble— ac —

(a) (b)

Figure 5.1 (a) Half-bridge inverter, (b) Output voltage and current waves in square-wave
mode
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Load

Figure 5.2 Center-tapped inverter

power is fed back to the source. However, the average power will flow from the source to the
load. To maintain the centerpoint of the supply voltage V,, the capacitors should be large. An
inverter with a center-tapped transformer is shown in Figure 5.2. The advantages of this trans-
former are voltage level change and Ohmic isolation from the primary.

5.2.2 Full, or H-Bridge, Inverter

Two half-bridges or phase-legs can be connected to construct a full, or H-bridge, inverter,
as shown in Figure 5.3. The split-capacitor power supply is not needed in this case, and the load
is connected between the centerpoints, a and b. In the square-wave operation mode shown in
Figure 5.4, the device pairs Q;Q5 and 0,0, are switched alternately to generate the square-wave

+ Q1 D1 Qz D2

0.5V == 2&
IL
—»
Vy 0¢ a Load b
Q, ID4 Q, I D;

+

0.5V, = I I

Figure 5.3 Single-phase bridge (H-bridge) inverter
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Figure 5.4 Output voltage and current waves in square-wave mode

Q,Q,

output voltage of amplitude V,. Again, assuming inductive and harmonic-frec load current at
phase angle ¢, the load current in active mode will be carried by the Q; Q5 or 0»Q4 pair, whereas
the feedback current will flow through the D D5 or D,D, pair, as shown in the figure. Both the
diodes and IGBTs are designed to withstand the supply voltage V,. With the current waves, it
can be easily seen that the peak current in the IGBT is /,,, whereas that in the diode is /,, sin ¢.
H-bridge converters are used in four-quadrant speed control of small dc motors. The converter
modes, shown in Figure 5.5, can be summarized as follows:

Quadrant 1: Positive buck (step-down) converter (forward motoring)
Q) -0On

@, — Chopping

D5 O, — Freewheeling

Quadrant 2: Positive boost (step-up) converter (forward regeneration)
Q, — Chopping

D> D — Freewheeling

Quadrant 3: Negative buck (step-down) converter (reverse motoring)
Q3 -On
Q4 - Chopping

D, Q5 — Freewheeling

Quadrant 4: Negative boost (step-up) converter (reverse regeneration)
(> — Chopping
Dy D, — Freewheeling
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il

.
(d) _Jg

Figure 5.5 H-bridge converter operation for four-quadrant PM dc motor speed control (a) Buck
converter (forward motoring), (b) Boost converter (forward regeneration), (c) Buck converter (re-
verse motoring), (d) Boost converter (reverse regeneration)

52.2.1 Phase-Shift Voltage Control

The output voltage wave of the H-bridge inverter, shown in Figure 5.4, can be controlled by
phase shifting the control of the component half bridges. Often, this method is known as phase
shift-PWM. The waveforms in Figure 5.6 explain this operation. Each half-bridge is operated in
Square-wave mode, as shown in Figure 5.1, but the right half-bridge is phase shifted by lag angle
@ with respect to the other. The voltage waves v, and vy are positioned with respect (o the
fictitious centerpoint of the dc supply V,;. The output line voltage wave Vab (Va0 — vpo) as shown. is
a quasi-square wave of pulse width ¢, which can control its fundamental component. The Fourier
series of v, can be given as the following, where 1 = odd integer (1, 3. 5. etc.):

4v,| . n
Vab = 2 *dl:SlH—gb:lCOSHG)[ (5.1)
2
n=1.3.5... nn

The convergent scries contains the fundamental component (n = 1) and odd harmonics.
The fundamental component peak value is given by

4v
a =—4L sin% (5.2)
m
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Figure 5.6 Waveforms for phase-shift control of output voltage

Figure 5.7 gives the amplitude (per unit) of the fundamental and harmonic components
with the phase-shift angle ¢. Note that the fundamental component reaches to the maximum
value of 4V, /m (1.0 pu) at square wave when @ = 7. Assuming again the typical lagging load
current with perfect filtering, the different segments, shown in the lower part of Figure 5.6, can
be summarized as follows:

Segment 1: Active mode with positive voltage and positive current — Q03 conducting
Segment 2: Freewheeling mode with positive current (zero voltage) — Q D, conducting
Segment 3: Feedback mode with positive current — D, D4 conducting

Segment 4: Active mode with negative current and negative voltage — 0, Q4 conducting
Segment 5: Freewheeling mode with negative current (zero voltage) — QD5 conducting

Segment 6: Feedback mode with negative current — D D5 conducting

So far, single-phase inverters have been explained in square-wave mode of operation with
average power flow from the dc to ac side only. It is also possible to operate the circuits with
multiple PWM and in rectification mode with power flow from the ac to the dc side. These prin-
ciples will be explained later.
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Phase-shift angle {(§)

5.3 THREE-PHASE BRIDGE INVERTERS

5.3.1 Square-Wave,

or Six-Step, Operation

197

Three-phase bridge inverters are widely used for ac motor drives and general-purpose ac

supplies. Figure 5.8 shows the inverter circuit, and Figure 5.9 explains the fabrication of the out-

put voltage waves in square-wave, or six-step, mode of operation. The circuit consists of three
half-bridges, which are mutually phase-shifted by 21/3 angle to generate the three-phase voltage
waves. The input dc supply is usually obtained from a single-phase or three-phase utility power

supply through a diode-bridge rectifier and LC or C filter, as shown. The square-wave phase

voltages with respect to the fictitious dc center tap can be expressed by Fourier series as

2V

[4
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Load

Figure 5.8 Three-phase bridge inverter (shown with a diode rectifier in the front end)

where V, = dc supply voltage. The line voltages can therefore be constructed from Equations
(5.3)(5.5) as

Vab = Yao ~ Vbo

(5.6)
:zﬁvd cos a)t+£ +0—lc0s5 a)t+£ —lcos7 a)t+£ +...
/4 6 5 6) 7 6

Ve = Vho ~Veo

(5.7)
zzﬁvd cos wt—z +O—10055 a)t—z —10037 cot—E +...
i 2 5 27 2

=y, =V

VC(l ao

Co
NE 51 | AN 51 (5.8)
= cos| wr+— [+0——cos5| wt+— |——cos7| ot +— |+...
6 5 6 7 6

T

Note that the line fundamental voltage amplitude is /3 times that of the phase voltage, and
there is a leading phase-shift angle of 7/6.

The line voltage waves, shown in Figure 5.9, have the characteristic six-stepped wave
shape, and are analogous to line current waves in a phase-controlled bridge rectifier (see Figure
3.10(e)). The characteristic harmonics in the waveform are 6n + |, where n = integer. The three-
phase fundamental as well as the harmonic components are balanced with a mutual phase-shift
angle of 21t/3. Because of the characteristic wave shape, this type of inverter is called a square-
wave, or six-stepped, inverter.
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Figure 5.9 Equivalent circuit indicating voltage v,y between the neutral points

If the three-phase load neutral n is connected to the center tap of the dc voltage Vy, then
the load phase voltages are v, vpg, and v, as discussed above. With an isolated neutral load
(usual for a machine), the equivalent circuit is shown in Figure 5.10. Here, the triplen harmonics
that is, the zero-sequence components of the supply, will appear across points n and 0. We can
write the following relations:

N (5.9)
Vao = Van T Vno

_ (5.10)
Vbo = Vin T Vho
Veo = Ven + Vo (51 1)

Since the load-phase voltages are balanced, in other words v, + vy, + Ve, = 0, adding
these equations, we get

v, +0=y

)
no ao

T Vo T Veo (5'12)

or

1
Vo = g(va() + Vbo + Veo ) (5 ] 3)

Therefore, substituting Equation (5.13) in (5.9), (5.10), and (5.11), respectively, we get

2 1 1 (5.14)
Van = E Yao = ; Vho — ; Veo

2 1 1 (5.15)
Von = 5 Vbo — g Vao ™ 5 Veo

2 | 1 (5.16)
Vv = V

==V == Vgp — =V
cn o ao bo
3 3
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These isolated neutral-phase voltages can be described by Fourier series, or the waveforms
can be constructed graphically, as shown for V,n in Figure 5.9(g). It is also a six-stepped wave.
but its fundamental component is phase-shifted by 1/6 angle from that of the respective line volt-
age. Basically, the isolated neutral and connected neutral phase voltages are the same, except in
the former case, the triplen harmonics have been suppressed.

For a linear and balanced three-phase load, the line current waves are also balanced. The
individual line current components can be solved for each component of the Fourier series volt-
age and then the resultant can be derived by the superposition principle. A typical line current
wave with inductive load is shown on the v, wave in Figure 5.9(g).

3.3.2 Motoring and Regenerative Modes

An inverter can supply average power to the load in the usual inverting or motoring mode
shown in Figure 5.11(a). The phase current wave i, 1s assumed to have perfect filtering by the
load, and it is indicated with lagging phase angle @ = /3. In the first segment, the phase voltage
is positive, but the phase current is negative and flowing through the diode D, indicating that
power is fed back to the source. In the next segment, the IGBT Q) is carrying the active load cur-

\

o“d’—’/

\ eV
b )
’<‘D1—>{<— Q, —>e—D—r— Q, ‘b{ a

fb ac b ac

an

o‘—‘b“__’/

0
A
Ia
}1— D, Q—re— D, —re— Q;
fo ac fb ac

(b)
Figure 5.10 Waveforms showing (a) Motoring mode, (b) Regenerative modes
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rent. The next half-cycle is symmetrical, and the respective conduction intervals of D4 and Q4
are shown in the figure. It may be inferred that if the load is purely resistive or has unity DPF
(¢ =0), each IGBT conducts for © angle.

It can be shown that the inverter can also operate in rectification or regeneration mode,
pumping average power from the ac to the dc side. Figure 5.11(b) shows waveforms for regener-
ation mode at angle ¢ = 2n/3, indicating that the feedback interval is considerably larger than the
active interval. In the extreme condition, if ¢ = m, the inverter operates as a diode rectifier with
only the diodes conducting.

5.3.3 Input Ripple

The inverter input voltage and current waves will deviate from ideal dc values due to the
presence of ripple components. Ripple voltage may be introduced by the line-side rectifier due
to a finite pulse number and practical filter size, and this ripple voltage will affect the inverter
output voltage waves and will correspondingly deteriorate its input current wave. The distortion
introduced by the inverter itself can be calculated by considering the instantaneous power bal-
ance between the input and the output, since there is no energy storage in the switching ele-
ments. Hypothetically, if the inverter output voltage and current waves are considered sinusoidal
and balanced, the instantaneous power given by

P = Vania + Vbnib Ve ic‘ (5.17)

CchH

is always constant, irrespective of load power factor condition. In this case, the reactive currents
will circulate through the inverter and the input current will not contain any harmonics. With the
ideal stepped voltage and sine current waves at ¢ = 1/3 (shown in Figure 5.11(a)) in all the
phases and considering instantaneous power balance between the output and the input, the input
current wave can be derived graphically, as indicated in Figure 5.12. Considering the duality of
voltage and current waves between a phase-controlled converter and a square-wave, voltage-fed
inverter, the input current wave i, is identical to the voltage wave shape at the rectifier output for
firing angle & = m — ¢. The input ripple current will flow in the filter capacitor and will introduce
some additional distortion in the dc voltage. In fact, the electrolytic capacitor size is determined

wt ?

Figure 5.11 Input ripple current with sinusoidal load current at /3 lagging angle
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on the basis of the worst-case ripple current flowing through it. The accurate determination of
the voltage and current waves are somewhat involved and can be determined by computer simu-
lation study.

5.3.4 Device Voltage and Current Ratings

For a specified KVA rating of an inverter, a suitable power switching device is to be
selected and then the voltage and current ratings of the devices are to be designed on a worst-
case basis. As mentioned before, the devices have to withstand the voltage V, in the forward
direction. A typical 50 percent margin is to be added to withstand the transient overshoot at turn-
off switching. The diodes should be fast recovery type to reduce the switching loss. The peak
and average current in the devices can be determined from the current waves. If the inverter is
required to have a higher power rating on a short-term basis, the design should take this into con-
sideration.

5.3.5 Phase-Shift Voltage Control

The phase-shift voltage control principle, described in Figure 5.6 for a single-phase
inverter, can easily be extended to control the output voltages of a three-phase inverter. Figure
5.13 shows the circuit of a three-phase, H-bridge inverter for phase-shift voltage control, and
Figure 5.14 explains the fabrication principle of the output voltage waves. The circuit consists of
three H-bridge inverters, one for each phase group, where each H-bridge is connected to a trans-
former’s primary winding. The output voltages are derived from the transformer’s secondary

o.svd-.%.- 0 _]g} —J _IG N, _J JH} -
0# v, b - f
st | K3 K K3 e _J<} _|<}

e

333

Figure 5,12 Three-phase, H-bridge, square-wave inverter for phase-shift voltage control
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Figure 5.13 Fabrication of voltage waves

windings connected in wye, as shown in the figure. In Figure 5.14, the voltage waves v g, v,
and v, derived with respect to the dc supply center tap, have an amplitude of 0.5 V,; and are
mutually phase-shifted by 2n/3 angle, as shown. The three-phase voltage waves v o, Voo, and vy
are similar, but these are phase-shifted by angle @ with respect to v, vy, and v, respectively.
The transformer’s secondary phase voltages v4q, vgo. and v can be derived from the above
waves by the following expressions:

- - 5.18)
VAQ = MV =M (Vao ~Vdo ) (
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vBo = MVye = m(y, ~Veo ) (5.19)

Voo = Mg = m(vw —Vf ) (5.20)

where the transformer turns ratio m = N¢/N, 1s assumed to be unity for sketching the waves.
Note that each of these waves, similar to the vyp Wave in Figure 5.6, is a function of ¢ angle,
which can control the fundamental component. The output line voltages are given by

_ (5.21)
VAB = VA0 ~ VBO

_ (5.22)
VBC = VB0O ~VCo
Vea = VCO —Vao (523)

Evidently, the component voltage waves v,q, v, V40, €tc. in each three-phase group con-
tain triplen harmonics (n = 3, 6, 9, etc.). However, since the triplen harmonics are co-phasal,
these will be eliminated from the line voltage v ,p, that is, vAp 18 a six-stepped wave (with an
order of harmonics 61 + 1) at any phase-shift angle ¢. With cosine symmetry, the Fourier series
of vy and vp, can be given as (see Equation (5.1))

o= Y IVl Ga oo (5.24)
A0 ni 2
n=1,3,5,...
4mV 2
Vo = z —mi{sin@]cosn(wt——n] (5.25)
n=135,. " 2 3

and that of v, p is

VAB = YA0 ~VBo

— Z _4de [Sin?][cosnwt—cosn(wt—ZTH)J (5.26)

n=15711.. "

The above equations indicate that although triplen harmonics are present in vao and vp
waves, they are eliminated from the v, p wave. Note that at ¢ = 7, V40> Vpo» and vy are square
waves, and the waveform of v, is similar to that of the v, wave in Figure 5.9.

5.3.6 Voltage and Frequency Control

Normally, the inverter output voltage and frequency are controlled continuously. For
machine drive applications, the range of voltage and frequency control is wide. For a regulated
ac power supply, the frequency is constant, but the voltage requires control due to supply and



206 Chapter 5 ¢ Voltage-Fed Converters

load variations. Inverter frequency control is very straightforward. The frequency command may
be fixed or variable, and it can be generated from a microprocessor with the help of look-up
tables, hardware and software counters, and D/A converters. Alternatively, a stable analog dc
voltage may represent the frequency command, which can be converted to a proportional fre-
quency through a voltage-controlled oscillator (VCO) and processed through counters and logic
circuits. The stability of inverter frequency is determined by the stability of the reference signal
frequency and is not affected by load and source variations. The inverter output voltage can, in
general, be controlled by the following two methods:

e Inverter input voltage control (sometimes defined as wave or pulse amplitude modulation
(PAM))

* Voltage control within the inverter by PWM

The phase-shift voltage control discussed before falls into the second category (often
defined as phase-shift PWM). Other PWM techniques will be described later. If the input ac sup-
ply is rectified to dc, there may be two possible schemes of input voltage control: (1) a phase-
controlled rectifier and LC filter, and (2) a diode rectifier with an LC or C filter, followed by a
dc-dc converter. The de-dc converter can also be used for voltage control if the primary power is
dc, say, from a battery or photovoltaic array. If the ac power is obtained from an engine-driven
alternator, it can be converted to dc by a diode rectifer and the voltage can be controlled by the
alternator field. All these methods have characteristic advantages and disadvantages. However,
the PWM method of inverter voltage control is the most common.

5.4 MULTI-STEPPED INVERTERS

An inverter with a multiple of six steps, for instance, 12, 18, 24, etc., is defined as a multi-
stepped inverter. For a large power rating, a six-stepped inverter can be used with a series-
parallel connection of devices. With a series-parallel operation, the devices require matching,
and some amount of voltage or current derating of the devices is essential. Besides the design
complexity, the matched devices may not be easily available. A possible solution for a higher
power rating is a parallel connection of three-phase inverters through center-tapped reactors at
the output.

For large-power applications, it is desirable that the inverter output wave should be multi-
stepped (approaching a sine wave), because the filter size can be reduced on both the dc and ac
sides. The lower order harmonics of a six-stepped wave (i.e., 5% and 7") can be neutralized by
synthesizing a 12-stepped waveform as discussed in Chapter 3. It can be shown that the signifi-
cant harmonics present in multi-stepped waveforms (including the sixth step) are Kn + 1, where
K = number of steps (6, 12, 24, etc.) and n = integer.
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Figure 5.14 Twelve-step inverter indicating synthesis of vy N Voltage (bypass diodes are omitted)

54.1 12-Step Inverter

Figure 5.15 shows the circuit of a 12-step inverter using two three-phase bridges and a
transformer connection. Figure 5.16 shows the phasor diagram of output voltage synthesis and
the waveform. The component bridges operate in square-wave, or six-stepped, mode, but the
lower bridge is phase-shifted by /6 angle and each inverter is connected to the primary delta
winding of the respective transformers, as shown. The phasor diagram of the primary fundamen-
tal voltages are shown in Figure 5.16(a). The upper transformer has one secondary winding for
cach phase, whereas the lower transformer has two secondary windings per phase, and the wind-
ing ratios are indicated in the figure. The output phase voltages are obtained by the inter-

connection of three secondary windings to satisfy the phasor diagram in Figure 5.16(b). For
example, phase A voltage vy, is given by

VNA =Vab T Vge ~Vef (5.27)

Since the lower bridge operates at a lagging angle of 7/6, and considering v
ence, the Fourier series of the component voltages can be given as

ab A8 the refer-

pNEVA
T

(5.28)

1 1
Vah = cosa)t+gc055a)r+7cos7a)t+...
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Figure 5.15 Phasor diagram of output voltage synthesis and the waveform (a) Phasor diagram of
transformer primary fundamental voltages, (b) Phasor diagram for three-phase output synthesis,
(c) 12-step vy Wave

v, T
Vie —_ab o 7

36 (5.29)
2nV, T 1 T 1 b
= cosj wf—— |+—cosS| wt—— [+ —cos| wtr—— [+...
T 6 5 6] 7 6

Vef \/_3_ 6

2nVy Sm) 1 Sm) 1 RY/4
= cos| wf ——— |+—cosS| wt —— |+—cos| ot — |+...
Vi 6 5 6 7 6

where n = turns ratio of the upper transformer. The fundamental component of vy, is given as

(5.30)

INEATS
T

cos wt (5.31)

YNACF) = Vab(f) T Vde(f) = Vef(f) =

which is also evident from the phasor diagram of Figure 5.16(b). The output phase voltage Fou-
rier series can be given as

n 1 1
VNA = cosa)t+ﬁcoslla)t+ECOSISa)t+... (5.32)

Note that the 5" and 7" harmonics are eliminated, and the lowest harmonics present are
11, 13,23, 25, etc. The resulting 12-step wave is sketched in Figure 5.16(c). The principle can be
extended to 24- and 48-step inverters, which require proportionally more bridges and transform-
ers. The output voltage in this type of inverter can be controlled by controlling the dc voltage V.
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Of course, the lower bridge phase angle can be shifted from7/6 to control the output voltage, but
in this case, 5™ and 7% harmonic voltages will appear at the output.

5.4.2 18-Step Inverter by Phase-Shift Control

The phase-shift voltage control principle for a three-phase, H-bridge, squarc-wave
inverter, described in Figures 5.13 and 5.14, can be extended for a multi-stepped inverter. Figure
5.17 shows a GTO-based power circuit of an 18-step inverter with phase-shift voltage control.
This 10 MW converter was installed in Southern California Edison’s electric grid for battery
peaking service [6]. The converter system consists of three groups of H-bridges, where the sec-
ond and third groups are phase-shifted by 20° and 40°, respectively, with respect to the first
group. The transformer of the first group has one secondary winding in each phase, whereas the
second and third groups’ transformers have two secondary windings in each phase. The second-
ary connections are self-explanatory in the figure. The output phase and line voltages have 18-
step waveforms (i.e., the harmonic orders are 17, 19, 35. 37, etc.), and the output fundamental
voltage magnitude and phase can be controlled continuously by a phase-shift angle without
introducing any additional harmonics. The converter system acts as a rectifier and charges the
battery in off-peak hours of the utility system, but it functions as an inverter to supply the
battery-stored energy during peak demand hours. When neither of these functions are
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Figure 5.16 18-step GTO inverter for utility battery peaking service [6]
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demanded, the converter can operate as a leading or lagging static VAR compensator, which will
be explained later in this chapter. An advantage of multi-stepping over the traditional PWM
method of control is that the device switching frequency (same as line frequency) is low and the
corresponding switching loss is low, which is particularly important for GTO devices. For such
high-power applications, GTOs are invariably used.

Multi-stepped inverters with harmonic neutralization, as discussed above, require bulky
transformers. The transformers do not saturate if the volt/Hz ratio is maintained constant, but
saturation is difficult to avoid near zero frequency operation of the ac drive. However, the advan-
tages are that the transformer permits Ohmic isolation and voltage level change. For an ac
machine load, the stator winding can be designed to integrate the transformer function, thus
eliminating the requirement of a separate transformer.

5.5 PULSE WIDTH MODULATION TECHNIQUES

The three-phase, six-step inverter discussed before has several advantages and limitations.
The inverter control is simple and the switching loss is low because there are only six switchings
per cycle of fundamental frequency. Unfortunately. the lower order harmonics of the six-step
voltage wave will cause large distortions of the current wave unless filtered by bulky and uneco-
nomical low-pass filters. Besides, the voltage control by the line-side rectifier has the usual dis-
advantages.

5.5.1 PWM Principle

Because an inverter contains electronic switches, it is possible to control the output volt-
age as well as optimize the harmonics by performing multiple switching within the inverter with
the constant dc input voltage V ;. The PWM principle to control the output voltage is explained
in Figure 5.18. The fundamental voltage v; has the maximum amplitude (4V /) at square wave,
but by creating two notches as shown, the magnitude can be reduced. If the notch widths are
increased, the fundamental voltage will be reduced.

55.1.1 PWM Classification

There are many possible PWM techniques proposed in the literature. The classifications of
PWM techniques can be given as follows:

* Sinusoidal PWM (SPWM)

* Selected harmonic elimination (SHE) PWM
* Minimum ripple current PWM

* Space-Vector PWM (SVM)

* Random PWM

* Hysteresis band current control PWM

* Sinusoidal PWM with instantaneous current control



Pulse Width Modulation Techniques 211

l/ \m +Vd

Figure 5.17 PWM principle to control output voltage
* Delta modulation

* Sigma-delta modulation

Often, PWM techniques are classified on the basis of voltage or current control. feed-
forward or feedback methods, carrier- or non-carrier-based control, etc. Note that the phase-shift
PWM discussed before can also be classified as a PWM technique. In this section, we will
briefly review the principal PWM techniques.

5.5.1.1.1  Sinusoidal PWM

The sinusoidal PWM technique is very popular for industrial converters and is discussed
extensively in the literature. Figure 5.19 explains the general principle of SPWM, where an isos-
celes triangle carrier wave of frequency f. is compared with the fundamental frequency f'sinuso-
idal modulating wave, and the points of intersection determine the switching points of power
devices. For example, v fabrication by switching Q| and Q, of half-bridge inverter. is shown in
the figure. The lock-out time between Q, and Q, to prevent a shoot-through fault is ignored in
the figure. This method is also known as the triangulation, subharmonic, or suboscillation
method. The notch and pulse widths of v, wave vary in a sinusoidal manner so that the average
or fundamental component frequency is the same as f and its amplitude is proportional to the
command modulating voltage. The same carrier wave can be used for all three phases, as shown.
The typical wave shape of line and phase voltages for an isolated neutral load can be plotted
graphically as shown in Figure 5.20. The Fourier analysis of the v,0 Wave 1s somewhat involved
and can be shown to be of the following form:

Vo = 0.5mV, sin(wr + ¢ )+ high-frequency(Mwo, + No) terms (5.33)
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where m = modulation index, @ = fundamental frequency in r/s (same as the modulating fre-
quency) and ¢ = phase shift of output, depending on the position of the modulating wave.
The modulation index m is defined as

7 (5.34)
Vr

where V,, = peak value of the modulating wave and V= peak value of the carrier wave. Ideally,
m can be varied between 0 and 1 to give a linear relation between the modulating and output
wave. The inverter basically acts as a linear amplifier. Combining Equations (5.33) and (5.34),
the amplifier gain G is given as

_ OSde _ OSVd
Vp Vi

G (5.35)

At m = 1, the maximum value of fundamental peak voltage is 0.5 V4 which is 78.55
percent of the peak voltage (4V,/27) of the square wave. In fact, the maximum value in the
linear range can be increased to 90.7 percent of that of the square wave by mixing the appropri-
ate values of triplen harmonics with the modulating wave. At m = 0, v, is a square wave at
carrier frequency with symmetrical pulse and notch widths. The PWM output wave contains
carrier frequency-related harmonics with modulating frequency-related sidebands in the form
M. £ No, which are shown in Equation (5.33), where M and N are integers and M + N = an
odd integer. For a carrier-to-modulating frequency ratio P = @./@w = 15, Table 5.1 gives a
summary of output harmonics.

Table 5.1  Family of Output Harmonics for Sinusoidal PWM with w./w=15

m Harmonics

1 15w
150+2m
150+4w®

2 30w+
RITOGERTN
30w+5mw

3 45w
450£2m
45m+4w
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It can be shown that the amplitude of the harmonics is independent of P and diminishes
with higher values of M and N. With higher carrier frequency ratio P, the inverter line current
harmonics will be well-filtered by nominal leakage inductance of the machine and will practi-
cally approach a sine wave. The selection of a carrier frequency depends on the trade-off
between the inverter loss and the machine loss. Higher carrier frequency (same as switching fre-
quency) increases inverter switching loss but decreases machine harmonic loss. An optimal car-
rier frequency should be selected such that the total system loss is minimal. An important effect
of PWM switching frequency is the generation of acoustic noise (known as magnetic noise) by
the magnetostriction effect when the inverter supplies power to a machine. The effect can be
alleviated by randomly varying the switching frequency (random SPWM), or it can be com-
pletely eliminated by increasing the switching frequency above the audio range. Modern high-
speed IGBTs easily permit such acoustically noise-free variable-frequency drives. Low-pass line
filters can also eliminate this problem.

Overmodulation Region

As the modulation index m approaches 1, the notch and pulse widths near the center of
positive and negative half-cycles, respectively, tend to vanish. To complete switching operation
of the devices, minimum notch and pulse widths must be maintained. When minimum-width
notches and pulses are dropped, there will be some transient jump of load current. The jump
may be small for IGBT inverters, but it is substantial for high-power GTO inverters because of
the slow switching of the devices. The value of m can be increased beyond the value of 1 to enter
into the quasi-PWM region, shown in Figure 5.21 for positive half-cycle only. The v,y wave
indicates that the notches near the center part have disappeared, giving a quasi-square-wave out-
put with a higher fundamental component. The transfer characteristics in the overmodulation
region are nonlinear, as indicated in Figure 5.22, and the harmonics 5t 7t etc. reappear. Ulti-
mately, with a high m value, that is, a large modulating signal, there will be one switching at the
leading edge and another switching at the trailing edge, giving square-wave output. At this con-
dition, the fundamental phase voltage peak value is 4 (0.5 V;)/r, which is 100 percent, as indi-
cated in Figure 5.22.

Frequency Relation

For variable-speed drive applications, the inverter output voltage and frequency are to be
varied in the relation shown in Figure 2.14. In the constant power region, the maximum voltage
can be obtained by operating the inverter in square-wave mode, but in the constant torque region,
the voltage can be controlled using the PWM principle. It is usually desirable to operate the
inverter with an integral ratio P of carrier-to-modulating frequency, where the modulating wave
remains synchronized with the carrier wave in the entire region. A fixed value of P causes a low
carrier frequency as the fundamental frequency goes down, which is not desirable from the
machine harmonic loss point of view. A practical carrier-to-fundamental frequency relation of a
GTO inverter is shown in Figure 5.23. At a low fundamental frequency, the carrier frequency is
maintained constant and the inverter operates in the free-running, or asynchronous, mode. In this
region, the ratio P may be nonintegral, and the phase may continually drift. This gives rise to a
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Figure 5.20 Waveforms in overmodulation region
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Figure 5.21 SPWM overmodulation output transfer characteristics
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subharmonic problem with drifting dc offset (beating effect), which tends to be worse as the f,./f
ratio decreases. It should be mentioned here that the modern IGBT switching frequency is so
large compared to the fundamental frequency range, the PWM inverter may operate satisfacto-
rily in the entire asynchronous range. The free-running region is followed by the synchronized
region, where P is varied in steps as shown so that the maximum and minimum carrier frequen-
cies remain bounded within a definite zone. The value of P is maintained as a multiple of three
because triplen harmonics are of no concern in isolated neutral load. Near the base frequency
(f7f, = 1), transition occurs to the square-wave mode, where the carrier frequency is assumed to
be the same as the fundamental frequency. The control should be designed carefully so that at
the jump of carrier frequency, there is no voltage jump problem, and chattering between adjacent
P’s should be avoided by providing a narrow hysteresis band at the critical points.

Dead-Time Effect and Compensation

The actual phase voltage (v, ) wave in a PWM inverter deviates to some extent from the
ideal wave shown in Figure 5.19 because of the dead-time (or lock-out) effect. This effect is
explained in Figure 5.24 for the phase leg a of a three-phase bridge inverter. A fundamental con-
trol principle of a voltage-fed inverter is that the incoming device should be delayed by a dead-
time 7, (typically a few ps.) from the outgoing device to prevent a shoot-through fault. This is
because the turn-on of a device is very fast, but the turn-off is slow. The dead-time effect causes
distortion of the output voltage and reduces its magnitude.

Consider the sinusoidal PWM operation in Figure 5.24. The direction of phase a current i,
is positive, as shown. With O conducting initially, v, magnitude is +0.5V, as indicated. When
Q) 1s turned off at the ideal transition point, there is a time gap ¢, before Q, is turned on. During
this gap, both Q| and Q4 are off, but +i, causes switching of v, to 0.5V, naturally at the ideal
transition point. Consider now the switching from Q4 to O with a delay ¢, from the ideal transi-
tion point. When both devices are off, +i, continues flowing through Dy, causing a loss of volt-
sec. area (V t,) pulse given by the shaded area. Consider now that the polarity of current i, is

fC
P4
P2
p=1

0

0.5 1 1.5 2
ff,
Asynchronous

e »—Synchronous—»&———— Square wave ——————»]
j——— Constant torque o0 Constant power ——————»|

Figure 5.22 Relation of carrier frequency with (flf;,) ratio
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Figure 5.23 Waveforms of half-bridge inverter explaining dead-time effect

negative. Close examination of the waves shows that at the leading edge of Q4 turn-on, there is a
gain of similar volt-sec. area. Note that the loss or gain of the area depends only on the polarity
of current, but not its magnitude. The cumulative effect of these “losses” and “gains” of volt-sec.
arca V,t, during every carrier frequency period T, for +i, and —i , respectively, on the funda-
mental voltage wave is explained in Figure 5.25. The fundamental current i, 1s shown to lag the
fundamental voltage v by phase angle ¢. The dead-time effect is indicated in the lowest part of
the figure. The areas contributed by V,r, can be accumulated and averaged in the half-cycle of
fundamental frequency to calculate the square-wave offset V. as

Ve =Vaty (g](zf):fc'fdvd (5.36)
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Figure 5.24 Dead-time effect on output phase voltage wave

where P = f /f and f = fundamental frequency. The effect of the V. wave on the ideal v, wave is
shown at the top of the figure. The loss of fundamental voltage and low-frequency harmonic dis-
tortion become serious at low fundamental frequency. The dead-time effect can be compensated
easily by the current or voltage feedback method [20]. In the former method, the polarity of the
phase current is detected and a fixed amount of compensating bias voltage is added with the
modulating wave. In the latter method, the detected output phase voltage is compared with the

PWM voltage reference signal and the deviation compensates the reference PWM modulating
wave.

5.5.1.1.2  Selected Harmonic Elimination PWM

The undesirable lower order harmonics of a square wave can be eliminated and the funda-
mental voltage can be controlled as well by what is known as selected harmonic elimination
(SHE) PWM. In this method, notches are created on the square wave at predetermined angles, as
shown in Figure 5.26. In the figure, positive half-cycle output is shown with quarter-wave sym-
metry. It can be shown that the four notch angles «;, &,. a3, and @4 can be controlled to elimi-
natc three significant harmonic components and control the fundamental voltage. A large
number of harmonic components can be eliminated if the waveform can accommodate addi-
tional notch angles.

The general Fourier series of the wave can be given as

oo

v(t)=" (a, cosnwt +b, sinnet) (5.37)

n=|
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Figure 5.25 Phase voltage wave for selected harmonic elimination PWM

where
2
a, = L v(1)cos notdot (5.38)
Y0
i 2
b, == g v(t)sinnordor (5.39)

For a waveform with quarter-cycle symmetry, only the odd harmonics with sine compo-
nents will be present. Therefore,

o (5.40)
n
v(t)=Y b, sinnot (o.41)
n=l1
where
4 3
—_ ]2 i 5.42)
b, . .[0 v(1)sin notdeowt (

Assuming that the wave has unit amplitude, that is, v(1) = +1, b, can be expanded as
4 o, . a, .
b, = ;[Jo (+1)sin notdwt + Jal (—1)sin nordwt

+Jj (+1)sin notdwt +...+ _[Z (=1 sin noordeor (5.43)

o[

—I—Ja (+l)sin nwtdowt]

>
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Using the general relation

6, . 1
J'GA sinnwtdot = —(cosnd) —cosnb, ) (5.44)
I n

the first and last terms are

J(l)XI (+1)sin notdwt :%(l—cosnal) (5.45)
5 1
faz (+1)sin noder = —cosndtg (5.46)

Integrating the other components of Equation (5.43) and substituting (5.45) and (5.46) in it
yields

4

b, = —[1+2(—cosn(x1 +COSNOLy —...+ COSNOL )]
" (5.47)
4 K '
= ——[1+2 Y (—I)K COS Oty }
nn K=I
Note that Equation (5.47) contains K number of variables (i.e., &, &, 043, ..... 0), and K

number of simultaneous equations are required to solve their values. With K number of ¢ angles,
the fundamental voltage can be controlled and K-1 harmonics can be eliminated.

Consider, for example, that the 5t and 7" harmonics (lowest significant harmonics) are to
be eliminated and the fundamental voltage is to be controlled. The 3™ and other triplen harmon-
ics can be ignored if the machine has an isolated neutral. In this case, K = 3 and the simulta-
neous equations can be written from Equation (5.47) as

Fundamental:
4 48
by =—(1-2cosq; +2c0s0 —2cos0s3) (5.48)
s
5™ harmonic:
4
bs :5—(1—200550(1+2c035a2—2c055a3)=0 (5.49)
T
7" harmonic:
4 5.50
by =—(1-2cosTat; +2cosTory —2cos Toz ) =0 (5.50)

i
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Figure 5.26 Notch angle relation with fundamental output voltage for 5" and 7" harmonic eliminatior
These nonlinear, transcendental equations can be solved numerically by a computer pro-

gram for the specified fundamental amplitude and ¢, &, and 3 can be determined, as shown in
Figure 5.27. As an example, for a fundamental voltage of 50 percent (b, = 0.5), the ¢ values are

oy =20.9°
o, = 35.8°
0y =51.2°

Figure 5.27 also indicates that the lower order, significant harmonics (i.e., 11 and 13
have been considerably boosted as a result of lower order harmonics elimination. The effect of
these harmonics will possibly be small because of their large separation from the fundamental.
Also note that in Figure 5.27, the 5" and 7 harmonics can be eliminated up to a voltage level of
93.34 percent (100 percent corresponds to the square wave) where @; = 0. The single notch
remaining on the outer side of the half-cycle can be narrowed symmetrically by reducing the o,
angle, and then dropped to attain the full square wave. This segment of the ¢ angle table for the
voltage jump within Ipercent is illustrated in Table 5.2. The typical waveform at 98 percent volt-
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Table 5.2 o Angle Table for Voltage from 93% to 1 00 %

Vg oy 0y 03

93 0 15.94 22.02
94 0 16.17 21.56
95 0 16.41 20.86
96 0 16.88 20.39
97 0 17.34 19.92
98 0 11.02 13.59
99 0 4.69 7.27
100 0 0 0

(square wave)

age is shown in Figure 5.28. Note that the phase inversion of the fundamental in the whole range
of & angles is of no concern. Some amount of 5" and 7" harmonic voltages will reappear in the
range of 93.3 percent to 100 percent voltage, but can be ignored in favor of limiting voltage

jump.

The selected harmonic elimination method can be conveniently implemented with a
microcomputer using a lookup table of notch angles. The simple block diagram in Figure 5.29
indicates the implementation strategy. At a certain command voltage V', the angles are retrieved
from the lookup table, and correspondingly, the phase voltage pulse widths are generated in the
time domain with the help of down-counters, where the counters are clocked at f,, = Kf. If, for
example, K = 360, then 1.0-degree resolution waveforms can be generated.

Vao
a,=0
\ /2 T
0 AN ’ /s
\ /
\\\ //
S| 03=13.59 /‘
.i ;‘ )
g
”
: \\~. 4”,‘
0»,=11.02

Figure 5.27 Typical waveform at 98 percent output
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Figure 5.28 Block diagram for SHE implementation

As the fundamental frequency decreases, the number of notch angles can be increased so
that a higher number of significant harmonics can be climinated. Again, the number of notch
angles/cycle, or the switching frequency, is determined by the switching losses of the inverter.
An obvious disadvantage of the scheme is that the lookup table at low fundamental frequency is
unusually large. For this reason, a hybrid PWM scheme where the low-frequency, low-voltage

region uses the SPWM method, and the high-frequency region uses the SHE method appears
very attractive [8].

5.5.1.1.3  Minimum Ripple Current PWM
One disadvantage of the SHE PWM method is that the elimination of lower order har-
monics considerably boosts the next higher level of harmonics, as shown in Figure 5.27. Since
the harmonic loss in a machine is dictated by the rms ripple current, it is this parameter that
should be minimized instead of emphasizing the individual harmonics. In Chapter 2, it was
shown that the effective leakage inductance of a machine essentially determines the harmonic

current corresponding to any harmonic voltage. Therefore, the expression of rms ripple current
can be given as

_ 72 2 2
Lrippie -\/15 +I2 I+

72 22 72
JLLL
2 2 2 (5.51)

. N
2 =57 noL

Is, I .... = rms harmonic currents

where

L = effective leakage inductance of the machine per phase
f5, 27. .... = peak value of harmonic currents

n = order of harmonic

Vn = peak value of nth-order harmonic

o = fundamental frequency
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The corresponding harmonic copper loss is

_ 72
P, = 31rippleR (3.52)

where R = effective per phase resistance of the machine.

For a given number of notch angles, the expression of \7,1 is given from Equation (5.47).
Substituting it in Equation (5.51), I,
then be iterated in a computer program so as to minimize /,,,;, for a certain desired fundamental
magnitude. The modified lookup of o’s based on harmonic loss minimization is more desirable
than using the SHE method.

is found as a function of « angles. The ¢ angles can

5.5.1.1.4  Space-Vector PWM

The space-vector PWM (SVM) method is an advanced, computation-intensive PWM
method and is possibly the best among all the PWM techniques for variable-frequency drive
applications. Because of its superior performance characteristics, it has been finding widespread
application in recent years.

The PWM methods discussed so far have only considered implementation on a half-bridge
of a three-phase bridge inverter. If the load neutral is connected to the center tap of the dc supply,
all three half-bridges operate independently, giving satisfactory PWM performance. With a
machine load, the load neutral is normally isolated, which causes interaction among the phases.
This interaction was not considered before in the PWM discussions. The SVM method considers
this interaction of the phases and optimizes the harmonic content of the three-phase isolated neu-
tral load. To understand the SVM theory, the concept of a rotating space vector, as discussed in
Chapter 2, is very important. For example, if the three-phase sinusoidal and balanced voltages
given by the equations

v, =V, cost (5:53)
2

v, =V, cos( w2 (5.54)
2

v, =V, cos a)t+? (5.55)

are applied to a three-phase induction motor, using Equation (2.89), it can be shown that the
space vector V with magnitude V,, rotates in a circular orbit at angular velocity @ where the
direction of rotation depends on the phase sequence of the voltages. With the sinusoidal three-
phase command voltages, the composite PWM fabrication at the inverter output should be such
that the average voltages follow these command voltages with a minimum amount of harmonic
distortion.
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Converter Switching States

A three-phase bridge inverter, as shown in Figure 5.8, has 2° = 8 permissible switching
states. Table 5.3 gives a summary of the switching states and the corresponding phase-to-neutral
voltages of an isolated neutral machine. Consider, for example, state 1, when switches Q, Oy,
and Q, are closed. In this state, phase a is connected to the positive bus and phases b and ¢ are

Table 5.3 Summary of Inverter Switching States

On Space

State devices Van Vbn Ven voltage

vector
0 04060, 0 0 0 V,(000)
I 01060,  2V,/3 ~V/3 ~V,/3 V,(100)
2 0,050, V,/3 V3 “2V,3  Vs(110)
3 04030, : V3(010)
4 042305 : V,011)
5 Q40605 : Vs(001)
6 010605 ~ Ve(101)
7 010305 0 0 0 V(111

connected to the negative bus. The simple circuit solution indicates that v,, = 2/3V,, v, =
~1/3Vy, and v, = ~1/3V,;. The inverter has six active states (1-6) when voltage is impressed
across the load, and two zero states (0 and 7) when the machine terminals are shorted through
the lower devices or upper devices, respectively. The sets of phase voltages for each switching
state can be combined with the help of Equation (2.89) to derive the corresponding space vec-
tors. The graphical derivation of V; (100) in Figure 5.30 indicates that the vector has a magni-
tude of 2/3V; and is aligned in the horizontal direction as shown. In the same way, all six active
vectors and two zero vectors are derived and plotted in Figure 5.31(a). The active vectors are /3
angle apart and describe a hexagon boundary (shown as dotted). The two zero vectors V,(000)
and V;(111) are at the origin. For three-phase, square-wave operation of the inverter, as shown in
Figure 5.9, it can be easily verified that the vector sequenceis V| -V, - V3 -V, — Vs 5V,
with each dwelling for an angle of /3, and there are no zero vectors.

The question is how to control the inverter space vectors in order to generate harmonically
optimum PWM voltage waves at the output.



226 Chapter 5 * Voltage-Fed Converters
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Figure 5.29 Construction of inverter space vector V4(100)

Linear or Undermodulation Region
Let us first consider the linear or undermodulation region where the inverter transfer char-

acteristics are naturally linear. The modulating command voltages of a three-phase inverter are
always sinusoidal, and therefore, they constitute a rotating space vector V', as shown in Figure
5.31(a). Figure 5.31(b) shows the phase a component of the reference wave on the six-step phase
voltage wave profile. For the location of the V" vector shown in Figure 5.31 (a), as an example, a
convenient way to generate the PWM output is to use the adjacent vectors V, and V, of sector 1
on a part-time basis to satisfy the average output demand. The V" can be resolved as (dropping
bar)

v* sin(%—a):vu sin% (5.56)
V¥ sinor =V, sinzz— (5.57)
that 1s,
2 . (=« (5.58)
V,=—=V sin| ——«
V3 (3 )

2 .
V), =—=V sina (5.59)

3
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Figure 5.30 (a) Space vectors (bar sign is omitted) of three-phase bridge inverter showing
reference voltage trajectory and segments of adjacent voltage vectors, (b) Corresponding

reference phase voltage wave
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where V, and V, are the components of V" aligned in the directions of V| and V,, respectively.
Considering the period T, during which the average output should match the command, we can
write the vector addition

x t t t
V=V +V, =V -2 +V, 2 4+(V orV5)-2 (5.60)
a™Vh ITC 2 T. ( 0 7)T(
or
VT, = Vit, +Vat, +(V, 0r V)1, (5.61)
where
Vv
t, =T, (5.62)
|4
v,
2
t,=T.—(1,+1) (5.64)

Note that the time intervals 7, and #, satisfy the command voltage, but time #, fills up the
remaining gap for T, with the zero or null vector. Figure 5.32 shows the construction of the sym-
metrical pulse pattern for two consecutive T, intervals that satisfy Equations (5.62)—(5.64). Here,
T,=2T, = l/f, (f, = switching frequency) is the sampling time. Note that the null time has been

Vo Vi V, 1V 0V, \ A
2t 12 '
Phasea 0
Phaseb 0
Phasec 0
TC TC
T

S

Figure 5.31 Construction of symmetrical pulse pattern for three phases



Pulse Width Modulation Techniques 229

conveniently distributed between the V;, and V, vectors to describe the symmetrical pulse
widths. Studies have shown that a symmetrical pulse pattern gives minimal output harmonics.

In the undermodulation region shown in Figure 5.31(a), the vector V' always remains
within the hexagon. The mode ends in the upper limit when V" describes the inscribed circle of
the hexagon. Let us define a modified modulation factor m’ given by

A

it = (5.65)
‘/]SW -
where V* = vector magnitude, or phase peak value and Vl = fundamental peak value (2V,/n)

of the square-phase voltage wave. The m’ varies from 0 to | at the square-wave output. From the
geometry of Figure 5.31(a), the maximum possible value of m” at the end of the undermodula-
tion region can be derived. The radius of the inscribed circle can be given as

.2
Vm = ;V([ COS% = O577Vd (566)

Therefore, m” at this condition can be derived as

.V 0577V
m = — d _0.907 (5.67)
‘/ISW 2/75 Vd

This means that 90.7 percent of the fundamental at the square wave is available in the
linear region, compared to 78.55 percent in the sinusoidal PWM.

Overmodulation Region
Overmodulation, or nonlinear, operation [9]-{11] starts when the reference voltage V' exceeds the
hexagon boundary. In overmodulation mode 1, shown in Fi gure 5.33, V" crosses the hexagon boundary at two
points in each sector. There will be a loss of fundamental voltage in the region where the reference vector
exceeds the hexagon boundary. To compensate for this loss, that is, to track the output with the reference
voltage, a modified reference voltage trajectory that remains partly on the hexagon and partly on the circle 18
selected as shown in the figure. The circular part of the modified trajectory has larger radius V,,,” (V" > V)
and crosses the hexagon at angle 6, as shown in the figure. Note thal Equations (5.62)—(5.64) remain valid for
the circular part of the trajectory, except Viis replaced by Vm But, on the hexagon trajectory, the time ¢,
vanishes, giving only 7, and #, time intervals. At this condition, 1, and 1, expressions can be derived as

- J3cosa —sina (5.68)
a ‘¢

\/gcosa-i-sina

iy =T, ~1, (5.69)

Substituting & = 0 and 71/3 in these equations verifies the corresponding values of 1, =T,

1, =0and 1, =0, 1, = T, respectively. The Vyn VOltage wave is given approximately by linear
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Figure 5.32 Voltage trajectory in overmodulation mode 1 and corresponding average phase
voltage wave
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segments for the hexagon trajectory and sinusoidal segments for the circular trajectory, as shown
in the lower part of Figure 5.33. The equations for the four voltage segments (shown on the tra-
Jectory) in the first quarter- cycle [10] can be given as

Segment 1:
S i (5.70)
Vi —m10€ for 0<6e< g—e
Segment 2:
n=Vpsing, for [Z-6|<6,<[Z+0 (5.71)
6 6
Segment 3:
n=A+2lo, for |Z16 <6, <|%-0 (5.72)
2 6 2
Segment 4:
vy =V.sing, for (%—9} 0, <-’25 (5.73)

where 6, = w,t, m| = 2Vd/7t = slope of linear segment 1, A = V,/6, and V = modified refer-

ence voltage. The voltage V,, " can be determined as a function of crossover angle 6 by equating
(5.71) and (5.72) at angle (/6 — 6) as

v, [Z -0
* 6 (5.74)
V, = -
msin| ——6
(5]

Because of quarter-cycle symmetry, the fundamental output voltage (peak value) can be
written from Equations (5.70)—(5.73) as

V3 7'[
:—[j6 v1s1n9d0 +j6 vzsmGdG
T o
6 (5.75)
T g
+j2 v3 5inf,do, +j2 v, sin6,d6, ]
5—9

A computer program can be written to solve crossover angle® as a function of modulation
factor m” from Equations (5.65) and (5. 70)—(5.75). Figure 5.34 shows the plot of this relation.
Mode 1 ends when the angle 8 =0 at m” = 0.952, that is, the trajectory is fully on the hexagon,
giving only linear segments of Van Wave.
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Figure 5.33 Modulation factor m’ relation with crossover phase angle 6 in overmodulation

In overmodulation mode 2, the reference voltage V" increases further, tending toward
square-wave mode operation. Again, the actual trajectory is to be modified so that the output
fundamental voltage matches with that of the reference voltage. The operation in this region, as
explained in Figure 5.35, is characterized by partly holding the modified vector at the hexagon
corner for holding angle ¢, and partly by tracking the hexagon sides in every sector. During the
holding angle, the magnitude of v, remains constant, whereas during hexagon tracking, the
voltage changes approximately in a linear manner, as shown in the lower part of Figure 5.35. At
the end of mode 2, the linear segments vanish, giving six-step, or square-wave, operation when
the modified vector is held at hexagon corners for /3, that is, o, = ©/6. Linear segments 1 and 3
are given by Equations (5.70) and (5.72), respectively. The expression for modified ¢, angle

Modulation index - m’

mode 1

(o,,) in mode 2 can be given as

o —oy Vi1

— for oy <0 <| ==y
T 3
6

091 0815 092 0925 093 0935 094 0945 095
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Figure 5.34 Voltage trajectory in overmodulation mode 2 and corresponding average phase
voltage wave
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For the v, wave, the equations for the four segments in the first quarter-cycle [ 10] can be
given as follows:

Segment 1:
Vi :mlee for O<0€ <(%—(Xh) (577)
Segment 2:
: ” U (5.78)
v, ==V, for ——oy <0, <| —+«
2 3 d (6 h) e (6 h)
Segment 3:
vy =A+my0, for (%+O(h )< 0, <(%—0‘h ] (5.79)
Segment 4:
va=gVe for | 2o <0 <5 (5.80)
where
1%
m =——= (5.81)
31 2o
1%
my =———— (5.82)
3| T - 20
Vd *—305/7
- 5.83
3(%—2(1,1) (5.33)

Again, because of quarter-cycle symmetry, the fundamental (peak) voltage expression can
be given as

4 e, Zro,
V= ;[J06 v sin6,d0, + L? v, sin6,do,
“—a

6 (5.84)
T g r
+[2 " vysing,d6, + 2 vysin6,df, ]

—tQ, )
6 2
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Figure 5.35 Modulation factor m’ relation with holding angle oy, in overmodulation mode 2

For the output fundamental voltage to match with the reference voltage, a relation between
the holding angle oy, and the modulation factor m’ can be derived from Equations (5.65) and
(5.77)~(5.84). This relation is plotted in Figure 5.36.

Implementation Step s

A simplified flow diagram for the implementation of the SVM algorithm with the help of
DSP is shown in Figure 5.37. The %ynchronously rotating input voltage components ‘d\; and
qsﬂ are sampled and the corresponding V™ and @ parameters are calculated, as shown. The @
angle is added with the 6, (angle between d* and d ¢ axes) to obtain the 6, angle. The 8, angle
is obtained by the integration of frequency command a)()*. The vector parameters V* and 6, can
be easily derived if the instantaneous phase voltage commands are given instead. The modula-
tion index m” is then calculated to identify undermodulation, mode 1 or mode 2 opcration. For
undermodulation mode, the adjacent voltage vector segments and time segments 1, 1,, and 1, arc
calculated. The corresponding digital words are then converted to time segments with the help of
timers. Mode | and mode 2 operations are somewhat similar, except they need the respective
crossover angle 6and holding angle o,

Vi . v v
5 i} B “a" ™ "'* |
’ NV T Ve Calculate Identify sector Calculate
o a’;’d and calculate L.t Timers :>
" 1] M 0 0 vector segments
Vos' |/ —tan N =} identify v \? reqi?red
| ’4: ; ar¥h
N mode Read 6 for mode 1
Read «, for mode 2

(r\e I 5 -

Figure 5.36 Flow diagram for SVM implementation by DSP
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The SVM technique is complex and computation-intensive; therefore, the PWM switching
frequency is somewhat limited. The frequency can be increased somewhat by simplifying com-
putations and using lookup tables. Recently, artificial neural network (ANN)-based SVM was
proposed [11] (see Figure 12.32), which can significantly increase the PWM frequency. The
complexity of implementation can be justified because of the larger range of linearity and
improved harmonic performance of SVM.

5.5.1.1.5  Sinusoidal PWM with Instantaneous Current Control

So far, we have discussed only feedforward voltage control PWM techniques. In a
machine drive system, control of machine current is important because it influences the flux and
developed torque directly. High-performance drives invariably require current control. For a
voltage-fed inverter with voltage control PWM, a feedback current loop can be applied to
control the machine current. In such cases, the inverter operates as a programmable current
source.

Figure 5.38 shows an instantaneous current control scheme with sinusoidal voltage PWM
in the inner loop. The error in the sinusoidal current control loop is converted to sinusoidal volt-
age command through a proportional-integral (P-I) controller. The remaining part is the standard
SPWM scheme discussed before. For a three-phase inverter, three similar controllers are used.
The control is simple, but there are a few problems. Due to limited bandwidth of the control
system, the actual current will have a phase lag and magnitude error which will increase with
frequency. Such phase deviation is very harmful in high-performance drive systems. The sinu-
soidal voltage command generated by the current control loop may contain ripple, which may
create a multiple zero crossing problem in the SPWM comparator. All of these problems can be
solved in a synchronous current controller, which will be discussed in Chapter 8.

5.5.1.1.6  Hysteresis-Band Current Control PWM

Hysteresis-band PWM is basically an instantaneous feedback current control method of
PWM where the actual current continually tracks the command current within a hysteresis band.
Figure 5.39 explains the operation principle of hysteresis-band PWM for a half-bridge mverter.
The control circuit generates the sine reference current wave of desired magnitude and fre-

[« SPWM —»)

S0 «+Ke
¥

s PWM

/ I 7
e

Figure 5.37 Control block diagram for instantaneous current control SPWM
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Figure 5.38 Principle of hysteresis-band current control

quency, and it is compared with the actual phase current wave. As the current exceeds a pre-
scribed hysteresis band, the upper switch in the half-bridge is turned off and the lower switch is
turned on. As a result, the output voltage transitions from +0.5V, to —0.5 V. and the current
starts to decay. As the current crosses the lower band limit, the lower switch is turned off and the
upper switch is turned on. A lock-out time (t,) is provided at each transition to prevent a shoot-
through fault. The actual current wave is thus forced to track the sine reference wave within the
hysteresis band by back-and-forth (or bang-bang) switching of the upper and lower switches.
The inverter then essentially becomes a current source with peak-to-peak current ripple, which is
controlled within the hysteresis band irrespective of V, fluctuation. When the upper switch is
closed, the positive slope of the current is given as

di _ 0.5V, -V, sinw,t (5.85)
dt L
where 0.5V, is the applied voltage, V.,
CEMF, and L = effective load inductance. The corresponding equation when the lower switch is
closed is given as

sin @,! = instantaneous value of the opposing load

di _=(0.5V, +V,

o SIN@,T)
dt L

(5.80)
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The peak-to-peak current ripple and switching frequency are related to the width of the
hysteresis band. For example, a smaller band will increase switching frequency and lower the
ripple. An optimum band that maintains a balance between the harmonic ripple and inverter
switching loss is desirable. The hysteresis-band PWM can be smoothly transitioned to square-
wave voltage mode through the quasi-PWM region. In the low-speed region of the machine,
when the CEMF is low, there is no difficulty in the current controller tracking. However, at
higher speeds, the current controller will saturate in part of the cycle due to a higher CEMF and
fundamental frequency-related harmonics will appear. At this condition, the fundamental current
will be less and its phase will lag with respect to the command current.

Figure 5.40 shows the simple control block diagram for a hysteresis-band PWM imple-
mentation. The error in the current control loop is impressed at the input of a comparator with a
hysteresis band, as shown. The bandwidth of HB 1s given as

R,

HB=V (5.87)
R +R,
where V = comparator supply voltage. The conditions for switching the devices are:
Upper switch on:
. (5.88)
(i"~i)> 1B
Lower switch on:
. (5.89)
(i"-i)<-HB

For a three-phase inverter, a similar control circuit is used in all phases.

The hysteresis-band PWM has been very popular because of its simple implementation,
fast transient response, direct limiting of device peak current, and practical insensitivity of dc
link voltage ripple that permits a lower filter capacitor. However, there are a few drawbacks of

[
Comparison and
hysteresis band
+ﬂ +V

3 Upper IGBT base

m— | ower |GBT base

Lock-out
time

+HB

Figure 5.39 Control block diagram for hysteresis-band PWM
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k4

this method. It can be shown that the PWM frequency is not constant (varies within a band) and
as a result, non-optimum harmonic ripple is generated in the machine current. An adaptive hys-
teresis band can alleviate this problem. It can be shown that the fundamental current suffers a
phase lag that increases at higher frequency. This phase deviation causes problems in high-per-
formance machine control. Of course, isolated neutral load (which is not discussed here) creates
additional distortion of the current wave.

5.5.1.1.7  Sigma-Delta Modulation

A PWM technique known as sigma-delta modulation has often been used in high-
frequency link converter systems (see Figures 4.40 and 4.41) to generate variable-frequency,
variable-voltage sinusoidal waves by fabrication of integral half-cycle pulses. The principle is
explained in Figure 5.41. The modulator receives the command phase voltage Va()‘ at variable
magnitude and frequency, and it is compared with the actual discrete phase voltage pulses. The
resulting error (delta operation) is integrated (sigma operation) to generate the integral error
function e given as

ao

jv dr— Jvaodt (5.90)

+ pulse a
v__* "
. J‘ :F HFAC-AC ﬂnduction
b
+ . Converter \ motor
Vao ~ [
- pulse
\ (a
Ovao'dt
AN
Jvaodt Vao*
{b)

Figure 5.40 Sigma-delta modulation principle of high-frequency link converter
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The polarity of the error function is detected by a bipolar comparator. The positive polarity
of e sclects a positive voltage pulse, whereas the negative polarity selects a negative voltage
pulse. The switching is made at zero voltage gap (zero voltage switching) to get the soft-switch-
ing advantages of the inverter, which will be explained later. Note, for example, that the positive
voltage pulse can be selected by closing the ac switch Sy in the positive half-cycle or by closing
S5 in the negative half-cycle. It can be easily seen that the tracking accuracy of the command and
feedback volt-sec. integrals will improve at a higher converter frequency. If v, = 0, the HFAC
converter pulses will alternate. The modulator smoothly transitions to the square-wave region
when the va(f: magnitude increases to a high value. At this condition, the polarity of all the
pulses is unidirectional during the fundamental half-cycle to get the maximum fundamental volt-
age. Three such modulators are used in the three phases, and again, the cffect of load neutral iso-
lation is ignored.

Instead of fundamental voltage control, if fundamental current control is desired, then the
simple delta modulation principle can be used. In such a case, the instantaneous current control
loop error polarity can select the appropriate voltage pulse directly at the nearest zero voltage
gap.

5.6 THREE-LEVEL INVERTERS

So far, this chapter has discussed the two-level inverter, which can be seen in Figure 5.26.
In this type of inverter, the switching of the upper and lower devices in a half-bridge inverter
generates a v, wave with positive and negative levels (+0.5V;  and —-0.5V;), respectively. If the
fundamental output voltage and corresponding power level of the PWM inverter are to be
increased (o a high value, the dc link voltage V,; must be increased and the devices must be con-
nected in series. By using matched devices in series, static voltage sharing may be somewhat
easy, but dynamic voltage sharing during switching is always difficult. The problem may be
solved by using a multi-level, or neutral-point clamped (NPC), inverter.

Figure 5.42 shows the circuit of a three-level, three-phase inverter using GTO devices. In
the figure, the dc link capacitor C has been split to create the neutral point 0. Since the operation
of all the phase groups is essentially identical, consider only the operation of the half-bridge for
phase a. A pair of devices with bypass diodes are connected in series with an additional diode
connected between the neutral point and the center of the pair, as shown. The devices @ and
(1, function as main devices (like a two-level inverter), and Q| and Q5 function as auxiliary
devices which help to clamp the output potential to the neutral point with the help of clamping
diodes D and D, All the PWM techniques discussed so far can be applied to this inverter.

To explain the inverter operation, consider a simple selected harmonic elimination PWM
method where it is desired to eliminate the lowest two significant harmonics (5™ and 7'y and
control the fundamental voltage. Figure 5.43 shows the phase voltage v, waveform with three o
angles and the corresponding gate voltage switching waves. Note that the main devices (Q and
(14) generate the v, wave, whereas the auxiliary devices (Q3 and Q,,) are driven complemen-
tary to the respective main devices. With such control, each output potential is clamped to the



Three-Level Inverters 241

DQO

Q,
Q,,
] {
. \
AC MOTOR
Dy Qs D,y Dy Qs D,
Q,, D., Qa4 Dy
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Figure 5.42 Fabrication of phase voltage wave and the corresponding gate sWitching waves

neutral potential in the off periods of the PWM control, as indicated in Figure 5.43. Evidently.
positive phase current +i, will be carried by devices Q; and Q;, when v, is positive. by
devices D3 and D4 when v is negative, and by devices Dy and Q5 at the neutral clamping
condition. On the other hand, negative phase current —i, will be carried by D}, and D> when v
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IS positive, by Q45 and Q4 when v, is negative, and by Q5 and D" at the neutral clamping
condition. This operation mode gives three voltage levels (+0.5V,, 0, and -0.5V;) at the v
wave, shown in Figure 5.43, compared to two levels (+0.5V,;and 0.5V ) in a conventional two-
level inverter. The levels of line voltage wave v, are +V,;, -V, +0.5V, -0.5V;, and 0 compared
to levels +V,, -V, and O in a two-level inverter.

Neglecting the fluctuation of neutral point potential, it can be shown that each device has
to withstand 0.5V, voltage. When diode D, or D is conducting, the voltage across the main
device is clamped to +0.5V,;. When, for example, the lower devices are conducting, the full bus
voltage V,; appears across the upper devices in series, in other words, the devices share 0.5V,
statically. However, it can be seen that at any switching, the voltage step size across the series
string 1s only 0.5V, which easily permits series connection of devices without exceeding their
0.5V rating.

In summary, each half-bridge inverter has the following three switching states:

State A: Upper switches on
State B: Lower switches on

State 0: Auxiliary switches on

Therefore, the three-phase inverter has 33=27 switching states. This compares to the eight
states of a two-level inverter. Figure 5.44 shows the space-vector diagram of the inverter with all
switching states. The larger hexagon states (ABB, AAB, BAB, BAA, BBA, and ABA) correspond
to those of a two-level inverter. The three zero states (000, AAA, BBB) are possible due to the
conduction of auxiliary devices, upper devices, or lower devices, respectively. Each space-vector
for the inner hexagon has two possible switching states, as indicated in the figure. There are, in
addition, six space vectors that correspond to the middle of the outer hexagon sides.

Figure 5.44 also includes a rotating command voltage vector V;k, which should be enclosed
within the larger hexagon for the undermodulation region of operation. At any instant. the vector
selects the three inverter states corresponding to the apexes of the triangle, which include the V*
for PWM wave generation. At position 7, for example, as shown in the figure. the selected states
might be 000/AAA/BBB — A00/0BB — AOA/0BO. Figure 5.45(a) shows the symmetrical PWM
waves for this location using the sequence 0BB — 0B0 — 000 — A00 — 000 — 0B0 — OBB in a sam-
pling period T.. Note that the zero inverter state must be included in part of the cycle if V' lies
within the inner hexagon. Also note the difference between the PWM waves corresponding to
the states AOO and OBB. For a larger magnitude of V*, as shown by location 4. the triangle
apexes are AOO/OBB - ABB — ABO. The corresponding PWM wave is shown in Figure 5.45(b).
which does not include any zero state. Note that switching occurs in one state only at a time with
a step size of 0.5V ;. The fabrication of the linc voltage wave from Figure 5.45 is left as an exer-
cise to the reader.
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Figure 5.43 Space-vector diagram of three-level inverter

5.6.1 Control of Neutral Point Voltage

The split capacitor bank in the dc link must maintain a constant voltage level (+0.5 V,; with
respect to negative rail) at the neutral point 0. Otherwise, additional distortion will be contributed
to the output voltage. If positive current is drawn from the neutral point, the upper capacitor will
charge and the lower capacitor will discharge, which will lower the potential of 0. If. on the other
hand, the current s fed to the neutral point, the potential of 0 will go up. Consider, for example in
Figure 5.45(b) that i, is positive whereas i;, and i . are negative. During the state 0BB. positive cur-
rent is drawn from the capacitor bank, lowering the potential of 0. In the stateA00. negative current
will be fed to the neutral point by b and ¢ phases, tending to increase its potential. The neutral point
potential can be controlled by manipulating these clamped time intervals, either in open loop man-
ner or by a feedback control loop. Note that there is no neutral current in upper hexagon corner
states (ABB, AAB, BAB, BAA, BBA, and ABA) and zcro states (000, AAA. and BBB).

Besides the advantage of voltage clamping, a three-level inverter has the additional merit
of improved PWM harmonic quality. By preventing the opposite voltage swing during the notch
interval of a two-level inverter, the harmonic voltage ripple and corresponding current ripple are
reduced. Numerical evaluation of harmonic voltages with selected harmonic elimination PWM
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Figure 5.44 PWM voltage waves for vector V* showing the state sequences
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[12] indicates considerable attenuation of lower significant harmonics of a three-level inverter
compared to those of a two-level inverter. For an isolated neutral load, the SVM technique with
27 space-vectors evidently gives a considerable improvement of harmonic quality compared to
that of a two-level inverter with only 8 states.

For higher voltages and higher power levels, a multi-level inverter with more voltage
levels can easily be constructed by extending the same principle. The inverter has some penalty
with the extra devices. An additional problem is the fluctuation of neutral point voltages with the
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finite size of the dc link capacitors. The multiplicity of switching states for inner space vectors
(see Figure 5.44) permits the manipulation of PWM signals to compensate for this fluctuation
without diminishing PWM quality.

Three-level inverters have recently become popular in high-power applications. Multi-
megawatt induction and synchronous motor drives have been built with three-level GTO invert-
ers for industrial applications. Regenerative snubbers are often used in inverters to minimize the
high switching losses of GTOs. Three-level IGBT converters are also becoming popular in the
lower power ranges of GTO inverters because of improved PWM quality with higher switching
frequencies.

5.7 HARD SWITCHING EFFECTS

So far in this chapter, we have discussed hard-switched inverters. The device switching
waves of a hard-switched inverter, as shown in Figure 1.21, have a number of detrimental
effects, which can be summarized as follows:

Switching Loss — The overlapping of voltage and current waves during cach turn-on and
turn-off switching cause a large pulse of energy loss, as explained before. With an RC snubber.
the turn-off loss can be decreased, but the stored energy in the capacitor is lost at turn-on switch-
ing. Therefore, with a snubber, the total switching loss may increase. With higher switching fre-
quency, inverter loss increases, that is, its efficiency decreases. An additional problem is that the
cooling system is burdened due to higher loss. In fact, the PWM switching frequency of an
inverter is limited because of switching loss. Of course, a regenerative snubber. often used in a
GTO inverter, can alleviate this problem.

Device Stress — In hard switching, the switching locus moves through the active region of
the volt-ampere arca, which stresses the device. The reliability (i.e., MTBF) of the device may
be impaired due to prolonged hard switching operation.

EMI Problems — High dv/dt, di/d1, and parasitic ringing effect at the switching of a fast
device can create severe EMI problems, which may affect the control circuit and nearby appara-
tus. Parasitic leakage or coupling inductance, although quite small, can be a source of EMI due
to large induced (Ldi/dr) voltage. Similarly, large dv/dr can induce common mode coupling cur-
rent (Cdv/dr) in the control circuit through a parasitic capacitance. EMI problems may be more
severe in a snubberless inverter.

Effect on Machine Insulation — High dv/dr impressed across the stator winding insula-
tion can create large displacement current (Cdv/dt), which can deteriorate machine insulation.

Machine Bearing Current — Recently, it was determined that PWM inverter drives with
fast switching IGBT devices are known to cause a machine bearing current problem [13]. Fast
switching IGBTs create high dv/dr, and inverters can be represented by common mode-equiva-
lent circuits with high dv/dt sources. These dv/dt sources create circulating current to ground
through the machine bearing stray capacitances, as indicated in Figure 5.46. Figure 5.47 shows
the stray capacitances linking a machine’s stator winding with the rotor and the stator. The com-
mon mode ¢v/dr impressed on the stator winding couples to the rotor and creates a circulating
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Figure 5.45 Common mode dv/dt induced current flow in a drive through motor bearing
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Figure 5.46 Stray capacitances linking stator winding to rotor and stator iron and frame

current to the ground through the machine shaft and stray capacitance of the insulated bearing.
There are, of course, additional circulating current paths through the machine stator and
grounded frame, and the motor cable to the ground. If the rectifier supply is not grounded (see
Figure 5.46), the circulating current can flow through the stray capacitances of the power circuit
linking to the ground. The circulating current through the bearing will increase with higherdv/dt
and higher PWM switching frequency. The bearing may be insulated, shorted to the frame with a
brush, or a low-pass filter may be installed at the machine terminal to alleviate this problem.

Machine Terminal Overvoltage — PWM inverters are often required to link a machine
with a long cable, such as in submersible pump drives. The high dv/dt at the inverter output
boosts the machine terminal voltage by the reflection of the high-frequency travelling wave.
High-frequency ringing occurs at the machine terminal with stray circuit parameters. The result-
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Figure 5.47 Low-pass filter at machine terminal to solve dv/dtinduced machine problems

ing excessive overvoltage threatens the motor insulation. The solution to the problem has been
suggested by installing a low-pass LC filter at the machine terminal, as shown in Figure 5.48.
The damping resistance R, prevents resonance in the filter, which may be induced by inverter
harmonics. The high dv/d effect is essentially shunted to ground through the low-pass filter. The
filter also solves bearing current and machine insulation deterioration problems.

5.8 RESONANT INVERTERS

A voltage-fed inverter with a series resonant circuit load can be defined as a resonant
inverter. An H-bridge resonant inverter circuit is shown in Figure 5.49. The circuit is not directly
useful for motor drives. The principal applications may be high-frequency induction heating, a
high-frequency, general-purpose power supply, or as an inverter for a resonant-link, de-de con-
verter. The frequency may be in the range of tens of kHz. The power level and frequency dictate
the devices to be used.

=) 7 =I5

KIS = £5

Figure 5.48 Voltage-fed resonant inverter
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Figure 5.49 Inverter voltage and current waves

Consider, for example, the induction heating application where the load can be represented
by an equivalent RL circuit. The magnitude of current i; determines power consumption in the
load. Figure 5.50 shows the inverter voltage and current waves for square-wave operation. If the
inverter frequency is the same as the natural resonance load circuit frequency, the circuit will be
purely resistive and the load currenti; will be maximum. Assume that the harmonic voltages are
highly attenuated and the load current wave is nearly sinusoidal. The inverter frequency is inten-
tionally made higher than the resonance frequency so that the load circuit is inductive and the
load current lags the fundamental supply voltage, as shown in Figure 5.50. The advantage of lag-
ging power factor operation is that the device switching loss can be practically eliminated. Con-
sider, for example, that initially 0;Q, are conducting and the positive load current with positive
load voltage supplies active power to the load. At the trailing edge of a v, wave, 030, are
turned off, and with a short time delay, QQ, are turned on. At turn-off of 03Q, the respective
snubber capacitors charge, impressing low dv/dt across the device and reducing its turn-off
switching loss. When snubber capacitor charging is complete, the voltage v, becomes negative
and the inductive load current is fed back to the source through diodes D{D». Devices Q05 are
switched on when the bypass diodes are conducting, thus eliminating their turn-on switching
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loss. This means that the snubber capacitors are lossless, or energy recovery type. because the
energy is fed back to the circuit instead of being lost. The elimination of switching loss increases
inverter efficiency and the inverter can be operated at higher frequency. Note that the bypass
diode need not be a fast-recovery type because it 0,) gets a long time (t,) for recovery. when its
active device () is conducting.

The load current can be regulated by varying the inverter frequency or the input de voltage.
The two half-bridges of the inverter can be phase-shifted to generate a quasi-square wave that
can regulate the load current. However, in this case, the benefit of lossless snubbing is lost.

The resonant inverter is popularly used in resonant-link dc-dc converters. The high-fre-
quency capacitor voltage can be rectified by a diode bridge rectifier and filtered to generate the
output dc voltage. A high-frequency transformer can be connected across the capacitor that pro-
vides isolation and voltage level change. This configuration is usually known as a parallel-
loaded resonance converter (PRC). Alternately, the transformer primary winding may be con-
nected in series with the resonance circuit (defined as a series-loaded resonance converter
(SRC)). For low-power output, a half-bridge inverter can be used where the output voltage 1s
usually regulated by frequency control.

5.9 SOFT-SWITCHED INVERTERS

The disadvantages of hard switching effects, as discussed before, can be practically elimi-
nated in a soft-switched inverter. In fact, the resonant inverter discussed above is an example of
soft-switched inverter. Soft-switched inverters for motor drives were proposed a number of years
ago [14], and the literature in this area is very rich. However, hardly any industrial drives usc the
technology. It will be discussed here for completeness of the subject.

5.9.1  Soft Switching Principle

The principle of soft switching using zero current switching (ZCS) and zero voltage
switching (ZVS) is explained in Figure 5.51. It was shown before that in hard switching. the
voltage and current overlap to create large switching loss. The main idea in soft switching is to
prevent or minimize this overlap so that the switching loss is minimal. In ZCS. when the device
turns on, the current build-up can be delayed with series inductance. Similarly, at turn-oft, the
current may be zero when device voltage builds up. A good example of ZCS is thyristor commu-
tation in a phase-controlled converter. Zero voltage turn-on may occur when the bypass diode is
conducting. Zero voltage turn-off occurs with a capacitive snubber which slows down the device
voltage build-up. Both zero voltage turn-on and turn-off were explained for the resonant inverter
in Figure 5.49. Note that slow voltage and current build-up during turn-off and turn-on, respec-
tively, create less dv/dt- and dildr-related problems, as discussed before.

59.1.1 Inverter Circuits
Varieties of soft-switched inverter circuits for motor drives have been proposed in the
literature. In general, they may be dc link or ac link types. The de link types can be classified as
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Figure 5.50 Soft switching of devices

resonant link dc (voltage-fed or current-fed) and resonant pole dc inverters.Voltage-fed resonant
link inverters can be further classified as free resonance and quasi-resonance types. The ac link
types can be classified as resonant link and non-resonant link types. There are further sub-classi-
fications in these groups. In this section, we will briefly review three different topologies.

Resonant Link de Converter (RLDC) — A voltage-fed inverter that operates on free-
running resonance (tens of kilohertz) in the dc link is shown in Figure 5.52 [14]. The dc voltage
source V, obtained from a battery or through a rectifier, is converted to sinusoidal voltage pulses
(vy) with zero voltage gap on the inverter bus through an L, C, resonance circuit, as shown in the
figure. The gap permits zero voltage soft switching of the inverter devices. The variable-voltage,
variable-frequency waves at the motor terminal can be fabricated by delta modulation principle
using the integral voltage pulses, as explained before. To establish the resonant bus voltage
pulses. an initial current in the resonant inductor L, is needed for the compensation of the reso-
nant circuit loss and the reflected inverter input current. This current can be established to the
appropriate value during the zero voltage gap by shorting the inverter devices. The bus voltage
(higher than V) can be controlled either by a passive or active clamping technique. In the pas-
sive clamping method, a transformer with a series diode in the secondary is connected across the
inductor L, and, as the voltage tends to exceed a threshold value, the diode conducts pumping
the inductor’s trapped energy to the source. In this method, the peak dc link voltage v, can be
limited typically to 2.5V, Using the active clamping method, as shown in the figure, the peak
value can be limited typically to 1.5 V. Atthe end of the zero voltage gap, when the desired ini-
tial current is reached, the selected devices of the inverter are opened to establish the output
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Figure 5.51 Resonant dc link inverter with active voltage clamping

phase voltages as dictated by the PWM algorithm. At the end of the resonant cycle, the inverter
diodes provide a path for negative current in the gap interval. The active clamping circuit con-
sists of a precharged capacitor in series with an IGBT-diode pair, as shown, and its operation can
be explained as follows: On releasing the dc bus short, the link voltage swings toward its natural
peak. However, on reaching the voltage level KV, the diode D conducts and clamps bus voltage
at this level. With D conducting, Q is turned on in a lossless manner. The trapped inductor cur-
rent linearly decays to zero and then becomes negative through Q to balance the capacitor
charge. At current zero, Q is turned off to initiate the resonance again until the bus voltage falls
to zero. The circuit has the disadvantage of voltage penalty on the devices, besides the need of
extra components and additional loss in the resonance circuit.

Auxiliary Resonant Commutated Pole (ARCP) Converter — Instead of free-running
resonance in the dc link, as discussed above, the inverter shown in Figure 5.53 activates reso-
nance-assisted commutation at the instant of switching inverter devices [15]. The commutation
principle of the inverter is somewhat similar to a McMurray inverter. A split capacitor power
supply establishes the centerpoint O of dc voltage V,;. Each half-bridge inverter (defined as a
pole) has a common resonant circuit consisting of the inductor L, and shunt capacitors C, which
are connected to the centerpoint 0 through an auxiliary ac switch S. The resonant snubber capac-
itor across each device is an energy recovery type. The circuit was originally proposed for a
GTO inverter to minimize the switching loss. The inverter in general has three modes of opera-
tion. Consider the pole corresponding to phase a, and assume that the phase currenti,, is positive,
as indicated. Assume that i, is reasonably large and is initially flowing through device Q. Q,
can be turned off to commutate the current to diode D,4. The charging of bypass capacitor C will
provide soft turn-off as well as fast commutation. If the current i, 18 low, fast commutation will
require the assistance of the resonance circuit. In such a case, activation of the resonance circuit
by closing the switch S| boosts the current in Q, which helps fast commutation. If the phase
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Figure 5.52 Auxiliary resonant commutated pole three-phase inverter

current is initially flowing through diode Dy, then for commutation to Q|, the resonance circuit
is activated to force current through bypass diode Dy so that Q| can be turned on at zero voltage.
The inverter operation with negative phase current is similar, except devices Q4 and Dy partici-
pate. The circuit does not have any voltage or current penalty on devices, but the disadvantages
are extra circuit components and the need for a split capacitor power supply. The capacitor size
is somewhat large to prevent fluctuation of the centerpoint voltage.

High-Frequency, Non-Resonant Link Converter — The high-frequency link cyclocon-
verter, discussed in Chapter 4 (see Figure 4.38), requires an inverter to convert the input dc (o a
high-frequency supply (tens of kHz). Figure 5.54 shows the converter system [Ref. 12, Ch. 4]
using an H-bridge, soft-switched inverter that operates on the ARCP principle. The inverter poles
are phase-shifted (o generate a quasi-square wave with zero voltage gap, as shown, for soft
switching the HFAC-AC converter. Although ideally zero voltage switching is possible by the
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Figure 5.53 High-frequency, non-resonant link converter system with ARCP inverter
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gap, the effect of leakage inductance should be carefully considered. The gap can be modulated to
control cycloconverter output voltage with some harmonics improvement. Although the converter
system uses many devices, there are advantages of using transformer coupling, such as Ohmic
isolation from the primary, voltage level change, and availability of auxiliary power supplies
coupled to the transformer. Note that the size of the high-frequency transformer is quite small.

5.10 DYNAMIC AND REGENERATIVE DRIVE BRAKING

In a variable-frequency drive, a machine may be subjected to mechanical or electrical
braking for speed reduction. The mechanical brake may be applied externally or may be inherent
by the load. For example, in a pump or fan-type drive, the load itself may exert mechanical brak-
ing torque to stop the motor. Electrical braking is classified into dynamic braking and regenera-
tive braking. In either case, the motor is operated in the generating mode and the kinetic energ
stored in the system inertia is converted to electrical energy. An induction motor can operate as a
generator in supersynchronous speed, which is made possible by lowering the inverter frequency
below the machine speed (w, < ®,); (see Figure 2.7). The same condition may be attained when
the machine drives an overhauling type of load. A synchronous motor can run as a generator if
the power angle & is transitioned from a negative to a positive value.

5.10.1 Dynamic Braking

In dynamic braking, the recovered electrical energy at the machine terminal is converted to
dc through the inverter (the inverter acts as a rectifier) and is dissipated in a resistor. The princi-
ple of a dynamic brake is illustrated in Figure 5.55. With the machine acting as a generator and
the inverter acting as a rectifier, the inverter input dc¢ current reverses. Since the current cannot
flow backward through the diode-rectifier, it charges the filter capacitor, raising the dc link volt-
age. A dynamic braking circuit, as shown, is connected to absorb the excess energy in the resis-
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v— Q |
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3¢ bridge

Dynamic brake
Figure 5.54 Three-phase PWM inverter with diode rectifier showing dynamic brake in the
dc link
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Figure 5.55 Dynamic braking capability of PWM inverter

tor R, and limit the voltage V. Basically, it is a dc-dc buck converter, which is operated on a
duty cycle basis to control the bus voltage within a hysteresis band. The dynamic braking capa-
bility of a PWM inverter is shown in Figure 5.56.

Since the dc link voltage V, is constant, the maximum dynamic braking power that can be
absorbed by the resistor R; is given by VdZ/Rd when the IGBT Q is fully on. The inverter-
machine system’s power capability is shown in Figure 5.56. Ideally, the curve is identical to that
in motoring and is given by a fixed-slope straight line in the constant torque region and a hori-
zontal line in the constant power region. At any speed, the duty cycle of the IGBT is adjusted so
that the inverter-machine power matches with the power consumed in R,. Low-power drives,
such as servos, machine tools, and robotics where the recovered power 1s small, normally use
this type of braking.

5.10.2 Regenerative Braking

In regenerative braking, electrical energy is recovered in the source to improve drive effi-
ciency. If the inverter is directly supplied by a dc source, such as in an electric vehicle or subway
drive, the braking power instead of dissipating in a resistor can easily flow back to the source.
Continuous regenerative operation of a drive is possible if the load machine is a source of power,
such as in a wind generation system. In a utility-supplied drive, a PWM rectifier in the front end
can recover this energy, which will be explained later. In a four-quadrant speed control, the
machine speed is brought down to zero by regenerative or dynamic braking, and then the phase
sequence of the inverter is reversed to reverse the direction of machine rotation. High-power
four-quadrant industrial drives invariably use regenerative braking.
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5.11 PWM RECTIFIERS

In Chapter 3, we discussed diode and phase-controlled rectifiers. These converter circuits
are simple, but the disadvantages are large distortion in line current and poor displacement
power factor (DPF) (in the latter case), which make the power factor poor. To combat these prob-
lems, various power factor correction (PFC) techniques based on active wave shaping of the line
current have been proposed. In this section, only a few important methods will be discussed.

5.11.1 Diode Rectifier with Boost Chopper

5.11.1.1  Single-Phase

This type of converter consists of a diode rectifier cascaded with a PWM boost chopper, as
shown in Figure 5.57 for a single-phase supply. The boost chopper has essentially two functions:
(1) it controls the line current to be sinusoidal at unity power factor, and (2) it regulates the
capacitor voltage V,;, which should always be higher than the peak line voltage. Note that the
converter system permits power flow to the load, but reverse power flow, that is, regeneration is
not possible.

The circuit operation is simple. Assume, for example, the operation in the positive half-
cycle of supply voltage v, and consider a small time segment when v, can be represented by a dc
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Figure 5.56 Single-phase diode rectifier with boost chopper for line current wave shaping
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voltage. When the IGBT @ is turned on, the current will flow in diodes D, and D5 through the
boost inductor L. The current increment +A4 /; is given as

+Al Y (5.91)

OR

where +Ai; = change in inductor current during the on interval (7,,,) of Q. When Q is turned off,
iy will charge the capacitor through the diode D and decrease. The expression for the current
decrement is

V,—v.
—Al — (/ A
L=

(5.92)
where 1, = off time of the chopper. The slope of the current 7; will vary depending on the volt-
age impressed across the inductance L. Since |+4i;| = |-Ai;
chopper is given as

, the switching frequency of the

foo v (Vg —vy) (5.93)
o fon T r(gﬂ' AI.LLV(/

where Ai; = peak-to-peak ripple current. The equation indicates that for the same ripple current,
higher switching frequency will require less inductance, but the switching loss will be higher.
The additional cost and loss of efficiency are to be considered against the advantages for any
application.

The control principle of the circuit is simple, and is included in Figure 5.57. The desired
capacitor voltage Vd* is compared with the actual voltage V,;, and the error through a propor-
tional-integral (P-I) controller is multiplied by the absolute supply voltage wave |v | to generate
the boost chopper input current command l'L*- The line is assumed as an ideal voltage source.
The command iL;F is compared with the actual current /; within a hysteresis band (hysteresis-
band PWM) to generate the chopper gate drive signal. The actual line current follows the same
profile, but it is an ac wave. Commercial IC (integrated circuit) chips are available for such
control.

There are a few additional advantages of the circuit beyond what were mentioned above.
In a traditional diode-rectifier capacitor filter, the form factor of line current is very poor because
of its pulsating nature. Therefore, the volt-amp requirement of the 60 Hz source should be high
compared with that of the sinusoidal linc current. This means that a UPS system or household
power outlet can be more effectively utilized with this circuit. The utility system has the usual
“brownout,” or voltage sag, problem. With the help of a boost chopper, the dc link voltage can
be maintained constant, thus adding reliability to the system. The PWM harmonic characteristics
of the inverter will improve because the dc link ripple is less. Besides, constant and regulated V.,
irrespective of line voltage fluctuation, improves the drive performance by extending its constant
torque region. Although the circuit is seldom used in motor drives, it is expected that as the cost
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of power electronics decreases and utility harmonic standards are strictly enforced, its applica-
tion will increase.

5.11.1.2 Three-Phase

For a three-phase power supply, three single-phase units, as described above, can be used
and their outputs can be paralleled across the output capacitor. However, the scheme shown in
Figure 5.58, is much simpler and more economical [ 16]. Note that the boost chopper inductance.
in this case, has been transferred to the line side and is distributed equally in the phases. as
shown. The chopper operates at constant switching frequency, but with variable duty cycle to
fabricate the phase current wave is as shown. When the IGBT Q is turned on, a symmetrical
short circuit occurs at the rectifier input, the phase currents build up linearly, independently of
each other, and the magnitude is proportional to the respective phase voltage amplitude. This
means that the positive phase voltages cause positive currents through the upper diodes, which
return as negative currents through the lower diodes that are caused by the negative phase volt-
ages. When the IGBT turns off, the phase currents flow to the output capacitor until they fall to
zero linearly, as shown. The discontinuous phase current pulses at high PWM frequency and the
sinusoidal locus of the peak values can be filtered with a small LC filter to ideally obtain a sinu-
soidal average current with unity power factor. The line-side leakage inductance (not shown) and
capacitor C constitute the LC filter. The duty cycle of the chopper can be modulated to control
the sine current, and the voltage V,; can be controlled in the outer loop as discussed before. Note
that each diode carries high peak current, and a highly pulsating current wave may create serious
EMI problem.
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Figure 5.57 Three-phase diode rectifier with boost chopper for line current wave shaping
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5.11.2 PWM Converter as Line-Side Rectifier

5.11.2.1  Single-Phase

[t was mentioned before that a PWM inverter (either single-phase or three-phase) can be
operated as a PWM rectifier; in other words, the power on the ac side can be converted to dc.
Therefore, a similar unit can be connected to the line side to function as a PWM rectifier. Figure
5.59 shows a PWM converter system using a single-phase H-bridge converter on the line side as
well as on the load side. Normally, the line-side converter functions as a rectifier, but it can also
be operated as an inverter. In either case, it is controlled to maintain constant dc link voltage V.
Note that from the viewpoint of a 60 Hz power balance, the dc link voltage will contain a 120 Hz
ripple, which can be reduced by large capacitor size.

The PWM rectifier basically operates as a boost chopper (often called a boost rectifier)
with bipolar voltage (ac) at the input, but unipolar voltage (dc) at the output, maintaining sinuso-
idal line current, as shown. The voltage V, should be higher than the peak supply voltage (V>
2 V,). The control principle of a PWM rectifier for sinusoidal line current at unity power factor

is shown in the lower part of Figure 5.59. The command dc link voltage d: 1s compared with
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Figure 5.58 Double-sided PWM converter system using single-phase H-bridge converters
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the actual V, and the error signal through a P-I controller is multiplied with the line voltage wave
vy to generate the line current command i,". The rectifier line current is can be controlled by the
hysteresis-band PWM method so that the actual current tracks the command current. A phasor
diagram on the line side is given for unity power factor operation. The CEMF voltage v, is basi-
cally a PWM voltage wave fabricated from the de link voltage V,; (similar to inverter PWM), and
line inductance L helps to smooth the line current. The magnitude and phase of the fundamental
component of v can be controlled by the rectifier. For V, and I, to be co-phasal, as shown in the
figure, the CEMF V_ has to be larger and lag in phase to satisfy the phasor diagram. With higher
switching frequency, the value of L and the corresponding reactive drop [.X; can be decreased so
that the V. phasor approaches the V, phasor. For unity power factor operation in regenerative
mode, the /, phasor reverses, which causes the reversal of the /.X; phasor so that the § angle
reverses. Although unity line power factor operation is discussed here, the power factor can also
be leading or lagging, and this will be discussed later for a three-phase system. The H-bridge
units can be replaced by half-bridge converters, and the operation principles will remain the
same,

5.11.22 Three-Phase

The principle of a single-phase, double-sided converter system, as discussed above. can
be extended to a three-phase system. Figure 5.60 shows a double-sided PWM converter system
for a motor drive application using three-phase, two-level converters.

Most of the discussions for a single-phase system (Figure 5.59) are also valid for a three-
phase system. The drive configuration is extremely important for industrial applications. The
cssential features can be summarized as follows:

* Four-Quadrant Operation - In normal motoring mode of the drive, power flows to the
motor, and the line-side converter operates as a rectifier, whereas the load-side converter
operates as an inverter. In regenerative braking mode, their roles are reversed. that is. the
load-side converter operates as a rectifier, whereas the line-side converter operates as an
verter. The direction of rotation of the machine will be determined by the phase

Kz Kz Kx ] -

s L
VS;’I{\.V_n /
B -kt
—m— ch’._\
Three-phase
BOHz AC AC motor

PWM rectifier PWM inverter

Figure 5.59 Double-sided PWM converter system using three-phase, two-level converters
(12-switch)
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sequence of the load-side converter. The system can continuously regenerate power if the
machine is a generator, such as in a wind generation system.

* Line Voltage Sag Compensation - Since the line-side converter operates in boost recti-
fier mode to maintain the dc link voltage V,; constant irrespective of line voltage, the con-
verter system improves reliability of the drive by line voltage sag compensation.

* Programmable Line Power Factor - In addition to unity line power factor operation, as
discussed for Figure 5.59, the power factor can be made programmable leading or lagging.
This requires further explanation. Figure 5.61 shows the line-side phasor diagram at lead-
ing power factor condition. From the figure, the active and reactive power expressions on
the line side can be given, respectively, as

P =3V cos¢

Q =3V sing (5.95)

where V, and I, are the line-side phasors, and ¢ = leading power factor angle, as indicated in Fig-
ure 5.61. From the phasor diagram, we can write the expressions

V, =Ll (5.96)

%3 sin(%—(p):A:VC sind (5.97)
T

Vi cos(—i—d)):B:V(. cosd -V, (5.98)

Figure 5.60 Line-side phasor diagram at leading power factor
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Figure 5.61 Double-sided PWM converter system using three-phase three-level converters

(24-switch)

where L = line current smoothing inductor, @ = line frequency, V.= CEMF phasor, and & = angle
between V, and V. phasors. Substituting Equations (5.96)~(5.98) in (5.94) and (5.95) yields

V.V,
P:isinS (5.99)
oL
3V.
Q=—(V.cosé-V,) (5.100)

oL

Equations (5.99) and (5.100) indicate that the inverter CEMF V. and the & angle can be
controlled to control P and Q. If it is desired to maintain Q as constant but vary the active power
P, phasors [ sin ¢ and V, cos & should remain constant. This is indicated by the dotted phasor
diagram in Figure 5.61. Note that the rectifier input leading VAR is higher than that of the line
side because the inductor L absorbs lagging VAR. The phasor diagram for the lagging power
factor condition can be drawn easily. The discussion indicates that the line-side converter can
also be operated for staticVAR compensation, which will be discussed later.

Note that the dc link voltage V,; should be adequately high for sinusoidal PWM synthe-
sis of a CEMF wave. This means

\EVS <0.5V, (5.10H)
which means
.63V, <V, (5.102)

where the line voltage V; = ﬁV\ For any saturation of PWM, the line current will be heavily
distorted with lower order harmonics.

For high-voltage. high-power drives, three-level converters can substitute for the two-level
converters in Figure 5.60. Figure 5.62 shows such a converter system using GTOs. As the GTO
power level is increasing, multi-megawatt, three-level converter systems are being developed to
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replace phase-controlled cycloconverters for applications such as rolling mill drives. Double-
sided PWM converter systems have also been considered for utility systems asynchronous inter-
tie between 60 Hz and 50 Hz systems.

5.12 STATIC VAR COMPENSATORS AND ACTIVE HARMONIC FILTERS

The analysis with the phasor diagram in Figure 5.61 indicates that a PWM rectifier can
operate at a programmable leading or lagging power factor. If the active power P =0, then from
Equations (5.99) and (5.100), the reactive power expression is given as

3V,
Q:3VSIS Zzo—i'

v -1,) 5103
Figure 5.63 shows the phasor diagrams for leading and lagging VAR conditions. This
means that in Figure 5.60, if the inverter is disconnected and the rectifier loss is ignored, the
PWM rectifier with dc link capacitor voltage can act as a static VAR compensator (SVC). The
circuit is shown in Figure 5.64 with a thyristor phase-controlled rectifier (nonlinear load).

As a leading VAR compensator, the circuit acts like a three-phase variable capacitor load,
whereas as a lagging VAR compensator, it acts like a three-phase variable inductor load. It is
well-known that ideally at no-load operation of a synchronous machine, the excitation current
can be controlled to operate it as a leading or lagging VAR compensator. The PWM rectifier is a
static version of a synchronous machine VAR compensator. In this mode, large current will cir-
culate in the PWM rectifier circuit, but the capacitor current will remain zero (except harmon-
ics), that is, voltage V, will remain constant. This 1s because in a three-phase balanced and
sinusoidal system, instantaneous power is zero with reactive load. A finite power loss in the con-
verter will be supplied by the line, making its power factor non-zero. In Figure 5.64, the leading
VAR compensator compensates the lagging current / taken by the phase-controlled converter
so that the line displacement factor is unity.

Figure 5.65 shows a simplified control block diagram of an SVC for induction motor reac-
tive current compensation. The control is somewhat complex and will be explained in detail in
Chapter 8. Basically, the capacitor voltage Vs controlled in the outer loop by feedback control
of the compensator loss component of current Al The motor reactive current I),,* is measured,

s

A Ve
> —l
Vs Vc VL

Figure 5.62 Phasor diagrams (a) Leading VAR, (b) Lagging VAR
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Figure 5.63 Static VAR generator and active filter using PWM rectifier
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and it controls the SVC’s reactive current Ipc by feedback so that line reactive current is zero.
Very large (multi-MW) SVCs using GTO multi-stepped converters have been installed in the
utility system for voltage control [17]. They are also important elements for a future flexible ac
transmission system (FACT).

The SVC in Figure 5.64 can also be operated as an active harmonic filter if the PWM
switching frequency is sufficiently high. Consider, for example, that the nonlinear load con-
sumes a Sth harmonic current, which is to be compensated by the active filter. In this case, the
current-controlled converter should generate a 5th harmonic current that is equal in magnitude,
but opposite in phase. In fact, ideally, the distorted current wave in the nonlinear load can be
sensed and compensated entirely by the filter. Figure 5.66 shows a simplified control block dia-
gram of an active filter. The harmonic currents of a nonlinear load (phase-controlled converter,
or PCC) are sensed through a high-pass filter and added to the active phase current command
generated by the voltage control loop. The resulting command current is controlled in the filter
by the hysteresis-band PWM method.
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Figure 5.64 Simplified control block diagram of static VAR compensator for induction motor
load

In fact, if the load is unbalanced and consumes a negative sequence current, the converter
can compensate this unbalance. The functions of VAR compensation, active filtering, and nega-
tive sequence compensation can be combined into one compensator to control the line current to
be balanced and sinusoidal at unity power factor. Such a compensator is often defined as a uni-
versal power line conditioner (UPLC).

Active filters are very attractive for existing installations of PCCs. However, their applica-
tion is not common because of the high cost of converters. More strict enforcement of harmonic
standards will promote their application. Of course, converters with a built-in power factor and
harmonic correction, as discussed above, will eliminate their needs.

5.13 INTRODUCTION TO SIMULATION—MATLAB/SIMULINK

When a new converter circuit is developed, or a control strategy of a converter or drive
system is formulated, it is often convenient to study the system performance by simulation
before building the breadboard or prototype. The simulation not only validates the system’s
operation, but also permits optimization of the system’s performance by iteration of its parame-
ters. Besides control and circuit parameters, the plant parameter variation effect can be studied.
For example, the rotor resistance (R,) variation effect on a detuned vector-controlled drive or
accuracy of speed (,) estimation (discussed in Chapter 8) can be studied. Valuable time is thus
saved in the development and design of a product, and the failure of components of poorly
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Figure 5.65 Simplified control block diagram of active harmonic filter

designed systems can be avoided. The harmonic spectra of simulated voltage and current waves
can be analyzed by FFT to verify their harmful effects and possible design of remedial measures.
In some cases, the simulation program helps to generate real-time controller software codes for
downloading to a microprocessor or digital signal processor (DSP).

Fortunately, a large number of PC-based, user-friendly digital simulation programs are
available for the study of power electronic systems. Examples include SIMULINK, PSPICE.
SABER, EMTP, SIMNON, ACSL, MATRIX, etc. In this section, we will briefly outline the
salient features of SIMULINK, which is possibly the most commonly used program for power
clectronic and drive systems. Then, as examples, a simple voltage-fed inverter and an induction
motor dynamic model simulation will be illustrated. In Chapter 11, SIMULINK simulation of a
vector-controlled induction motor drive incorporating fuzzy control will be discussed. The
reader is directed to reference [18] for details of SIMULINK.

SIMULINK is basically a user-friendly, general digital simulation program of nonlinear
dynamical systems which works in the MATLAB environment. A continuous or discrete time Sys-
tem and multi-rate system can also be used. Although basically it is the MATLAB (Math Works)
program, the user has a graphical interface where he or she builds the system with the help of sub-
system blocks. In the beginning, the user must define the mathematical model of the system by dif-
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ferential and algebraic equations and express it in state variable or transfer function form. A library

3y &6 9% e

of templates or function blocks, such as “sources,” “sinks,” “discrete,” “linear,” “nonlinear,” and
“connections,” can be used in the simulation. The power semiconductor device is normally simu-

lated by the element “switch,” which is an element in the nonlinear function blocks.

Figure 5.67 shows the simple simulation block diagram for a three-phase, two-level
PWM inverter. Each leg of the inverter is represented by a “switch” which has three input termi-
nals and one output terminal. The output of a switch (v,,, v}, or v,,,) is connected to the upper
input terminal (+0.5V ;) if the PWM control signal (middle input) is positive. Otherwise, the out-
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Figure 5.66 SIMULINK simulation of three-phase voltage-fed inverter
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put is connected to the lower input terminal (=0.5 V). The output, or v, voltage thus oscillates
between +0.5V,; and —0.5V,, which is characteristic of a pole of an inverter. The output phase
voltages are constructed by the following equations:

2 ] 1 (5.14)
Van = § Vao — 5 Vho = g Veo

2 | 1 (5.15)
Von = ; Vo — ; Vao — ; Yeo

2 | | ‘
Ven = ; Veo = ; Vao — ; Yo (5.16)

The simulation of these equations is evident from the figure.

Figure 5.68 shows the flux model simulation of the d¢-¢¢ model of the induction motor.
which was discussed in Chapter 2. The model receives the input voltages v, and v, and fre-
quency @, and solves the output currents I, and iy with the help of flux linkage equations. At
the input. the inverter output voltages v, v;,, and v, are converted (o Vs and v (block “abe-
syn”) by the following equations:

2 | 1 (2.72)

s _ _ _
Vgs = ; Van 3 Vin 3 Ven

. ] 1 (2.73)

q 2.7

Vi ==V, =V,

Is bn cn

N RN )

o § (2.74)
Vgs = Vys COSW,L =V SIN@, 1

=yl si i 275
Vs = Vi SINW, 1+ 1 sin@,1 (2.75)

Similarly, the output block “2_3" uses the inverse equations given by Equations (2.76)—
(2.77) and (2.69)~(2.71). The torque and speed are calculated by Equations (2.160) and (2.105).
respectively. The implementation of the subsystem block “F,," in detail is shown in Figure 5.69.
which simulates the Equations (2.156).

5.14 SUMMARY

This chapter gave a broad review of different types of voltage-fed converters and their
principles of operation. The converter topologies included half-bridge, center-tap. full or H-
bridge, and three-phase bridges with two levels and three levels. The three-level. or multi-level.
inverter is also known as a neutral-point-clamped inverter, which is used for high-voltage. high-
power (multi-MW) applications. Multi-stepped inverters with the help of transformers can have
12, 18, 24, etc. steps. This type of converter operates with devices that switch at line supply fre-
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Figure 5.68 SIMULINK simulation details of the block “Fgs’

quency and therefore is suitable for GTO-like devices which have high switching loss. A 10 MW
application was illustrated with an 18-step inverter.

PWM techniques are extensively used for the control of voltage-fed inverters. Among dif-
ferent PWM methods, sinusoidal and space-vector PWM were emphasized. Both undermodula-
tion and overmodulation regions were discussed. The harmful effects of hard-switched PWM
converters were discussed. The principle of soft switching and a few converter topologies with
soft switching were covered. Power factor correction with a boost chopper and PWM rectifier
was discussed. Both a static VAR compensator and active filter with control principle were cov-
ered. Finally, simulation was discussed, with a brief review of MATLAB/SIMULINK. which
included two example simulations. Simulation will be further discussed in Chapters 11 and 12. It
is needless to mention that voltage-fed converters constitute the most important class in power
electronic systems and therefore justify elaborate discussion.
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CHAPTER 6

Current-Fed Converters

6.1 INTRODUCTION

The general principles of current-fed converters using phase control and line commutation tech-
niques were already discussed in Chapter 3. In this chapter, the concept will be expanded further
and additional types of current-fed converters will be introduced. Again, the term “inverter” will
be used frequently, although the same circuit can be used either as an inverter or a rectifier. A
current-fed or current-source inverter (CFI or CSI), as the name indicates, likes to see a stiff dc
current source (ideally with infinite Thevenin impedance) at the input, which is in contrast to a
stiff voltage source (zero Thevenin impedance), which is desirable in a voltage-fed inverter. A
current-fed inverter should not be confused with the current-controlled, voltage-fed inverter dis-
cussed in Chapter 5. A variable voltage source can be converted to a variable current source by
connecting a large inductance in series and controlling the voltage within a feedback current
control loop. The variable dc voltage can be obtained from a utility supply through a phase-con-
trolled rectifier, or from a rotating excitation-controlled ac generator through a diode rectifier, or
from a battery-type power supply through a dc-dc converter. With a stiff dc current source, the
output ac current waves are not affected by the load condition (just as voltage waves in a volt-
age-fed inverter are not affected by the load). The power semiconductor devices in a current-fed
inverter must withstand reverse voltage, and therefore, standard asymmetric voltage blocking
devices, such as power MOSFETs, BJTs, IGBTs, MCTs, IGCTs, and GTOs cannot be used.
Symmetric voltage blocking GTOs and thyristor devices should be used. Of course, forward-
blocking devices can be used with series diodes. It can be shown that in many respects, current-
ted inverters are somewhat dual to voltage-fed inverters.

271
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The application of current-fed converters may include the following:

* Speed control of large power induction and synchronous motors

* Vanable-frequency starting of 60 Hz wound-field synchronous motors
* High-frequency induction heating

* Superconducting magnel energy storage (SMES)

* DC motor drives

* Static VAR compensators

* Active harmonic filters

In this chapter, we will study the different types of current-fed converters, forced-commu-
tation and load-commutation principles, PWM techniques, various application considerations.
and finally. we will compare current-fed converters with voltage-fed converters. Again, power
semiconductor devices will be considered as ideal on-off switches.

6.2 GENERAL OPERATION OF A SIX-STEP THYRISTOR INVERTER

Six-step thyristor inverters are extremely important circuit configurations for high-power,
wound-field, synchronous motor drives. First, we will study the general operation principles of
this type of inverter with induction and synchronous machine loads. Figure 6.1 shows the power
circuit for a current-fed inverter, which is being supplied by a phase-controlled rectifier on the
line side. A variable dc link voltage V, is generated by the phase control of the rectifier, and it is
converted to a current source /,; by connecting a series inductance L, and providing a feedback

Supply Rectifier Inverter Load

to

|+

o

Figure 6.1 General power circuit of thyristor converter system
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current control loop as shown. The current magnitude, as desired, can be established by the com-
mand current Id*. Although an infinite value of L, is desirable for an ideal ripple-free current
source, size and cost constraints limit the practical L, within a reasonable value. thus permitting
some amount of ripple. Ignoring commutation considerations for the present, the inverter circuit
appears to be identical to that of the rectifier. The load of the inverter is an induction or synchro-
nous machine, which can be represented by phase CEMF in series with equivalent leakage
inductance (see Figures 2.28(b) and 2.35). The power circuit thus appears symmetrical about the
de link. An auxiliary thyristor Q4 is shown connected across the inductor Ly in the reverse direc-
tion, which will be explained later. The dc current /, is switched through the inverter thyristors
50 as to establish three-phase, six-stepped, symmetrical line current waves as shown in Figure
6.2. The load or line current wave is given by the Fourier series

_ 2\/51(1 l:
T

] 1
i COS&)Z‘——COSS(OT+7COS7C()T+...:I (6.1)

where the peak value of the fundamental component is Zﬁ]d/ir. Each thyristor conducts for
2n/3 angle, and at any instant, one upper device and one lower device remain in conduction. The
operation is similar to the rectifier in the front end. The dc link current is considered harmonic-
free (L, — o), and the commutation effect from thyristor-to-thyristor is ignored. The inverter
input voltage V; can be constructed by the amplitude between the two phase voltage envelopes.
as indicated in the figure. At steady state, V, = V; if the resistance of L is neglected. For a
variable-speed drive motor, the inverter can be operated at variable frequency and adjustable
magnitude of dc current /.

The current waves in Figure 6.2 are drawn for maximum power inversion. that is. firing
angle o = when the fundamental component of phase current is out of phase with the respec-
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Figure 6.2 Idealized voltage and current waves of six-stepped thyristor inverter
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Figure 6.3 Phasor diagrams at unity displacement power factor

tive phase voltage. At this condition, the line-side converter is acting as a rectifier, supplying
power to the inverter. Since I; is always positive, both V, and V are also positive. If firing angle
o of the inverter is shifted to zero, it acts as a rectifier, pumping power in the dc link from the
machine, which acts as a generator. At this condition. the line-side converter acts as an inverter
(making both V. and V; negative) and regenerated power is fed to the line.

Figure 6.3 shows the phasor diagrams in motoring and regeneration modes. Note that the
line-side converter is always line-commutated irrespective of the rectifier or inverter mode of
operation. This line commutation also implies lagging VAR demand at the input of the converter.
From the same considerations, we can infer that the load-side converter can be commutated by
the load CEMF (load commutation) if it can supply lagging VAR to the converter. or the load
power factor is leading. This condition turns off the outgoing thyristor by applying a negative
voltage segment of the CEMF wave. Verification of this by sketching waveforms is left as an
exercise. The conclusion we can draw is that an over-excited synchronous machine load at a
leading power factor can provide load commutation. whereas an induction motor load with a
lagging power factor requires some type of forced commutation.

6.2.1 Inverter Operation Modes

The inverter firing angle o can vary ideally in the range 0 to 2 with respect to the CEMF
wave. The following general operation modes can be obtained, as explained in Figure 6.4,

6.2.1.1 Mode |: Load-Commutated Rectifier (0 < a < 7/2)

This mode corresponds to the familiar line-commutated rectifier mode of operation,
except that here, the commutation is performed by the load instead of the line. Figure 6.4(a)
shows the phase voltage and current waves for o = /4. When the incoming thyristor Q| in
Figure 6.1 is fired, the outgoing thyristor Q5 will be impressed with a negative segment of anode
voltage v . which is shown by the dashed curve (see Figure 6.2), and therefore will turn off by
load commutation. The fundamental component of i, in Figure 6.4(a) lags the voltage wave by
m/4, and the corresponding phasor diagram is shown on the right side. The active power will
flow from the load to the dc link, which will be pumped back to the line by the line-side con-
verter acting as an inverter, as explained before. The dc link voltages are given by the following
general expressions:

For the inverter:

V, ==V, cosa (6.2)
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For the rectifier:
V, =V, cosa' =V, =V,, cos(r—a) (6.3)

where o = firing angle of the rectifier, and it is assumed that the supply and load emfs are equal.
For oo = n/4, angle o' = 3n/4, giving both V, and V, as negative values. At this condition, as
explained before, the load will supply lagging VAR to the inverter (i.e., leading VAR will be
supplied to the load from the inverter). This mode can be considered as over-excited synchro-
nous machine operation in regenerative mode.

6.2.1.2 Mode 2: Load-Commutated Inverter (/2 < oo < )

This mode is explained in Figure 6.4(b) for a typical angle o = 37/4. The outgoing thyris-
tor Qs is commutated by the load since v, is negative in this range. The active power flows to
the load and the dc link voltages are positive, as determined by Equations (6.2) and (6.3). The
load is required to operate at leading power factor, as in the previous mode. This mode can there-
fore be considered as the motoring mode of a synchronous machine operating at over-excitation.

6.2.1.3 Mode 3: Force-Commutated Inverter (1 < o < 37/2)

By delaying the inverter firing angle further beyond 7, the advantage of load commutation
is lost since the outgoing thyristor Q5 is impressed with a positive v, voltage. Therefore, for
successful operation in this range, some type of forced commutation is required. The phasor dia-
gram at the typical phase angle ¢ = 57/4 indicates that the active power flows to the load, giving
motoring operation, and lagging VAR is consumed by the load. This mode therefore corresponds
to induction motor operation.

6.2.14 Mode 4: Force-Commutated Rectifier (3n/4 < o < 2m)

In this mode, as in Mode 3, the inverter requires forced commutation. The phasor diagram
in Figure 6.4(d) indicates rectifier operation, with the load demanding lagging VAR. This mode
can therefore be identified as induction motor operation with regeneration. All four modes are
summarized in Figure 6.5.

Synchronous Induction
motor motor
.~ Load o Forced
commutation i commutation”
! J
0 i n 3n2 21
«
Mode ! |  Mode2 Mode3 |  Moded |
S — D et EIE W WO S >]‘< -
| Regeneration Motoring Motoring | Regeneration l

Figure 6.5 Summary of modes for ac machine operation



Load-Commutated Inverters 277

6.3 LOAD-COMMUTATED INVERTERS

In the previous section, we discussed different operation modes of current-fed inverters
with a CEMF-type load. These modes are also generally valid for single-phase inverters with a
passive-type load. The concepts are further expanded in this section.

6.3.1 Single-Phase Resonant Inverter

Let us consider a single-phase, H-bridge thyristor inverter with passive RL load as shown
in Figure 6.6. The inverter is fed by a phase-controlled rectifier (single- or three-phase). A
capacitor C of sufficiently high value is connected across the load so that at fundamental fre-
quency, the effective load has a leading power factor. The purpose of the capacitor is to have
load commutation of the thyristors. The circuit is generally used for high-frequency induction
heating applications. Figure 6.7(a) shows the inverter load voltage and current waves, assuming
that the dc link inductance is very high and has near perfect filtering of harmonic currents by the
capacitor. The thyristor pairs Q0> and Q30,4 are switched alternately for & angle to impress a
square current wave at the output. The fundamental component of load current leads the nearly
sinusoidal load voltage wave by °. When thyristor pair Q,0, is switched on. outgoing pair
Q304 is impressed with a negative voltage segment for duration 3°, causing load commutation.
Since f= @t,, the minimum value of S should be sufficient to turn off the thyristors during
time 7,. The thyristors can be replaced by symmetric blocking GTOs or IGBTs with series

Iy
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f f Q SZ «— v —> Q,
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Figure 6.6 Single-phase parallel resonant inverter with load commutation
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Figure 6.7 (a) Load voltage and current waves, (b) Phasor diagram

diodes. Like a thyristor converter, a load-commutated converter can be considered soft-switched
with zero-current switching. Figure 6.7(b) shows the fundamental frequency phasor diagram
where the load rms voltage V, is drawn as the reference phasor. The load current /; is at lagging
power factor angle ¢ and can be resolved into a reactive component / and an active component
Ip. The leading capacitor current I overcomes the lagging current /() so that the effective DPF
cos 3 becomes leading. The effective load can be considered as a parallel resonant circuit and
the inverter frequency is higher than the resonance frequency (@ > ,) so that the effective DPF
is leading. Figure 6.6 can be considered as dual to the voltage-fed series resonant inverter shown
in Figure 5.49.

6.3.1.1 Circuit Analysis
The general circuit equations of the inverter can be given as

: diy, (6.4)
vp = R+ L— '
L =1 0
) dvy (6.5)
i~r=C -
¢ dt
e (6.6)
ly, =i i
. (6.7)
lL = l] —‘12
i =i +iy (6.8)
diy .
va—v, =Ly 7; +igRy (6.9)

where R ; is the resistance of inductor L, The equations can be expressed in state-variable form
and solved for transient and steady-state conditions with the help of a computer program. Such a
generalized model-based analysis permits complete design of the inverter, including the effect of



Load-Commutated Inverters 279

harmonics. The control loops of the converter system can be added for completeness of the
design. We will attempt here an approximate steady-state analysis, assuming that L is lossless
and of infinite value and that the load is highly inductive (@L >> R). Again, the operation’s near
load resonance (small f8) will be considered and the harmonic effect on the load will be ignored.
The series RL load can be resolved into parallel L; and R| components so that reactive compo-
nent /) flows through L, and active component /p flows through R|. The load impedance Z; can
be written in the form

R joL
7, =R+ joL =9
Rl +.]a)L1
, 5 (6.10)
Riw*L} L. RioL,
R} +jo?l} "R+ j0’L}
If the circuit is highly inductive, IQ >> Ip, that is, R| >> wL,, then
2.2
L )
R=20 g 6.11)
R,
or
2
w-L
R1=‘R—l , Li=L (6.12)

The total load fundamental component of current (i.e., the fundamental component of the square
wave) is given as

’:é@ﬁz (6.13)

I
L T

The active dc power supplied by the source is consumed in the load; in other words,

‘72

L

Pd—led—— (614)
Rl

Again, the active and reactive components of the total load current can be given as

’ V,
Ip=1I; cosﬁ:—i (6.15)
R

’ ’ . VL

¢
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where X, = j L, || 1/joC. Combining Equations (6.15) and (6.16) yields

, RX,)

— (6.17)
2 2
VR +X,

From Equations (6.13) and (6.14) we get

, W2, 227

T IRV

(6.18)

Iy

Combining Equations (6.17) and (6.18) yields

2
2 -
v, . R +X, (6.19)

’

=—=Vy
J8 X,
The load voltage, currents, and commutating angle 3 can be calculated from the above equations
for the given circuit parameters. Or else, for a specified [ angle, the value of capacitance can be
determined for a given load.

Figure 6.8 shows an effective load equivalent circuit with a phasor diagram. There are
basically two control variables of the inverter, the dc link current /; and frequency @. With con-
stant frequency, if the current /,, that is, /; is increased, the 8 angle will remain constant and the
output power will increase. If, on the other hand, /, is constant but frequency ® is increased, the
I;” phasor will rotate to increase the  angle and the output power will be reduced.

In practice, the load may be variable. Therefore, for satisfactory load commutation, one
possibility is to vary the capacitance C such that the desired margin angle f is always main-
tained. It is more convenient to keep the capacitor fixed and vary the inverter frequency, as men-
tioned above, such that it is always slightly higher than the load resonance frequency. This
condition can assure leading power factor operation at a fixed leading angle f. Figure 6.6 shows
the inverter frequency control derived from a feedback B angle through a phase-locked-loop
(PLL) control. Some frequency variation is of no concern for an induction heating-type load.

v

S
Wh
|
/XI

<v

Figure 6.8 Load equivalent circuit with phasor diagram
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Instead of a constant margin angle, a constant margin time 1g is desirable in variable-frequency
operation. With a constant 3 angle, as the frequency decreases, the margin time fg becomes
larger than necessary, causing unnecessary VAR loading of the inverter.

6.3.2 Three-Phase Inverter

6.3.2.1 Lagging Power Factor Load

The concept of load commutation, as explained above with a single-phase inverter. can be
extended to polyphase inverters. Figure 6.9 shows a current-fed, three-phasc bridge inverter with
lagging power factor load where the load commutation is achieved with a leading VAR load con-
nected at the load terminal. Again, as discussed before, with a variable load, a fixed capacitor
bank can be connected at the terminal and the inverter frequency can be manipulated so that the
effective inverter load has a leading power factor and commutation occurs at a fixed advance
angle B. If, however, the load is an induction motor, the inverter frequency is dictated by the
machine’s speed requirement. With a constant volts/Hz requirement at the machine terminal. as
the machine speed rises with frequency, the voltage also increases proportionally, and therefore.
the capacitor current I~ increases with the following parabolic relation:

I =Vl = Ko*C (6.20)

where V' = phase voltage, @ = machine frequency, and C = equivalent capacitance/phase. The
correct leading VAR requirement at the machine terminal can be met, for example. by an SVC.
which was discussed in Chapter 5. The SVC compensates the lagging VAR of the machine. but
in addition, consumes the correct leading VAR so that the effective load power factor is leading
at angle 3

® ™7

Lagging PF
load

Leading VAR
load

Figure 6.9 Three-phase bridge inverter with load commutation of lagging power factor load
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6.3.2.2 Over-Excited Synchronous Machine Load

Thyristor current-fed, load-commutated inverters (LCI) are extremely popular in high-
power (multi-MW) wound-field synchronous motor drives where it is easy to maintain the
required leading power factor angle by adjusting the field excitation. This type of drive has been
used widely in pumps and compressors. The absence of a forced commutation requirement for
thyristors makes the inverter simple, reliable, cost-effective, and more efficient. The slow-speed,
rectifier-type thyristors are well-suited for the inverter. The torque and speed of the machine are
controlled by the dc link current and inverter frequency, respectively, and the machine 1s oper-
ated by self-control mode, which will be explained in Chapter 9.

Figure 6.10 shows the fundamental frequency phasor diagram of a salient pole synchro-
nous machine for load commutation under motoring condition, and Figure 6.11 shows the motor
phase voltage and current waves, including the commutation overlap effect. Note the phase
reversal of currents in these figures conform with the standard motoring phasor diagram (see
Figure 2.31). The phasor diagram uses all the standard notations, and winding resistance and
commutation overlap have been neglected. A flux linkage phasor diagram has been added in the
figure, where Y= field flux (linkage), ¥, = armature reaction flux, and y, = resultant stator flux.
The machine usually has a damper winding to reduce the commutation overlap angle (i), but
current does not flow in it except during the commutation transient. The d and ¢© components
of ¥, can be written from the phasor diagram as

i 6.21
Vis = L(/s / ds = \/EL(/.S'I it (5 + (Z)) ( )

Wy = Lyl = \/ELqSI‘\. cos(0+¢) (6.22)

gstgs

e (1% aXIS

l’ d® axis

Figure 6.10 Phasor diagram of synchronous motor with load commutation
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Figure 6.11 Phase voltage and current waves at synchronous motor terminal indicating
load commutation

where the variables are in rms values. Since Ly, # L, in a salient pole machine, the phasors y,
and /, are not cophasal.

Note that the voltage and current waves of a load-commutated inverter are essentially
identical with those of the phase-controlled inverter, and indeed, Figure 6.11 has already been
explained without the commutation overlap effect in Chapter 3 (see Figure 3.27). The machine
can easily go into regeneration mode by reducing the firing angle « to zero when the inverter
operates as a diode rectifier. The machine terminal voltages will deviate slightly from the nomi-
nal waves shown in Figure 6.11 due to resistance drop and commutation voltage spikes. The
commutating inductance L., which causes the voltage spike and overlap angle u, should be
small. An expression of the overlap angle that was derived in Equation (3.56) can be repeated as

2wL,.1
cos(ﬂ—,u)—cosﬁ:%i (3.56)

N

The parameter L. is basically the subtransient inductance of the machine, which can be approxi-
maltely given by

Lo=05(L, +L,) (6.23)
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where

”

6.24
Ly =L+ Ly ||Ll‘/‘r (0-2%)

|Ll(/r

L =Ly+L

gm qur (6.25)
These parameters are the Thevenin inductances of d“ and ¢ equivalent circuits, respectively, of
the machine equivalent circuits shown in Figure 2.36, where the winding resistances were
ignored. Although not included in Equations (6.24) and (6.25), the damper winding resistances
Ry and R, play an important part in reducing the effective value of L. Thus, during commuta-
tion, overlap angle 1t a pulse of current flows in the damper winding.

0.3.2.3 Synchronous Motor Starting

The load commutation of an inverter with an over-excited synchronous machine load as
discussed above depends on the CEME, and therefore, the machine should not operate below a
critical speed. The CEMF becomes lower at lower speeds and causes the commutation overlap
angle 1 to be larger. Typically, below 5 percent of the base speed, the load commutation does not
work satisfactorily. In this speed range, the inverter needs some type of forced commutation,
which is discussed later. A type of forced commutation that does not require any additional
power circuit components is known as the pulsed or dc link current interruption method |2]. and
is explained in Figure 6.12. In this method, the inverter thyristors are commutated by periodi-
cally interrupting the dc link current [, as shown. The three-phase inverter firing pulses are
derived from an absolute position encoder mounted on the machine shaft. Assume, for example,
that commutation is desired from thyristor Q5 to Q4 in Figure 6.1 when Q5 on the positive side is
conducting (see Figure 6.2). At point A, the line-side converter is blocked. The converter will be
dragged into inverting mode when negative V, pumps the energy stored in L, and the machine
phases into the line, and /; falls to zero. During current interruption, inverter conducting thyris-
tors Oy and Q3 will turn off, but then at point B, Q5 and Q4 are fired and the line-side converter
is enabled to re-cstablish current /. Thus, conduction is successfully transferred from Q5 to Q.
The dc link bypass thyristor Q4 (acting as a diode), shown in Figure 6.1, can help fast current
mterruption. When the line-side converter is blocked, Q4 is fired to lock the current in L,
through it. This helps faster current interruption in Q5 and Qs because of reduced feedback
cnergy. This mode of control is repeated every /3 interval and the machine phase current
becomes slightly less than 27/3 wide per half-cycle with a small gap in the middle. The machine
is started from zero speed with field current and the developed torque gradually increases the
speed until the control is transitioned to load commutation. Nearly fully developed torque can be
obtained in this method, and the machine can have sustained operation in this mode.

Besides variable-speed drives, load-commutated inverters are also used as solid-state,
variable-frequency starters for line-synchronized, constant-speed operation of the machine. As a
gencral-purpose starter for a machine, it has the following three modes of operation: (1) at low
speed. the motor is started with forced commutation of the inverter as explained above; (2) when
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Figure 6.12 Pulse method of starting synchronous motor (a) Pulse train from rotor position
encoder, (b) DC link current, (c) Inverter phase CEMF voltage and current waves

adequate speed is developed, the drive enters into load commutation mode; (3) as the machine
speeds up and the voltage, frequency, and phase conditions match with the utility line, the
machine is switched into the utility system. The solid-state starter, although expensive, gives the
machine the additional capability for speed control in four quadrants. This starting scheme
becomes especially attractive in a multiple-machine installation where one starter can be time-
shared.

6.4 FORCE-COMMUTATED INVERTERS

It was mentioned before that a current-fed inverter requires forced commutation if the load
power factor is not leading. Although a number of forced commutation schemes are available in
the literature, in this section, only one scheme will be reviewed briefly.

6.4.1 Auto-Sequential Current-Fed Inverter (ASCI)

Figure 6.13 shows a three-phase bridge inverter with an auto-sequential method of forced
commutation, which supplies power to an induction motor load. As mentioned before, the
induction motor model is approximately represented by a per-phase equivalent circuit that con-
sists of a sinusoidal CEMF in series with an effective leakage inductance L. At the stalled condi-
tion of the machine, the CEMF is zero and the motor becomes ideally an inductive load.
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Figure 6.13 Three-phase bridge ASCI inverter with induction motor load

Thyristors  Q—Qg are the principal switching devices of the inverter, where each of them con-
ducts in sequence, ideally for 271/3 angle, to establish the usual six-stepped current waves in the
machine. The series diodes and delta-connected capacitor banks (all with equal values), which
are connected to each of the upper and lower groups of thyristors, constitute the forced commu-
tation elements. The capacitors store a charge with the correct polarity for commutation and the
series diodes tend to isolate them from the load. In normal inverter operation, the upper group
and lower group devices operate independently, and there are six commutations per cycle of fun-
damental frequency.

Figure 6.14 explains commutation from thyristor Q, to Q,, and shows the corresponding
equivalent circuit. All the other commutations are similar. The CEMF magnitudes and their
polarity are dictated by motoring mode operation (Mode 3 in Figure 6.5). The discussion on
commutation is also valid during the regenerative mode (Mode 4). When incoming thyristor Q,
is fired, outgoing thyristor Q, is impressed with reverse voltage across the capacitor bank, as
shown in the figure. It is assumed that the capacitor bank has a stored charge at this correct
polarity. Thyristor Q, turns off almost instantaneously with the reverse voltage. The dc link cur-
rent /; flows through Q3 and Dj in the upper group, phases b and ¢ of the machine, device D,,
the delta capacitor bank, and Q, to the negative supply. The capacitor bank then charges lincarly
with the dc current /,. During this constant current charging of the capacitor bank, there is no
drop in the inductance L and diode D4 remains reverse-biased by the dominating line CEMF
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P u—
lg
Figure 6.14 Equivalent ASCI circuit during commutation from Q, to Q4
voltage v.,. The linear charging period ends when the capacitor bank voltage equals the line
voltage, and then diode D4 begins to conduct. The current I, then resonantly transfers to Dy
completely and terminates the commutation process.

During the current transfer interval, a large voltage spike (Ldi/dt) will be induced across
each L and will be added with the CEMF. Machine spike voltage is a serious problem, which can
be suppressed by a diode bridge at the machine terminal with a zener diode load. The machine
can also be designed with low leakage inductance to reduce this voltage.

ASCI inverter-fed induction motor drives of medium to large capacity have been widely
used in industry, but recently, they have become obsolete in competition with inverters using
self-controlled devices, which will be discussed later.

6.5 HARMONIC HEATING AND TORQUE PULSATION

We have discussed six-step current-fed inverters in a previous section. Six-stepped current
waves create harmonic heating and torque pulsation problems like six-stepped voltage waves in
voltage-fed inverters, which were discussed in Chapter 2. The pulsating torque problem may be
serious for mverter operation below a few Hz of fundamental frequency because the pulsating
torque frequency may be near the mechanical resonance frequency of the drive. Similar to volt-
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age-fed inverters, there are essentially the following two methods for harmonic heating and pul-
sating torque compensation of current-fed inverters:

* Multi-stepped inverters
* PWM inverters

These techniques will be discussed later in detail. If the dc link is not very stiff, there is a possi-
bility of pulsating torque compensation by modulating the dc current 1; with the front-end con-
verter. This principle is explained in Figure 6.15. Figure 6.15(a) shows the torque ripple with the
ideal six-stepped phase current wave. Assuming an approximate instantancous power balance
between the inverter input and machine shaf( output, we can write

p=1,V,=Tw, (6.26)

or

I
T, =—Lvy, (6.27)

Hl
Considering current /; and speed ®,, as constants, the torque ripple follows the inverter d¢ voli-
age ripple of a six-pulse, phase-controlled bridge converter, and therefore is given by /3 seg-
ments of a sine wave, as shown. The dc link current I; can be controlled by a high-gain
mstantaneous torque control loop so that it ideally follows the inverse profile of the torque ripple

as indicated in Figure 6.15(b). In practice, the inductance L, in the dc link will not permit such
precise control.

i | SRS AN NN S |

Time Time
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Figure 6.15 (a) Pulsating torque with smooth dc current, (b) Smoothing of pulsating torque
by modulation of dc current
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6.6 MULTI-STEPPED INVERTERS

Multi-stepping a current-fed inverter above six steps is an obvious method of solving har-
monic heating and torque pulsation problems. The principle is essentially the same as that of the
multi-stepped voltage-fed inverters discussed in Chapter 5. A 12-pulse, phase-controlled thyris-
tor converter using two six-pulse bridge circuits and phase-shifting transformers was explained
i Figure 3.36. The circuit configuration, redrawn in Figure 6.16, can be directly used for a
synchronous motor drive with load commutation where the ac source is replaced by the three-
phase machine. Here, the line commutation is substituted by the load commutation of the
machine. Both six-pulse inverter components operate symmetrically with 773 phase shift angle
because the machine CEMF waves reflected at the inverter outputs are also shifted by /3 angle.
A 12-step current wave flows in the machine winding, which has the characteristic harmonic
components of | l[h, l3‘h, 23"‘1, 25th, etc., and the lowest frequency of the pulsating torque corre-
sponds to the 12" harmonic. Thus, higher harmonic frequencies and their lower amplitudes
reduce pulsating torque and harmonic heating effects considerably. A similar power circuit con-
figuration can also be used on the line side for feeding the inverter. As usual, during motoring
mode, the line-side converter operates as a rectifier and the load-side unit acts as an inverter.
However, during regeneration, their roles are reversed. For the induction motor load. the inverter
requires forced commutation, and therefore, the load-commutated inverter may be replaced by
an ASCI inverter. Of course, to justify the complexity of a 12-pulse power circuit, the drive sys-
tem power rating should be considerably high.

Twelve-pulse inverters with phase-shifting transformers, as discussed above. become very
expensive, although the advantage is that a standard three-phase machine can be used. The trans-
formers can be eliminated by using an asymmetric six-phase machine, as shown in Figure 6.17.
This machine has an asymmetric six-phase winding in the sense that the xyz winding group is

12-step
current wave
3¢ bridge —>

] CTP /6

@ Synchronous motor

3¢ bridge
/0

Figure 6.16 12-step load-commutated inverter for synchronous motor drive
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Figure 6.17 Equivalent 12-pulse load-commutated inverter drive for synchronous motor
with asymmetric six-phase machine

phase-advanced by 7/6 angle with respect to the abe winding group. In a conventional or sym-
metric six-phase machine, the three-phase winding groups are displaced by a 7/3 angle. The
advantage of the asymmetric connection is that if the component three-phase windings are sup-
plied by the inverters at 7/6 phase shift angle, as shown in the figure, the resultant magnetic field
has 12-pulse harmonics. Therefore, an equivalent 12-pulse operation of the machine results as
far as the harmonic torque pulsation is concerned. Of course, the windings carry the usual six-
stepped current wave. The machine CEMFs are at /6 phase-shift angle for each three-phase
group, and therefore, the firing pulse train of the lower bridge is phase-shifted by /6 with
respect to the upper bridge. The inverter input voltages V,;; and V> are equal and their sum, V,
=V, + Vo will contain a 12-pulse ripple. The same power circuit configuration can be used
for an induction motor drive also, but a load-commutated inverter is replaced by a force-commu-
tated inverter.

6.7 INVERTERS WITH SELF-COMMUTATED DEVICES

6.7.1  Six-Step Inverter

So far, we have seen that the speed of an induction motor can not be controlled by a simple
six-step thyristor current-fed inverter. The inverter requires either forced commutation or an
expensive SVC at the machine terminal. Let us now consider a six-step, current-fed inverter
using self-controlled symmetric blocking devices, such as GTOs, as shown in Figure 6.18. Since
the GTOs can be turned on and off by gate current pulse, the inverter can easily control the six-
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Figure 6.18 Six-step GTO current-fed inverter with induction motor load

step current wave in a lagging power factor induction motor load at an arbitrary phase position.
Note that a small delta capacitor bank is yet to be connected at the machine terminal. but its
function is entirely different and can be defined as follows: (1) primarily, it permits commutation
from the outgoing GTO to the incoming GTO, which will be explained later, and (2) it acts as a
load filter for higher harmonics. Reduced harmonics in the machine current reduces machine
copper loss and torque pulsation, and attenuates acoustic noise. There can be a harmonic reso-
nance problem with the load, which will be discussed later. All the devices are hard-switched. as
usual. but snubbers are not shown for simplicity.

Consider. for example. commutation from device Q to Q5. Figure 6.19 shows the equiva-
lent circuit during commutation. Initially, device Q| in the upper group and Q> in the lower
group are conducting and the dc link current 1, is flowing through Q1. phase a, phase ¢. and Q-.

as indicated. The equivalent capacitance C,, between lines b and a and the polarity of the line

C A

Figure 6.19 Equivalent circuit during commutation from Qto Q5
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voltage v;,, across the capacitor are indicated in the figure. The sequence of commutation can be
summarized as follows:

* Turn on GTO @y at instant A, which is shown in the upper part of the figure. The polarity
of voltage across C(,q indicates that Q; will not automatically turn off by this voltage polar-
ity as in a load-commutated inverter.

* Turn off Q. The current /; quickly transfers to Q5 (irrespective of capacitor voltage polar-
ity). which now flows through the equivalent capacitor C,,,.

* The capacitor quickly charges and eventually overcomes the line CEMF between phases a
and b. Gradually, the current transfers to phase b. The commutation is complete when cur-
rent /, is fully transferred to phase b.

The total commutation time . is indicated in the figure. Once the commutation is com-
plete, the current can be commutated back to device Q. if desired. This back-and-forth commu-
tation can create a PWM current wave in a phase with desirable notch and pulse widths, which
will be discussed later. Since the commutation takes a finite time interval 7., the notch and pulse
widths should not fall below a minimum value.

Note that the capacitor bank is not desired to give phase compensation of the lagging load.
Figure 6.20 shows a typical phasor diagram at the machine terminal, assuming constant active
and reactive currents are consumed by the load. As explained before, with rated flux, the
machine terminal voltage and frequency increase proportionally with speed. At low machine
speed, both frequency and voltage are low, which make the capacitor current /- small. There-
fore, the inverter’s terminal lagging power factor is low. As the machine speed increases, the
power factor improves (see Equation (6.20)), as shown, giving less loading on the inverter. At
maximum speed, the power factor is unity and the inverter loading is minimum. With a leading
power factor, of course, the GTO inverter can be operated with load commutation.

Figure 6.20 Phasor diagram at inverter output terminal at increasing machine speed
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Figure 6.21 Harmonic equivalent circuit of induction motor with commutating capacitor

The converter system of Figure 6.18 can easily be operated in four-quadrant mode. Multi-
MW GTO current-fed inverter drives with six-step waves have been built for pump and fan-type
drives. For the lower power range, the GTOs can be substituted by IGBTs with series diodes.

6.7.1.1 Load Harmonic Resonance Problem

The current wave supplied to the motor with a capacitor bank in parallel contains harmon-
ics, and one of these harmonics may create a resonance problem. Figure 6.21 shows the per-
phase harmonic equivalent circuit of the machine with the equivalent shunt capacitor at the
input. In a large machine, resistances Ry and R, are small and can be neglected. A simplified par-
allel LC equivalent circuit is shown on the right, where the equivalent inductance L consists of a
parallel combination of L, and L;, in series with L. The skin effect will tend to increase the
rotor resistance, but it is neglected for simplicity. The resonance frequency f,. of the circuit is
given by the expression

l

R (6.28)
2m JLC,,

A harmonic component of the inverter output current wave may excite destructive voltage
and current in the machine due to the resonance effect. This is also accompanted by excessive
copper loss, core loss, and torque pulsation. The typical range of resonance frequency in a prac-
tical machine is 100 Hz to 200 Hz. Consider, for example, a resonance frequency of 120 Hz.
Figure 6.22 shows the fundamental frequency variation of a six-step inverter current to excite the
resonance at different harmonics. The current wave has the characteristic harmonic components
of S 71 11" 13% etc. This means. as shown in the figure, the 13" harmonic of 9.2 Hz, 11
harmonic of 10.9 Hz. 7" harmonic of 17.1 Hz, and 5" harmonic of 24 Hz coincide with the res-
onance frequency. As the machine starts from zero speed, the order of the harmonic. coinciding
with the resonance frequency, will gradually decrease until above 24 Hz fundamental frequency:
thus, there is no possibility of resonance effect. If the drive is designed for maximum frequency
of 60 Hz, then for operation typically in the range of 30 Hz to 60 Hz, there is no possibility of
steady-state resonance. During start-up mode, it is possible to ride through the resonance effect
by fast acceleration of the drive. For steady-state operation at any frequency, the characteristic
harmonic causing the resonance can be eliminated by the selected harmonic elimination PWM
technique, which will be discussed later.

Jr
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Figure 6.22 Frequency variation of inverter to excite machine resonance at harmonics

6.7.2 PWM Inverters

The disadvantages of a six-step current wave, such as harmonic heating, torque pulsation,
and acoustic noise, can be significantly reduced by PWM wave shaping of the inverter’s current
wave. The PWM current waves with reduced harmonic content are further filtered by the com-
mutating capacitor bank to make the machine current nearly sinusoidal. The PWM techniques of
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Figure 6.23 Trapezoidal PWM principle

current-fed inverters are somewhat different from those of voltage-fed inverters. In this section.
we will briefly discuss a few PWM methods.

6.7.2.1 Trapezoidal PWM

The trapezoidal PWM technique is somewhat analogous to the sinusoidal PWM technique
of a voltage-fed inverter, and it was possibly the earliest method proposed in the literature [3].
The principle of this PWM method is explained in Figure 6.23. A trapezoidal modulating wave
of maximum amplitude B and at motor fundamental frequency is compared with a triangular
carrier wave of peak amplitude A, and the points of intersection generate the PWM pattern, as
shown in the figure. The pattern has a quarter-cycle as well as a half-cycle symmetry, and the
middle 7/3 segment does not have any modulation. There are essentially two variables for PWM
pattern generation: one is the modulation index m = B/A, which is the ratio of the modulating
wave amplitude to the carrier amplitude, and the other is the pulse number M in the half-cycle of
inverter operation. Harmonics in the PWM pattern can be varied by changing these parameters.
Figure 6.24 shows the relation between the modulation index and the lower order harmonics in
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Figure 6.24 Harmonics in PWM current wave with different modulation index and M = 21
(pulses per half-cycle)
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the PWM current wave for M = 21. The harmonic amplitudes decrease with higher modulation
index, and the value of 0.82 is considered optimum where the 5™ harmonic is zero and the 7%,
11", and 13™ harmonics are given by 4 percent, | percent, and 2 percent, respectively. The fun-
damental component of current is relatively insensitive to the modulation index and M values.
Figure 6.25 shows the fabrication of PWM current waves for the three phases at the inverter out-
put using this pattern. The fundamental component of the waves is also indicated in the figure.
With this harmonically optimized PWM pattern remaining constant, the magnitude of the sinu-
soidal current is controlled by the dc link current /,. Since only two devices conduct at any
instant in a current-fed inverter, the PWM pattern in one phase should be made complementary
with another phase. In a voltage-fed inverter, on the other hand, the PWM patterns for the three
phases are independent since the phase voltages are independently controlled with three devices
conducting (one for each phase) at any instant. In Figure 6.25, the middle 7/3 segment does not
have any modulation, but the 7/3 segment at the leading and trailing edges of each half-cycle are
modulated with an adjacent device in the same group (upper or lower). Consider, for example,
the initial /3 segment (marked T) in Figure 6.25, where GTO Qg is carrying the negative phase
b current without modulation, whereas the positive phase a and phase ¢ currents are modulated
by devices Q and Qs. There is the possibility of high transient voltage build-up on commutating
capacitors by this back-and-forth switching of devices accompanied by the harmonic resonance
effect. This problem has been solved by controlled shoot-through conduction of the series
devices.

It is necessary to control the device switching frequency (to limit switching loss) to
nearly constant, irrespective of the fundamental frequency of the current. This can be done by
making the parameter M constant in many segments of the fundamental frequency, as shown in
Figure 6.26, for switching frequency near 1.0 kHz. A look-up table of optimized PWM patterns
for different M values can be stored in a microcomputer for implementation. Note that in a
multi-MW GTO inverter, the switching frequency hardly exceeds a few hundred Hz.

It can be shown [5] that trapezoidal modulation can give low harmonic components up to
harmonic order n = 1.5 (M + 1) for values of M > 9. Again, although trapezoidal modulation is
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effective in controlling lower order harmonics, it does produce a pair of harmonics of order 1 =
3(M —1) £ 1 with large magnitude. For this reason, the importance of trapezoidal modulation is
substantially diminished for M < 9.

6.7.2.2 Selected Harmonic Elimination PWM (SHE-PWM)

Selected harmonic elimination PWM (SHE-PWM) has the following advantages: it not
only can improve the harmonic content of output current, but it can also eliminate the particular
harmonic that will tend to cause resonance problem. The principle of SHE-PWM was explained
in Chapter 5; however, in a current-fed inverter, there are a number of restrictions. Constider the
three-phase PWM current waves with SHE-PWM shown in Figure 6.27 with five pulses per
half-cycle (M = 5). In addition to quarter-cycle and half-cycle symmetry, the first 7/6 and last
/6 intervals in each half-cycle are inverse images of each other. All the switching angles of the
haif-cycle of the i, wave and the initial part of the i. wave are indicated in the figure. Note that in
the initial 77/3 interval, the positive current is switched between i, and 1., whereas i, is negative.
unmodulated current. Angles o and ¢, are the variables, and all the other swilc hing angles are
related to them. With two unknown variables. two significant harmonics can be eliminated (such
as 5™ and 7[h) from the current wave. The fundamental current is controlled by the dc¢ link cur-
rent /,, as mentioned before. The general relation between the number of harmonics removed
(K) and M is given by

K=(M-1)/2 (6.29)

where M = number of pulses per half-cycle. Both K and M parameters have odd values. Figure
0.28 shows current waves with M = 3 and 7. respectively. With M =3, only onc significant
harmonic (such as ith) can be eliminated. and with M = 7. three significant harmonics (such as
sth, 71h and | ][h) can be climinated. The value of M can be increased at low fundamental fre-
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Figure 6.27 Selected harmonic elimination PWM current wave showing five
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Figure 6.28 Selected harmonic elimnation PWM current wave showing three and seven
pulses/half-cycle (a) M= 3, (b) M=7

quency to eliminate more significant harmonics. The o angles can be solved from equations dis-
cussed in Chapter 5. Table 6.1 gives o angles for the elimination of some significant harmonics
[5]. Unfortunately, the elimination of lower order harmonics boosts the higher order significant
harmonics, which adversely affects harmonic loss. Note that in a practical implementation of
SHE-PWM, the minimum pulse and notch widths are to be maintained for satisfactory commu-
tation of the devices. To eliminate the harmonic resonance problem, as explained in Figure 6.22.
the desired « angles given in Table 6.1 should be maintained in the vicinity of fundamental
frequency as it varies.

So far, we have considered a harmonically optimized, fixed PWM wave pattern with a
variation of the fundamental current magnitude by modulation of the dc link current /. It is
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Table 6.1  Switching Angles for Elimination of Some Significant Harmonics

Significant Harmonics

Pulses/Half-Cycle (M) to be Eliminated Switching Angles (o)
3 5th 18.0°
3 7th 21.43°
3 11th 24.55°
3 13th 25.38°
5 Sth, 7th 7.93°,13.75°
7 5th, 7th, 11th 2.24°5.6°,21.26°

possible, for example, to have generalized techniques for realizing PWM patterns which provide
selective harmonic elimination as well as current magnitude modulation similar to a voltage-fed
inverter [6]. In this scheme, the full-rated dc link current 1, is always maintained and a combina-
tion of chops and short-circuit pulses are positioned in such a way that lower order harmonics
are eliminated selectively, in addition to current magnitude modulation at a desired switching
frequency. This scheme has the advantage of fast transient response, but the losses are excessive.

6.7.3 Double-Sided PWM Converter System

The inverter in Figure 6.18, operating cither in six-step or PWM mode, can also be operated
in regenerative mode, that is, the variable-frequency electrical energy from the machine side can
be converted to dc, which can then be pumped to the line. In this mode, as explained before. the
load-side converter acts as a rectifier and the line-side converter acts as an inverter, The polarity of
de link voltages change, while the polarity of dc link current always remains the same. Since the
current-fed PWM inverter has the capability to operate as a rectifier, it is apparent that the line-
side, phase-controlled thyristor rectifier can be substituted by a self-controlled GTO PWM recti-
fier. Such a double-sided PWM converter system is shown in Figure 6.29. The configuration is
cssentially a dual of the double-sided PWM voltage-fed converter system shown in Figure 5.60.
The capacitor bank on the line side performs similar functions as those on the load side. The
PWM current wave fabrication method remains the same, except the linc-side converter has the
additional responsibility of controlling the dc link voltage so that the dc link current can be
smoothly controlled. The PWM current wave at the rectifier input is filtered by the capacitor bank
so that the line current becomes nearly sinusoidal. Additionally, the current wave can be placed at
an arbitrary phase position with the phase voltage to make the line power factor unity. leading. or
lagging. The line frequency and voltage are nearly constant, and therefore, a fixed leading current
will flow through the capacitor bank. As shown by the phasor diagram, the fundamental current at
the rectifier input should be lagging slightly to give unity power factor on the line side. Since
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Figure 6.29  Circuit configuration of double-sided PWM converter system

there is PWM control on both sides of the dc link, the inductor L, can be substantially reduced
(typically 10 percent) compared to that of the double-sided, six-step converter system.

As mentioned before, both the inverter and rectifier units require PWM control to produce
sinusoidal voltages and currents in the machine and line, respectively. However, the rectifier has
the additional duty to control the dc link voltage to regulate the magnitude of motor current,
while the inverter controls the frequency corresponding to motor speed. Figure 6.30 shows a
simplified control block diagram of a converter system [7] that uses the trapezoidal PWM tech-
nique. The main blocks of the inverter section control are the clock generator, counter 2, PWM
pattern storage memory, pattern selector, ring counter 2, and PWM waveform synthesizer. The
clock generator generates the clock pulse train with a frequency proportional to the inverter fre-
quency Commandf_;*. These clock pulses are counted by counter 2 and the counted values are

Rectifier Inverter
Ac power section section Induction
source £ v # motor
T =T T
Gate circuit 1 Gate circuit 2
jlile fpanoc
PWM waveform PWthayefoer
ARR | synthesizer 1 synthesizer
r-——“-—-h
Comparator
Ring counter 1 Ring counter 2 Pattern selector
VY, g g j
PWM pattern & ﬁ ﬁ
carrier waveform
storage memory Counter2 =1 stgr\gvgl\g Lr)ﬁé‘r?]g‘ry
L
Counter 1 -——[—jjsishn‘ter Clock generator
A sy .
PLL circuit ,
dc link voltage Inverter output
S command v,* frequency command fs*

Figure 6.30 Control block diagram of double-sided converter system using trapezoidal
PWM method
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used as address signals for the PWM pattern storage memory. A number of current wave pat-
terns, as indicated in Figure 6.23, are stored in the PWM pattern storage memory. The pattern
selector is used to select an appropriate current pattern from those stored in the PWM pattern
storage memory, depending on the fundamental frequency command, as indicated in Figure
6.26. PWM waveform synthesizer 2 synthesizes the output signals of ring counter 2 and the pat-
tern selector to generate the time domain PWM pulse train for gate circuit 2. As the inverter
command frequency increases, the pulse pattern for a fixed M value in the range of fundamental
frequency shrinks in the time domain (see Figures 6.26 and 6.23) until another pattern is selected
for a higher frequency range so that the GTO switching frequency remains nearly constant.

In the PWM rectifier section’s control, the PLL (phase-locked loop) circuil generates the
clock frequency, which is N times that of the ac supply frequency. These clock pulses are
counted by counter 1 and the counted values are used as address signals for the PWM pattern
and carrier waveform storage memory. The digital words corresponding to a triangular carrier
wave generated from this memory are compared with the dc link voltage command (,* to pro-
duce the bypass gate pulses which force the rectifier leg to short-circuit to control the dc link
voltage. The phase shifter is a circuit that changes the firing angle of the rectifier section (phase-
controlled rectifier mode) at a low dc link voltage because of the minimum pulse and notch
interval requirements of GTOs. PWM waveform synthesizer 1 synthesizes the output signals of
ring counter I, the PWM pattern, and the comparator output to generate a time domain PWM
pulse train for gate circuit 1, as shown.

Figure 6.31 explains the rectifier’s operation in one cycle of the power source voltage with
the help of gate signals, dc link voltage, dc link current, and input PWM-controlled currents. The
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Figure 6.31 Waveforms explaining dc link voltage control by PWM rectifier
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gate signals contain the bypass gate pulses, which are shown in a dark color. Consider, for exam-
ple, the /3 segment, marked as V, during which the bypass gate pulses are applied to GTO Q.
The gate signals are also applied to Q,” during the same time. As a result, the phase a rectifier
leg is short-circuited. As long as the bypass gate pulses are supplied, the dc link current will
flow, bypassing the ac power source. All other segments are similar to the V segment. Conse-
quently, the PWM current waves at the rectifier input become sinusoidally modulated wave-
forms, as shown in the figure. The capacitor bank, acting as a filter, converts the line-side current
waves to nearly sinusoidal form, as discussed before. The gate signals shown in the figure were
obtained by combining the bypass gate pulses for controlling the dc link voltage with the basic
PWM pulse pattern selected to minimize harmonics. Therefore, the pulse widths in the gate sig-
nals can be distributed sinusoidally and the input currents become sinusoidal waveforms, even if
the bypass gate pulse widths are changed.

6.7.4 PWM Rectifier Applications

6.7.4.1 Static VAR Compensator/Active Filter

In the double-sided PWM converter system shown in Figure 6.29, it is possible to discon-
nect the inverter unit and short the inductor output terminal. Such a circuit configuration is shown
in Figure 6.32, where the reverse-blocking GTOs are replaced by IGBTs with series diodes.
Although both the number of devices and the conduction losses are higher, IGBTs have the fol-
lowing advantages: the PWM frequency can be higher, and the minimum pulse and notch widths
are smaller. Neglecting losses in the devices and the inductor for the present, the PWM rectifier
can control the desirable dc current /; with zero active power input. In such a case, the fabricated
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Figure 6.32 PWAM rectifier circuit used as static VAR generator
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PWM current wave orientation at the input is such that its fundamental component is either lead-
ing or lagging at quadrature with respect to the supply voltage. The fundamental current can be
controlled by controlling the current /. Therefore, the circuit can operate as a controllable lcading
or lagging SVC. Of course, a small loss component of input current should be added with the
input reactive current. This function is similar to a voltage-fed PWM rectifier SVC.

[n fact, the circuit of Figure 6.32 can also be used as an active harmonic filter. Consider.
for example, that a 5™ harmonic current consumed by a parallel thyristor converter is to be com-
pensated. The PWM rectifier can be controlled such that the input current pattern fundamental
component is the 5" harmonic, which is placed in phase opposition with the current to be com-
pensated. Although in principle, the current-fed rectifier scheme is a competitor to the voltage-
fed SVC/active filter scheme, the former is not preferred because of higher losses. higher cost,
and sluggish transient response.

6.7.4.2 Superconducting Magnet Energy Storage (SMES)

Another interesting application of a PWM rectifier is an SMES system. The off-peak
energy of the utility system can be rectified to dc by the PWM rectifier and stored as magnetic
energy in the superconducting coil L. The coil is cooled cryogenically so that it becomes loss-
less with zero resistance. The stored energy can be inverted and pumped back to the utility sys-
tem during peak demand period. Compared to the traditional thyristor phase-controlled
converter scheme, the line current wave is nearly sinusoidal. In fact, the line current (corre-
sponding to the loss component) can be placed in phase with the supply voltage while the induc-
tor current circulates through the rectifier.

6.7.4.3 DC Motor Speed Control

A PWM rectifier circuit can also be used for two-quadrant speed control of a d¢ motor
where the inductor is replaced by the motor aramature. The motor armature current can be con-
trolled to control the torque at any speed. In regenerative braking mode, the rectifier acts as an
iverter and energy is pumped back to the source. Again, the scheme is superior to a phase-
controlled converter because the line current is sinusoidal and DPF can be maintained at unity at
all operating conditions. A dual-converter system can extend the drive operation into the four-
quadrant mode.

6.8 CURRENT-FED VS. VOLTAGE-FED CONVERTERS

So far, we have discussed different types of current-fed converters and their performance
characteristics. At this point, it is useful to make a general comparison of their features with
those of voltage-fed converters, which were discussed in Chapter 5. A current-fed converter is
essentially a dual to the voltage-fed converter. Note that a voltage-fed converter can be operated
in the current control mode by adding a current feedback loop. Similarly, a current-fed converter
can be operated in the voltage control mode, if desired, by adding a voltage control loop. But,
our definitions of voltage-fed and current-fed converters are based on whether the dc supply (or
the link) is a voltage source or a current source. A broad summary comparison of the two classes
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of converters is given below. The comments are generally valid for a six-step, current-fed
inverter if not mentioned otherwise.

* In a current-fed inverter, the inverter 1s more interactive with the load, and therefore, a
close match between the inverter and machine is desirable. For example, the inverter likes
to see a low leakage inductance, unlike that of a voltage-fed inverter, because this parame-
ter directly influences the inverter commutation process. A large leakage inductance of
machine filters harmonics in a voltage-fed inverter, but in a current-fed inverter, it length-
ens the current transfer interval which limits the PWM frequency as well as the fundamen-
tal frequency of operation. For an ASCI inverter, the inductance causes a voltage spike
problem, which may be several times the peak machine CEMF.

A current-fed converter system has inherent four-quadrant operation capability and does
not require any extra power circuit component. On the other hand., a voltage-fed converter
system requires a regenerative converter on the line side. In the case of a 60 Hz power fail-
ure, regenerated power in the current-fed system cannot be absorbed in the line; therefore,
machine specd can be reduced only by a mechanical brake. For a voltage-fed system, how-
ever, the dynamic brake in the dc link can be used when line power fails.

A current-fed converter system is more rugged and reliable, and problems such as shoot-
through faults do not exist. Momentary short-circuits in the load and the misfiring of thy-
ristors are acceptable. Fault interruption by gate circuit suppression is simple and straight-
forward.

* Devices must be symmetric blocking in a current-fed system, unlike the asymmetric
blocking devices (with bypass diode) in a voltage-fed system. The devices can be some-
what slow because the commutation time is dominated by the external circuit.

The control of six-step converters is simple and similar to phase-controlled, line-commu-
tated converters. However, the control of PWM converters may be more complex.

A multi-machine load on a single inverter or parallel multi-inverter load on a single recti-
fier 1s very difficult in a current-fed system. A drive system usually consists of one recti-
fier, one inverter, and one machine. In applications where multi-machine or multi-inverter
capability is required, a voltage-fed system is normally used.

Current-fed inverters have sluggish dynamic response compared to PWM voltage-fed
inverters. A current-fed inverter drive cannot be operated in an open-loop condition,
whereas open-loop volts/Hz control of a voltage-fed inverter is very common. This will be
further discussed in Chapter 8.

The successful operation of a current-fed inverter requires that a minimum load always
remain connected. The inability to operate at no-load condition invalidates its application
in many areas. On the other hand, voltage-fed inverters operate easily at no load.

From the overall cost, efficiency, and transient response points of view, a voltage-fed
PWM converter drive system is definitely superior. This is evident by its widespread
application.
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6.9 SUMMARY

This chapter gives a broad overview of different types of current-fed converters and their
performance characteristics. In the beginning, a six-step thyristor inverter was studied in a gen-
eralized manner with machine load to explain its operation with load commutation and forced
commutation. A single-phase, load-commutated inverter for induction heating and a three-phase
load commutation with an over-excited synchronous motor load were studied in some detail.
Current-fed inverter drives are normally used for higher power ranges. Particularly. multi-MW,
load-commutated, synchronous motor drives are the most popular application of current-fed
inverters. This type of drive will be studied further in Chapter 9. The possibility of induction
motor speed control with load commutation was discussed. Force-commutated. thyristor-type.
current-fed inverters have been obsoleted recently, and therefore. only a brief description was
included.

Principal PWM techniques were reviewed. The double-sided PWM converter system and
its control were discussed. A number of important applications of PWM rectifiers were
described. Finally, a broad comparison between voltage-fed and current-fed converter systems
was given, which should help you to select the topology for a particular application. Although
the current-fed converter drive system has a few special merits, overall, the voltage-fed converter
drive system is the winner, which is evident by its widespread application.
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CHAPTER 7

Induction Motor
Slip-Power
Recovery Drives

7.1 INTRODUCTION

Induction motor drives with full-power control on the stator side, as discussed in Chapters 4. 5
and 6, are widely used in industrial applications. Although either a cage-type or wound-rotor
machine can be used in the drive, the former is always preferred because a wound-rotor machine
is heavier, more expensive, has higher rotor inertia, a higher speed limitation, and maintenance
and reliability problems due to brushes and slip rings. However, it is interesting to note that a
wound-rotor machine with a mechanically varying rotor circuit rheostat is possibly the simplest
and oldest method of ac motor speed control. One feature of this machine is that the slip power
becomes easily available from the slip rings, which can be electronically controlled to control
speed of the motor. For limited-range speed control applications, where the slip power is only a
fraction of the total power rating of the machine, the converter cost reduction can be substantial.
This advantage offsets the demerits of the wound-rotor machine to some extent. Slip-power
recovery drives have been used in the following applications:

* Large-capacity pumps and fan drives

* Variable-speed wind energy systems

* Shipboard VSCF (variable-speed/constant-frequency) systems
* Variable-speed hydro pumps/generators

* Utility system flywheel energy storage systems

In this chapter, we will study the principles of slip-power control, particularly the popular
static Kramer and static Scherbius drives. It should be noted that the nomenclature in these
classes of drives is not consistent.
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7.2 DOUBLY-FED MACHINE SPEED CONTROL BY ROTOR RHEOSTAT

A simple and primitive method of speed control of a wound-rotor induction motor is by
mechanical variation of the rotor circuit resistance, as shown in Figure 7.1.

The torque-slip curves of the motor for varying rotor resistance Rr, as calculated by
Equation (2.32), are shown in Figure 7.2. With external resistance R| = 0, that is, with the slip
rings shorted, the inherent torque-slip curve of the machine gives a speed corresponding to point
A at the rated load torque. As the resistance is increased, the curve becomes flatter, giving less
speed until the speed becomes zero at high resistance (> R4). The maximum or breakdown
torque (see Equation (2.35)) remains constant, but the starting torque, given by Equation (2.33),
increases with higher resistance. The mechanical variation of resistance has the inherent dis-
advantage. In addition, this method of speed control is very inefficient because the slip energy is
wasted in the rotor circuit resistance. However, several advantages of this method are: absence of
in-rush starting current, availability of full-rated torque at starting, high line power factor,
absence of line current harmonics, and smooth and wide range of speed control. The scheme is
hardly used now-a-days.

Instead of mechanically varying the resistance, the equivalent resistance in the rotor cir-
cuit can be varied statically by using a diode bridge rectifier and chopper as shown in Figure 7.3.
As usual, the stator of the machine is connected directly to the line power supply, but in the rotor
circuit, the slip voltage is rectified to dc by the diode rectifier. The dc voltage is converted to cur-
rent source /; by connecting a large series inductor L. It is then fed to an IGBT shunt chopper
with resistance R as shown. The chopper is pulse width modulated with duty cycle 6 = ¢,,/T.
where t,, = on-time and T = time period. When the IGBT is off, the resistance is connected in
the circuit and the dc link current /; flows through it. On the other hand, if the device is on, the
resistance is short-circuited and the current /; is bypassed through it. It can be shown that the

3¢, 60 Hz supply

Stator

Rotor

r & §

Figure 7.1 Doubly-fed induction motor speed control by rotor rheostat
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Figure 7.2 Torque-slip curves of motor with variable rotor resistance
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Wound-rotor
machine

Bridge  Chopper
rectifier

Figure 7.3 Motor speed control with rotor circuit chopper

duty cycle control of the chopper offers an equivalent resistance Ry = (1 — §)R between points A
and B. Therefore, the developed torque and speed of the machine can be controlled by the varia-
tion of the duty cycle of the chopper. This electronic control of rotor resistance is definitely
advantageous compared to rheostatic control, but the problem of poor drive efficiency remains
the same. This scheme has been used in intermittent speed control applications in a limited
speed range, where the efficiency penalty is not of great concern.

7.3 STATIC KRAMER DRIVE

Instead of wasting the slip power in the rotor circuit resistance, it can be converted to
60 Hz ac and pumped back to the line. The slip power-controlled drive that permits only a sub-
synchronous range of speed control through a converter cascade is known as a static Kramer
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Figure 7.4 Static Kramer drive system

drive, and the scheme is shown in Figure 7.4. It is different from the original Kramer drive,
where rotating machines were used for slip energy recovery. The static Kramer drive has been
very popular in large power pump and fan-type drives, where the range of speed control is lim-
ited near, but below the synchronous speed. The drive system is very efficient and the converter
power rating s low, as mentioned before, because it has to handle only the slip power. In fact,
the power rating becomes lower with a more restricted range of speed control. The additional
advantages, which will be explained later, are that the drive system has dc machine-like charac-
teristics and the control is very simple. These advantages largely offset the disadvantages of the
wound-rotor induction machine.

The machine air gap flux is established by the stator supply, and it practically remains
constant if stator drops and supply voltage fluctuation are neglected. Ideally, the machine rotor
current is a six-stepped wave in phase with the rotor phase voltage if the dc link current /; is con-
sidered harmonic-free, and the commutation overlap angle of the diode rectifier is neglected.
The machine fundamental frequency phasor diagram referred to the stator is shown in Figure
7.5, where V = phase voltage, [,‘.f’ = fundamental frequency rotor current referred to the stator,
W, = air gap flux, [, = magnetizing current, and ¢ = power factor angle. With constant air gap
flux, machine torque becomes directly proportional to current I,:/-'. Since I,:/-' is directly propor-
tional to dc link current 7, the torque is also proportional to ;. Instead of static resistance con-
trol as discussed in the previous section, the scheme here can be considered as CEMF control,
where a variable CEMF V; is being presented by a phase-controlled, line-commutated inverter to
control the dc link current /. In steady-state operation, the rectified slip voltage V,; and inverter
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Figure 7.5 Machine phasor diagram referred to the stator

dc voltage V; will balance, ignoring the resistive drop in the inductance L. The voltage V,is
proportional to slip S, whereas the current I; is proportional to developed torque. At a certain
speed, the inverter’s firing angle can be decreased to decrease the voltage V;, which will increase
I, to increase the corresponding developed torque. The simplified speed and torque expressions
can be derived as follows. Neglecting the stator and rotor drops, voltage V,; is given as Equation
(3.21).

1358V,

mn

v (1.1)

where § = per-unit slip, V; = stator line voltage, and n| = stator-to-rotor turns ratio of the
machine. Again, the inverter dc voltage V, is given as Equation (3.57).

V[ :EVL‘COSOf’ (72)
)

where ny = transformer line side-to-inverter ac side turns ratio and « = inverter firing angle. For
inverter operation, the range of the firing angle is /2 < o < . Since in steady state V,; and V,
must balance, Equations (7.1) - (7.2) give

S :ﬂ’cosa‘ (7.3)
%)

Therefore, the speed expression ®, can be given as

w, =, (1-5)
:coe{l—’z![cosa]} (7.4)
h

:we(l—’cosa])
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where n|/n, = 1 has been assumed. Equation (7.4) indicates that ideally, speed can be controlled
between zero and synchronous speed @, by controlling inverter firing angle o. At zero speed,
voltage V; is maximum, which corresponds to angle o = &; at synchronous speed, V; = 0 when
o= 7/2. In practice, the maximum speed should be slightly less than synchronous speed so that
torque (i.e., ;) can be developed with a finite resistance drop (V,; = I;R;) of the dc link inductor
atV, =0.

Again, neglecting losses, the following power equations can be written:

SP, =V, (7.5)

By =(- S)Pg =T

m

5 (1.6)
= Tea)(,(l—‘S)F

where P, = air gap power, P, = mechanical output power, ®,, = mechanical speed, and P =
number of poles. Substituting Equations (7.2), (7.3), and (7.5) in (2.23) gives

P P(}
T, =(—)—*
C 2w,

VI d
Sw,
1. 35
P I/lf)

= (5)

—(2)

L |(‘05(XV(1 (77)

J—’cosa\a)y
Hy

1,

P _1.35V,
_( ) L
2 CO ny

This equation indicates that the torque is proportional to current /,;. The drive system has
nearly the characteristics of a separately excited dc motor, because the air gap flux is nearly con-
stant and the torque 1s proportional to current /,. With higher load torque 7}, the machine tends
to slow down and current /,; increases so that 7, = ;. In other words, for a fixed firing angle of
the inverter, the voltage V/ is fixed. Therefore, to balance the resistance drop of the dc link induc-
tor, V, must slightly increase, giving speed drop characteristics like a dc machine. Figure 7.6
gives torque-speed curves for different firing angles a. More accurate torque-speed relations will
be developed later.

The static Kramer drive has one-quadrant speed control characteristics. The drive cannot
have regenerative braking capability, and speed reversal is not possible. Regenerative braking in
the subsynchronous speed range will be discussed later. For reversal of speed, a circuit breaker
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Figure 7.6 Typical torque-speed curves at different inverter firing angles

can be installed on the stator side, which should reverse the phase sequence of the line voltages.
For most pump and fan drive applications, simple one-quadrant speed control is acceptable.

7.3.1 Phasor Diagram

A fundamental frequency phasor diagram can be drawn to explain the performance of the
drive system. In practice, the rotor current displacement factor will slightly deviate from unity
because of the commutation overlap angle shown in Figure 7.7. In fact, the overlap angle u
introduces a lagging angle ¢, to the fundamental current, as indicated in the figure. This current
increases as /, increases with the increase of slip S. Near zero slip, when the rotor voltage is very
small, a large current I; may cause overlap angle i to exceed the 7t/3 angle. causing a short cir-
cuit between the upper and lower diodes.

Figure 7.8 shows the approximate phasor diagram of the drive system at the rated
torque condition, where all the phasors are referred to the line or stator side. The stator draws a

Fundamental
component

Figure 7.7 Rotor phase voltage and current waves
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Figure 7.8 Phaser diagram of static Kramer drive system at rated voltage

magnetizing current /,,, which lags 7/2 angle with respect to the stator phase voltage V. The
total stator current /; lags the stator voltage by angle ¢, as shown. On the inverter side, although
the active power is fed back to the line, it also demands lagging reactive current from the line
because of phase control. This additional reactive current drawn by the inverter reduces the over-
all power factor of the system. Assuming continuous conduction of the inverter and ripple-free
current /. the inverter output power factor is |cos ¢| =|cos ¢, that is, its power factor varies lin-
carly with dc voltage V. This, of course, neglects the inverter commutation overlap effect. Con-
sider no transformer connection for the present and n; = 1. The phasor diagram shows the
inverter line current /4 at slip § = 0.5. Phasors /7 and I,_,f’ are nearly equal in magnitude because
of the nearly identical waves of these currents. The active component I cos ¢ opposes the stator
active current, whereas the reactive component Iy sin ¢ adds to the stator magnetizing current
1, The total line current /; is the phasor sum of /; and I and it lags at angle ¢, . which is larger
than the stator power factor angle ¢,. With constant torque, the magnitude of I remains con-
stant, but as the slip varies between 0 and 1, the phasor /7 rotates from a = 90° to 160°, as shown
in the figure. At zero speed (S = 1), the machine acts as a transformer, and ignoring losses, all the
active power is transferred back to the line through the inverter. The result is that both the
machine and inverter consume only reactive power. The inverter margin angle () of 20° for the
inverter covers both commutation (¢) and turn-off () angles. From the phasor diagram, it is evi-
dent that at § = 0, the system power factor is lagging at low value, which deteriorates as the slip
increases. Therefore, with restricted speed range close to synchronous speed, the power factor is
comparatively better. For reduced torque condition, the current /7 is proportionally less. The cor-
responding phasor diagram modification is left as an exercise to the reader. If, for example, the
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torque is reduced to 50 percent at § = 0.5, angle ¢ remains the same as shown and current /7 is
reduced to 50 percent, that is, both I cos ¢ and I sin @ are also proportionately reduced.

For a restricted speed range closer to synchronous speed, the system power factor can
be further improved by using a step-down transformer. The transformer primary-to-secondary
turns ratio n, can be adjusted so that at the desired maximum slip, angle ¢ = m. Of course. the
inverter margin angle should always be maintained. Substituting this condition in Equation (7.3)
gives

Smax =nm /I’lz (78)

For example, if §,,,,, = 0.5 and ny = 1, then n, should ideally be 2. In the phasor diagram of
Figure 7.8, this condition corresponds to the transformer line current /77 = 0.5/, which clearly
indicates the power factor improvement of line current /; . As the speed is increased to change
the slip from 0.5 to 0, the phasor 7" rotates anti-clockwise, as shown, until ¢ = /2. Equation
(7.3) indicates that for constant slip, the variation of ny/n| linearly varies cos & magnitude. The
constant slip line at § = 0.5 is indicated in Figure 7.8.

The step-down transformer has essentially two functions: besides improving the line
power factor, it also helps to reduce the converter power ratings. Both the rectifier and inverter
should be designed to handle the same current /; as dictated by the torque requirecment. The
rectifier should be designed for the slip voltage given by SV, /n|, whereas the inverter should be
designed for the line voltage V; in the absence of the transformer. The rectifier voltage and
corresponding power rating decrease with a smaller speed range, but the inverter must be
designed for full power. Installation of the transformer reduces the voltage and corresponding
power rating of the inverter, and the criteria for the turns ratio n, design is the same as that of
Equation (7.8). For the same example (i.e., S,,,, = 0.5, n; = I, and n, = 2), both the rectitier and
inverter have an equal power rating, which is 50 percent of the full power. It can be shown easily
that the converter power rating can be reduced proportionately as S,,,, is reduced. This is an
important advantage of the slip-power recovery drive. The discussion above assumes that the
machine is not started with the converters in the circuit. Otherwise, the advantage of a reduced
converter rating is lost.

A typical starting method of a Kramer drive with resistance switching is shown in
Figure 7.9. The motor is started with switch I on and switches 2 and 3 off. As the speed builds
up, resistances R; and R, are shorted sequentially until at the desired S
opened and the drive controller is brought into action.

may Value, switch 1 1s
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Figure 7.9 Motor starting method

7.3.2 AC Equivalent Circuit

The drive system performance can be analyzed with the help of a dc or ac equivalent cir-
cuit of the machine. We will attempt here an approximate ac equivalent circuit with respect to
the rotor. Neglecting drops in the semiconductor devices, the slip-power output is partly dissi-
pated in the dc link resistance R, of the inductor and is partly fed back to the ac line through the
transformer.

The respective power components can be given as

2 (7.9)

P =1;"Ry

1.35V; 1
Py =L cosq| (7.10)
. 1
The equivalent rotor circuit power per phase is given as
, ;o1 1.35V, 1
P =R +p :g [(12R[,+xL d \cosa} (7.11)
‘ 1y

Therefore, the machine air gap power per phase, which includes the rotor copper loss, is
given as

’ 2 ’ ’
P, =1, "R, +P +P (7.12)

m

where . = rotor rms current per phase, R, = rotor resistance, and P, = mechanical output power
per phase. The torque and corresponding mechanical power P, are essentially contributed by
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the fundamental component of rotor current I,ronly. The expression for rotor circuit copper loss
per phase is

r2 12
P, =1"R.+—I1,”R
rl r 3 d ™d (7.13)

=1," (R, +0.5R; )

6 . . . - ;.
where [, = \z/r_ld has been substituted for a six-step wave. Therefore, the expression for P, is
given as

P,,,, = (Fund.freq.slip power) %
(7.14)

_ 2 T 135VL 1-§
_|:[,f (Rr“l‘OSRd)‘*‘S*\/—g n2 1#COSQ|](T)

where the /,; = v\gld relation has been used to replace /; in Equation (7.10). The air gap power
Pg' in Equation (7.12) can be written by substituting Equation (7.14) as follows:

’ R,
2
fo =l
I, 2 n 135V, )
=—| 1/ (R, +0.5R)) +—=. I|cosal |+ (17 =15)R, +0.5R;) (7.15)
S[' (r ¢ N6 m U(| q o 'f)( ' ‘
R
) 2 Iy
=LyRy + 1=

where

2

Ry =(7—E—1)(Rr +05R,) (7.16)
I
Ry = (R, +O.5Rd)+—n—~- 3V, Icosa|
ailic (7.17)

V.
=(R. +0.5R;)+—2 ‘COSOC‘
”21;7‘

where the /, = %I,f relation has been used in Equation (7.16) to eliminate /,. Note that the air
gap power P’ consists of two components: one is the fundamental frequency slip power and the
other is the ripple power loss. Equation (7.15) indicates that the rotor circuit, which absorbs the
active power, can be represented by a per-phase passive ac equivalent circuit where R, is the
equivalent resistance given by Equation (7.17). The resistance Ry represents an additional resis-
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Figure 7.10 Per-phase passive equivalent circuit of the machine (with respect to rotor

tance that consumes harmonic power. The equivalent circuit is shown in Figure 7.10, where R4

is a function of V, 1,7, and cos o

Note that all the stator circuit parameters and the supply voltage are multiplied by S to
refer to the rotor circuit. The symbol ’(prime) indicates rotor-referred parameters with turns ratio

ny; in other words,

|
Vs —_VS

n

r 1
Xm :‘EXm

n

’ 1
Rm =_2—Rm

n

, [
RS :TRA

n

X/ =
[ 7Xls

n

(7.18)

(7.19)

(7.20)

(7.21)

(7.22)

It is more convenient to represent the equivalent circuit in terms of the CEMF presented by
the inverter. Equation (7.15) can also be written in the form

4 2
P, =1;"(Ry +Rp)+ VI,

(7.23)
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where
Rp :%(R, +0.5R,) (7.24)
V.= 1 KS—}COS(X‘ (7.25)
S Hy

Figure 7.11 shows part of the rotor referred equivalent circuit with the CEMF V., where
torque can be increased by increasing /¢, that is, by decreasing V,. (with the help of S and cos &
parameters).

7.3.3 Torque Expression

The average torque developed by the machine is given by the total fundamental air gap
power divided by the synchronous speed w,. The expression in terms of a passive ac equivalent
circuit is

P;'
T€:3§ 8.
w
‘; (7.26)
_of ) IrRa
2] s

where qu’ = fundamental frequency per-phase air gap power, and the expression of R, is given
in Equation (7.17). The equation can be solved in terms of circuit parameters as

)
AP SV, Ry
Te “3(2} RV 5 (7.27)
o, (SRS +TA) +(sx +5%, )

I 1V
rf Vo —né | cosa |

[\S]

—>p,

Figure 7.11  Part of rotor referred per-phase equivalent circuit with CEMF V,,
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where

sy

I = s
d o ¥ 5 (7.28)
(SRS + SAJ +(SX,S +SX,,.)

has been substituted. Equation (7.27) relates torque as a function of slip S, rotor current 1,4, and
inverter firing angle ¢. An approximate torque expression relating slip and the « angle can be
derived more conveniently from the equivalent circuit of Figure 7.11. The torque in terms of fun-
damental air gap power ng’ is given from Equation (7.23) as

Py
T,=3 P
2 o,

T, = 3{§ )(V(.I,f +12Ry )

(7.29)

An approximate expression of /., can be written from the equivalent circuit by neglecting

the reactances and stator resistance, which are small at small values of slip. Therefore,
sV,
SV‘, -V. . ny

—&’COSOCI
I, ~ _ e
v Rp Rp

(7.30)

Substituting Equations (7.30) and (7.25) in (7.29) yields

2/ 2
T, :3(P]L Y ‘cosa‘{SVS L ’cosa}+ VS? i—r—‘l—‘cosal
2 )0, | SmHRp n o Sny Ry\m Sny
N2
P\v2 ]cosa[ 52 ‘cosa\ 1 { s )cosag
=3 = |- — - t—|—- (7.31)
2 o, SzanB n My Rp| n Sny

, 2
v2 | |cosall §2 |cosa icosa
5[ P e |leosed(5? feoser | fs jeose]
2 Jw,R. | Sny | my 1y n Sm

where Rp = R,/S has been substituted, neglecting the resistance R,. Equation (7.31) relates
torque as a function of both the slip S and o angle approximately. A more accurate torque
expression can be derived by a computer program using the equivalent circuit. The results are
plotted in Figure 7.12. The shaded area in the figure indicates the normal zone of operation,
which can be compared with the approximate curves shown in Figure 7.6.
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Figure 7.12 Torque-speed curves at different firing angles of inverter

7.3.4 Harmonics

The rectification of slip power causes harmonic currents in the rotor, and these harmonics
are reflected to the stator by the transformer action of the machine. The harmonic currents are
also injected to the ac line by the inverter. As a result, the machine losses are increased and some
amount of harmonic torque is produced. The rotor current wave is ideally six-stepped, which is
given by the Fourier series

243 1 l 1
i, = —\/——1{, |icosa)‘.,l — =083t +—cosTwyt ——cosl lwgr + ] (7.32)
T N T R B ‘

where the fundamental component contributes the useful torque, but the lower order harmonics.
(such as 5" and 7") have dominating harmful effects. Each harmonic current in the rotor will
create a rotating magnetic field and its direction of rotation will depend on the order of the har-
monic. The 5" harmonic, for example, at frequency 5wy, rotates opposite to the direction of the
rotor, whereas the 7" harmonic, at frequency 7wy, rotates in the same direction. The intcraction
of different harmonics with the air gap flux creates pulsating torque. For example, the 5 ang 7
harmonics, interacting with the fundamental ¥, wave, contribute to the 6" harmonic pulsating
torque, which is discussed in Chapter 2. However, it can be shown that the harmonic torque is
small compared to the average torque and can be neglected in a practical drive.
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Figure 7.13 Speed control of static Kramer drive

7.3.5 Speed Control of a Kramer Drive

A speed control system of a Kramer drive is shown in Figure 7.13, and Figure 7.14 shows
its typical performance. As explained before, the drive has the characteristics of a separately
excited dc motor. and therefore, the control strategy is similar to a phase-controlled rectifier de
drive. With essentially constant air gap flux, the torque is proportional to dc link current /.
which is controlled by an inner feedback loop. If the command specd a),.* is increased by a step.
as shown in Figure 7.14, the motor accelerates at a constant developed torque corresponding to
the I(,* limit set by the speed control loop. The inverter firing angle ¢ initially decreases with
high slope to establish 7, and then gradually decreases as speed increases. As the actual speed
approaches the command speed, the dc link current is reduced to balance the load torque at a
certain o angle in steady state. As the speed command is decreased by a step, 1, approaches zero
and the machine slows down by the inherent load torque braking effect. During deceleration. the
o angle increases continuously so that the inverter voltage V; balances the rectifier voltage V.
Then, as the speed error tends to be zero in the steady state, 1, is restored so that the developed
torque balances with the load torque. The air gap flux during the whole operation remains
approximately constant, as dictated by the stator voltage and frequency. As mentioned before.
the maximum speed should be slightly less than the synchronous speed so that the current 7, can
be established with finite V.

7.3.6 Power Factor Improvement
As discussed above, the static Kramer drive is characterized by poor line power factor
because of a phase-controlled inverter. The power factor can be improved by a scheme called
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Figure 7.14 Performance characteristics of Kramer drive

commutatorless Kramer drive, which is shown in Figure 7.15. The scheme is somewhat analo-
gous to a primitive Kramer system, where a dc motor is coupled to the induction motor shaft and
is fed by the rectified slip power through a diode rectifier. In such a case. the dc motor absorbs
the slip power and returns to its shaft coupled to the ac machine. In Figure 7.15. the dc motor is
replaced by a synchronous motor with a load-commutated inverter, which acts as a “commuta-
torless dc machine.™ The commutatorless de motor will be explained in Chapter 9. The inverter
is fired from signals of an absolute position sensor mounted on the synchronous machine shaft.

The power flow diagram in the commutatorless Kramer drive is shown in Figure 7.16. The
air gap power P, flowing from the stator is split into shaft input power and slip power as in the
static Kramer system. But, the slip power drives the synchronous motor and adds to the shaft

Rectifier

Synchrorous machine

. P.S.é

v
Q‘ :
4 R

— . i
Slip power

SP[J I

Comutatorless dc motor

Figure 7.15 Commutatorless Kramer drive system
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Figure 7.16 Power flow diagram in commutatorless Kramer drive system

input power to constitute the total mechanical power. The synchronous motor field is supplied
from the line through a controlled rectifier. The speed and torque of the drive system are con-
trolled by the field current /; with the inverter firing angle o set to an optimum value for load com-
mutation of the inverter. At any speed, a higher value of /; will increase the machine CEMF, that
is, the inverter dc voltage V;, which will decrease the developed torque. As the machine speed
decreases from synchronous speed, V,; increases linearly, but /yincreases (/;= K(V;/w,)), reach-
ing saturation soon at a lower speed. Again, as is characteristic to the load-commutated inverter
drive, speed control is not possible at low values because of insufficient CEMF. Besides having an
improved power factor, the system will operate reliably with short-time power failure, which is
not possible in a static Kramer drive. The drive, as usual, has one-quadrant characteristics.

7.4 STATIC SCHERIUS DRIVE

As explained above and indicated by the phasor diagram of Figure 7.5. the Kramer drive
has only a forward motoring mode (one quadrant) of operation. For regenerative mode opera-
tion, rotor current wave should be reversed and the corresponding phasor /,; should be negative.
as indicated in Figure 7.17.

This feature requires that the slip power in the rotor flow in the reverse direction. If the
diode rectifier on the machine side is replaced by a thyristor bridge, as shown in Figure 7.18, the
slip power can be controlled to flow in either direction. With reverse slip-power flow at subsyn-
chronous speed, the power corresponding to shaft input mechanical power can be pumped out of
the stator. It can be shown that such a drive system, with bidirectional slip-power flow. can be
controtled for motoring and regenerating in both the subsynchronous and supersynchronous
ranges of speed. This scheme is often defined as a static Scherbius drive system. The line com-
mutation of the machine-side converter becomes difficult near synchronous speed (excessive
commutation overlap time), when the ac voltage is very small.
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Figure 7.17  (a) Waveforms for regenerative operation of Kramer drive, (b) Phasor diagram
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Figure 7.18 Static Scherbius drive system using dc-link thyristor converters

The dual-bridge converter system in Figure 7.18 can be replaced by a single phase-
controlled line-commutated cycloconverter, as shown in Figure 7.19. The use of a cycloconverter
means additional cost and complexity of control, but the resulting advantages are obvious. The
problem of commutation near synchronous speed disappears, and the cycloconverter can easily
operate as a phase-controlled rectifier, supplying dc current in the rotor and permitting true syn-
chronous machine operation. The additional advantages are near-sinusoidal current waves in the
rotor, which reduce harmonic loss, and a machine over-excitation capability that permits leading
power factor operation on the stator side. In fact, the cycloconverter’s input lagging power factor
can be cancelled by the leading machine’s power factor so that the line’s power factor is unity.
The cycloconverter should be controlled so that its output frequency and phase track precisely
with those of the rotor slip frequency voltages. Like a Kramer drive, a Scherbius drive also
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Figure 7.19 Static Scherbius drive using cycloconverter

requires resistive starter starting, which is not shown in Figure 7.19. Of course, like the Kramer
drive, speed control is only possible in the forward direction. The Scherbius drive has recently
found application in multi-MW, variable-speed pumps/generators [7] and flywheel energy  stor-
age [8] systems. The transformer shown on the line side of the cycloconverter is needed, as
explained before, to reduce the converter power rating.

7.41 Modes of Operation

There are four modes of operation of a Scherbius drive, which can be explained with the
help of Figure 7.20. In all the cases, it is assumed that the shaft torque is constant to the rated
value and losses in the machine and cycloconverter are neglected.

Mode 1: Subsynchronous Motoring

This mode, shown in Figure 7.20(a), is identical to that of the static Kramer system. The
stator input or air gap power P, is positive and remains constant, and the slip power SP,, which
is proportional to slip (which is positive), is returned back to the line through the cycloconverter,
as shown. Therefore, the line supplies the net mechanical power output P,, = (1 — $)P, con-
sumed by the shaft. The slip frequency current in the rotor creates a rotating magnetic field in the
same direction as in the stator, and the rotor speed @, corresponds to the difference (@, — @)
between these two frequencies. At true synchronous speed (S = 0), the cycloconverter supplies
dc excitation to the rotor and the machine behaves like a standard synchronous motor.

Mode 3: Subsynchronous Regeneration

In regenerative braking condition, as shown in Figure 7.20(b), the shaft is driven by the
load and the mechanical energy is converted into electrical energy and pumped out of the stator.
With negative rated torque, the mechanical power input to the shaft P, = (1 ~ S)P, increases
with speed and this equals the electrical power fed to the line. In the subsynchronous speed



Static Scherius Drive 327

(1-S)P,
<
/_L //:;:
e
s '/‘:Nr\)e
(1-S)P Ost
(0 = /. -sP,

¢+P

—\ e
/

7

2o

\
(1+9) QL _0> B
{c) i \(/\—/ / (81—3
\\\ / S 9
(1+9)P,
’_

_’
+SPg

k_/S

Figure 7.20 Modes of operation of static Scherbius drive
(cycloconverter not shown):

(a) Mode 1: Subsynchronous motoring,

(b) Mode 3: Subsynchronous regeneration,

(c) Mode 2: Supersynchronous motoring,

(d) Mode 4: Supersynchronous regeneration

range, the slip S is positive and the air gap power P, is negative; correspondingly, negative slip
power SP,, is fed to the rotor from the cycloconverter so that the total air gap power is constant.
The rotor current has positive phase sequence as before. At synchronous speed, the cyclocon-
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verter supplies dc excitation current to the rotor and the machine behaves as a synchronous gen-
erator. The drive can have sustained operation in mode 3. The typical application in this is a
variable-speed wind generation system.

Mode 2: Supersynchronous Motoring

In this mode, as shown in Figure 7.20(c), the shaft speed increases beyond the synchro-
nous speed, the slip becomes negative, and the slip power is absorbed by the rotor. The slip
power supplements the air gap power for the total mechanical power output (1 + S)P,. The line
therefore supplies slip power in addition to stator input power. At this condition, the phase
sequence of slip frequency is reversed so that the slip current-induced rotating magnetic field is
opposite to that of the stator.

Mode 4: Supersynchronous Regeneration

In this mode, indicated in Figure 7.20(d), the stator output power P, remains constant, but
the additional mechanical power input is reflected as slip-power output. The cycloconverter
phase sequence is now reversed so that the rotor field rotates in the opposite direction. The
variable-speed wind generation mentioned for mode 3 can also be used in this mode.

Power distribution as a function of slip in subsynchronous and supersynchronous speed
ranges is summarized for all four modes in Figure 7.21, where the operating speed range of £50
percent about the synchronous speed is indicated. The control of the Scherbius drive is some-
what complex. It will be discussed in Chapter 8 with the help of vector or field-oriented control
(see Figure 8.45).

Bidirectional slip-power flow with a cycloconverter, as discussed above, is also possible if
the cycloconverter is replaced by a double-sided, PWM, voltage-fed converter system, as shown -
in Figure 7.22. For a high power rating, IGBTs can be replaced by GTOs. The dc link voltage V
should be sufficiently higher than the inverter line voltage to permit PWM operation in the
linear or undermodulation region. Both the rectifier and inverter can be operated at a program-
mable input power factor so that the effective line power factor can be maintained at unity. The
rectifier operates satisfactorily at variable voltage and variable slip frequency on the ac side,
including the ideal dc condition at synchronous speed.

7.4.2 Modified Scherbius Drive for VSCF Power Generation

A modified Scherbius drive, which has a somewhat similar topology to Figure 7.15, has
been used for stand-alone shipboard VSCF power generation. The scheme, shown in Figure
7.23, has some interesting features. Induction generator output power is fed to a stand-alone, 60
Hz, constant voltage bus, which supplies the active and reactive load power as shown. The distri-
bution of active and reactive powers in the supersynchronous and subsynchronous ranges is
shown in the figure. The stator active power output P, of the generator is equal to the turbine
shaft power and the slip power fed to the rotor by the cycloconverter. The stator reactive power
output Q; is reflected to the rotor as SQ;, which is added with the machine magnetizing power
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requirement to constitute the total reactive power Q;” of the cycloconverter. The power Q" is
further increased to Q; " at the cycloconverter input, which is supplied by the shaft-mounted Syn-
chronous exciter. The slip frequency and its phase sequence are adjusted for varying shaft speed
so that the resultant air gap flux rotates at synchronous speed, as explained before. In subsyn-
chronous speed range, the slip power SP,, is supplied to the rotor by the exciter, and therefore.
the remaining output power (1 - $)P,,, is supplied by the shaft. In supersynchronous speed range.
the rotor output power flows in the opposite direction and runs the excitor as a synchronous
motor. Therefore, the total shaft power increases to (1 + S)P,,.. Rotor voltage and frequency vary
linearly with deviation from synchronous speed. For example, if the shaft speed varies in the
range of 800 to 1600 rpm with 1200 rpm as the synchronous speed (S = +0.33). the correspond-
ing range of slip frequency is 0 to 20 Hz for 60 Hz supply frequency.
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Figure 7.23 Variable-speed, constant frequency generation using modified Scherbius drive

The modified Scherbius system as a VSCF generator has several advantages over the con-
ventional Scherbius system. One principal difference is that the wrap-around, or circulating,
KVA demanded by the rotor is supplied from a separate exciter instead of being supplied from
the machine’s stator terminals. As a result, the main machine is much smaller in size, although in
this case, the power is distributed between the two machines. The VSCF bus is much cleaner
with regard to harmonics, because the cycloconverter input harmonics are reflected to the
exciter. The rotor excitation circuit can be designed with a higher voltage, and the necessity of an
input transformer is eliminated. In the case of a supply brown-out or temporary short-circuit
fault, the system has improved controllability and reliability of power supply over the standard
Scherbius system. Again, the cycloconverter can be replaced by a double-sided, PWM voltage-
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fed converter system, which will relieve the additional reactive and harmonic power loadings of
the exciter.

7.5 SUMMARY

This chapter gives a broad review of different types of slip power-controlled drives. Unlike
a standard cage-type induction motor, these drives require a doubly-fed wound-rotor induction
motor, which is more expensive and has the disadvantages of slip rings and brushes. In the
beginning, the primitive rotor rheostat-type speed control was discussed. Then, the more impor-
tant slip-power recovery-type drives, such as the static Kramer and static Scherbius drives. were
discussed in detail for limited speed range applications. The important advantages of these
drives are reduced power rating of the converter (at the expense of a 60 Hz transformer) and a
fast dc machine-like transient response. The additional disadvantages of these drives are the
need of a separate starting method, low line power factor, and non-reversible speed control. For
Scherbius drives with cycloconverters or double-sided voltage-fed PWM converters. the power
factor problem does not arise. For large power pump and compressor-type applications within a
limited speed range, these drives have been widely used. Scherbius drives have also been used
in variable-speed wind generation, hydro/pump storage and utility systems, and flywheel
energy storage systems.
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CHAPTER 8

Control and Estimation of
Induction Motor Drives

8.1 INTRODUCTION

The control and estimation of induction motor drives constitute a vast subject, and the
technology has further advanced in recent years. Induction motor drives with cage-type
machines have been the workhorses in industry for variable-speed applications in a wide power
range that covers from fractional horsepower to multi-megawatts. These applications include
pumps and fans, paper and textile mills, subway and locomotive propulsions, electric and hybrid
vehicles, machine tools and robotics, home appliances, heat pumps and air conditioners, rolling
mills, wind generation systems, etc. In addition to process control, the energy-saving aspect of
variable-frequency drives is getting a lot of attention nowadays.

The control and estimation of ac drives in general are considerably more complex than
those of dc drives, and this complexity increases substantially if high performances are
demanded. The main reasons for this complexity are the need of variable-frequency, harmoni-
cally optimum converter power supplies, the complex dynamics of ac machines, machine
parameter variations, and the difficulties of processing feedback signals in the presence of har-
monics. While considering drive applications, we need to address the following questions:

* One-, two- or four-quadrant drive?

* Torque, speed, or position control in the primary or outer loop?

* Single- or multi-motor drive?

* Range of speed control? Does it include zero speed and field-weakening regions?
* Accuracy and response time?

* Robustness with load torque and parameter variations?

* Control with speed sensor or sensorless control?

* Type of front-end converter?

333
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* Efficiency, cost, reliability, and maintainability considerations?

* Line power supply, harmonics, and power factor considerations?

In this chapter, we will study different control techniques of induction motor drives,
including scalar control, vector or field-oriented control, direct torque and flux control, and
adaptive control. Intelligent controls with expert systems, fuzzy logic, and the neural network
will be covered in Chapters 10, 11, and 12, respectively. The estimation of feedback signals, par-
ticularly speed estimation in sensorless vector controls will be discussed. Variable-frequency
power supplies will be considered with voltage-fed inverters, current-fed inverters, and cyclo-
converters. However, emphasis will be given to voltage-fed converters because of their popular-
ity in industrial drives. The reader should thoroughly review the fundamentals of induction
machincs in Chapter 2 before embarking on this chapter.

8.2 INDUCTION MOTOR CONTROL WITH SMALL SIGNAL MODEL

The general control block diagram for variable-frequency speed control of an induction
motor drive is shown in Figure 8.1. It consists of a converter-machine system with hierarchy of
control loops added to it. The converter-machine unit is shown with voltage (VS*) and frequency
(a)(,*) as control inputs. The outputs are shown as speed (w,), developed torque (7,), stator cur-
rent (1,), and rotor flux (y,). Instead of voltage control, the converter may be current-controlled
with direct or indirect voltage control in the inner loop. The machine’s dynamic model given by
Equations (2.104), (2.105), and (2.115) is nonlinear and multivariable. Besides, there are cou-
pling effects between the input and output variables. For example, both the torque and flux of a
machine are functions of voltage and frequency. Machine parameters may vary with saturation,
temperature, and skin effect, adding further nonlinearity to the machine model. The converter
can be described by a simplified model, which consists of an amplifier gain and a dead-time lag
due to the PWM sampling delay. The system becomes discrete-time because of the converter
and digital control sampling effects. All the control and feedback signals can be considered as dc

Wy
+ Vs
(0; —> G > > (,Or
Converter- > T
Controller machine ¢
.| syst > s
n g ystem
Yr > > > Vi
Wy Additional feedback
Signals

Figure 8.1 General speed control block diagram of induction motor drive
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and proportional to actual variables. The speed control is shown with an inner torque control
loop, which may be optional. Adding a high-gain inner loop control provides the advantages of
linearization, improved bandwidth, and the ability to control the signals within safe limits. Like
a de machine, the flux of an ac machine is normally controlled to be constant at the rated value
because it gives fast response and high developed torque per ampere of current. In fact, the flux
under consideration may be stator flux (), rotor flux (). or air gap flux (W, or y,). However,
the rotor flux control is considered in the present case. The inner control loops have faster
response (i.e., higher bandwidth) than the outer loop. The “controller” block shown in the figure
may have different structures, which will be discussed later.

Since an ac drive system is multivariable, nonlinear with internal coupling effect. and dis-
crete-time in nature, its stability analysis is very complex. Computer simulation study becomes
very useful for investigating the performance of the drive, particularly when a new control strat-
egy is developed. Once the control structure and parameters of the control system are deter-
mined by the simulation study for acceptable performance, a prototype system can be designed
and tested with [urther iteration of the controller parameters.

8.2.1 Small-Signal Model

Neglecting the discrete-time nature of the converter, the converter-machine system in Fig-
ure 8.1 can be lincarized on a small-signal perturbation basis at a steady-state operating point
and a transfer function model can be derived between a pair of input/output signals. The advan-
tage of such a transfer function model is that the stability analysis of the drive system at the qui-
escent point is now possible using classical control theory, such as the Bode, Nyquist. or root-
locus technique. Since the system is nonlinear, the poles, zeros, and gain of the transfer func-
tions will vary as the steady-state operating point shifts. The close loop control system can then
be designed with controller parameters such that at the worst operating point, the system is ade-
quately stable and the performances are acceptable.

A dynamic model of an induction motor can be given by a fifth-order system. which is
formed by combining Equations (2.104), (2.105), and (2.115). Assembling these equations in
matrix form and applying a small-signal perturbation about a steady-state operating point, we
get

o + A0, R, +SL, (@, +Am )l SL,, (0, +Aw, )L, 0 o +
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where load torque disturbance 7; is considered an input signal. Parameters Vso~ Vdsos Varo Vedro
T1o Weos Lysos Ldsor Lgro Tdro» and @y, describe the steady-state operating point and can be deter-
mined by solving the equations with all time derivatives (terms with S) set equal to zero. Linear-
izing Equation (8.1) by neglecting the A% terms and eliminating steady-state terms, we get the

small-signal linear state-space cquation in the form
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In the expressions above, the machine is considered stator-fed only (i.e., 4v,, = Avy, = 0)
and the stator voltage AV is aligned to the g*-axis so that Av,, = AV, and Avy, = 0, leaving only
AV, Aw,, and AT, as input variables. The small-signal block diagram is shown in Figure 8.2,
where the electrical and mechanical responses have been separated. The converter gain can be
easily merged with the input voltage signal AV The converter-machine model generates
currents from input control signals AV, and Aw,, and feedback speed signal Aw, acts to generate
the speed-induced CEMF. The developed torque AT, is synthesized from the currents by the
equation

3P . . . : : i 1 ‘
AT, = E (E)Lm [(ldrOAIQS + lqs()Ala'r )— (ldSOAlflr + l‘{mAl‘[S )] (8.7

The other small-signal outputs, A/, and Ay, in Figure 8.1, can be synthesized from the
current signals as follows:

The stator current /, is given as

L|=|

= iy gy (8.8)

qds
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which can be small-signal linearized as
_ I j
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Similarly, the rotor flux is given as

W»:W¢h:JWWZ+Ww2 (8.10)

where
Wy = Loigy + Ly (8.11)
Wy = Loiy, + L0y (8.12)

can be easily derived from the d “-g¢ equivalent circuits of Figure 2.23.
The linearized equation for the rotor flux can be derived as
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Figure 8.3 Small-signal transfer function block diagram

The small-signal transfer function block diagram derived from Figure 8.2 is shown in
Figure 8.3. Here, the transfer functions G(S) and G»(S) are defined as

AT, 8.15)
G1(8)=—5 aw 0.0 =0 (6.
Ay, |80 =080
AT,
Gz(S):AT; Aw,=0.AV =0 (8.16)

¢

In these equations, the speed is treated as a constant parameter (A, = (), assuming the
system inertia J is very large (i.e., mechanical response is more sluggish compared to electrical
response). In such a case, the response of speed Aw, is essentially dictated by the J parameter.
For any finite inertia system, transfer functions Aw,/AV, Aw./Aw,

- and Aw, /AT, can be derived
from the state-space form of Equation (8.2).

8.3 SCALAR CONTROL

Scalar control. as the name indicates, is due to magnitude variation of the control variables
only. and disregards the coupling effect in the machine. For example, the voltage of a machine
can be controlled to control the flux, and frequency or slip can be controlled to control the
torque. However, flux and torque are also functions of frequency and voltage, respectively.
Scalar control is in contrast to vector or ficld-oriented control (will be discussed later). where
both the magnitude and phase alignment of vector variables are controlled. Scalar-controlled
drives give somewhat inferior performance. but they are ecasy to implement. Scalar-controlled
drives have been widely used in industry. However. their importance has diminished recently
because of the superior performance of vector-controlled drives. which is demanded in many
applications. In this scction, a few selected scalar control techniques with voltage-fed and
current-fed inverters will be discussed.
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8.3.1 Voltage-Fed Inverter Control

8.3.1.1 Open Loop Volts/Hz Control

The open loop volts/Hz control of an induction motor is by far the most popular method of
speed control because of its simplicity, and these types of motors are widely used in industry.
Traditionally, induction motors have been used with open loop 60 Hz power supplies for con-
stant speed applications. For adjustable speed applications, frequency control is natural. How-
ever, voltage is required to be proportional to frequency so that the flux (y, = V,/@,) remains
constant (see Figure 2.14), neglecting the stator resistance R, drop. Figure 8.4 shows the block
diagram of the volts/Hz speed control method. The power circuit consists of a diode rectifier
with a single- or three-phase ac supply, LC filter, and PWM voltage-fed inverter. Ideally. no
feedback signals are needed for the control. The frequency a); is the primary control variable
because it is approximately equal to speed @,, neglecting the small slip frequency @,; of the
machine. The phase voltage VS* command is directly generated from the frequency command by
the gain factor G, as shown, so that the flux y, remains constant. If the stator resistance and leak-
age inductance of the machine are neglected, the flux will also correspond to the air gap flux v,
or rotor flux y,. As the frequency becomes small at low speed, the stator resistance tends to
absorb the major amount of the stator voltage, thus weakening the flux. The boost voltage Vi is

1¢/30, 60Hz
supply

Diode D
rectifier
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C
=
Vg
+
Vo
Boost +% .. A Sty
voltage Vs > va=2Vssin 6 e,
*7 * . 2 -
G | Vg /o Vb = V2V sin (6 - ?n) o, Inverter
U)* 9* * . 27[ VC »
w; e f € | Vo= \/EVS sin (g + ?) '
Speed /l/]
command
Motor

Figure 8.4 Open loop volts/Hz speed control with voltage-fed inverter
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added so that the rated flux and corresponding full torque become available down to zero speed.
Note that the effect of boost voltage becomes negligible at higher frequencies. The a)gk signal is
integrated to generate the angle signal 96,*, and the corresponding sinusoidal phase voltages (v(,*.
vb:{:, and v(‘* signals) are generated by the expressions shown in the figure. The PWM controller
is merged with the inverter block.

Figure 8.5 shows the drive’s steady-state performance on a torque-speed plane with a fan
or pump-type load (T, = Ka)rz). As the frequency is gradually increased, the speed also
increases almost proportionally, as indicated by points 1, 2, 3, 4, etc. The operation can be con-
tinued smoothly in the field-weakening region where the supply voltage V, saturates.

Now consider the load torque and line voltage variation effects. If the initial operating
point is 3 and the load torque is increased to 7, for the same frequency command, the speed will
droop from @, to w,’. This droop is small, particularly with a high-efficiency (i.e., low slip)
machine, and is easily tolerated for a pump or fan-type drive where precision speed control is not
necessary. Assume now that the operation is at point a in another torque-speed curve. If the ac
line voltage decreases, that lowers the machine terminal voltage. The speed will also droop cor-
responding to point b, as shown in the figure. As the literature suggests, a speed droop correction
in an open loop control can be achieved by adding an estimated slip signal with the frequency
command.

If the frequency command a)()* is changed abruptly by a small increment, the slip will
change to change the developed torque (within the safe limit), but the speed will tend to remain
constant because of machine inertia. However, if it is desired to change the speed by a large step
of the frequency command (positive or negative), the drive will easily become unstable. The sat-
isfactory acceleration/deceleration characteristics of the machine are explained in Figure 8.6.

Torque (Tg)

03}’\ Speed (©,)

Figure 8.5 Torque-speed curves showing effect of frequency variation, load torque, and supply
voltage changes
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Assume a pure inertia-type load for simplicity and that the machine is initially operating at
point 1. The command frequency is now increased abruptly by a small step so that with an incre-
ment of slip frequency, the operating point shifts to point 2, which corresponds to the rated,
developed torque. The drive now goes through constant acceleration with the ramping of the
frequency command when the speed tracks the frequency within the limit of slip frequency so
that the stability and safe stator current limit are maintained. At operating point 3, the frequency
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command can be decremented to attain the steady-state operating point, which is 4. The machine
torque and speed are related by the following equation:

o, = der (8.17)
J

where J = moment of inertia, T, = developed torque, and T; = load torque (zero in this case).
With the rated T, the slope of acceleration dw,/dt, as indicated in Figure 8.6(h), is dictated by
parameter J, that is, a higher J will permit slow acceleration, and vice versa. If it is possible to
estimate J on-line for a variable inertia load, the acceleration of the drive can be predetermined.
The deceleration performance is similar, and it is also explained in Figure 8.6. With a diode
rectifier on the line side, the inverter will need a dynamic brake, as indicated in Figure 8.4. By
decrementing the frequency command in a step, the operating point will shift from point 1 to 3
due to a negative developed torque. It will then decelerate with constant slope given by Equation
(8.17) until the steady-state operating point, 7, can be reached again.

Typical drive performance with open loop volts/Hz control in both the accelerating and
decelerating conditions with load torque 7; = K a),.2 1s given by the simulation results shown in
Figure 8.7. The inherent machine coupling effect slows down the torque response, as explained
before. In addition, there is some amount of underdamping in the torque and flux responses,
which increases at lower frequencies but does not affect the speed response because of inertia
filtering. Drift in the flux signal for varying torque (i.e., stator current) is also evident. Small-
signal analysis and simulation study indicate that at certain regions of operation, the system
tends to be unstable [3].

8.3.1.2 Energy Conservation Effect by Variable Frequency Drive

Numerous ac motor drives are used with a pump or fan-type load, where fluid flow control
is needed. The traditional method of flow control is by operating the machine at a constant speed
with a 60 Hz power supply, and then controlling the flow by throttle opening. The efficiency of
this method of flow control is poor, as shown in Figure 8.8, where power consumption is plotted
with the loading factor. Variable-frequency speed control of the drive with a fully open throttle
reduces power consumption, which is indicated in the figure. For example, with 60 percent load-
ing, the efficiency improvement can be as high as 35 percent. Since drives operate most of the
time at light loads, the accumulated energy savings for a prolonged time period can be substan-
tial. The payback period for investment cost of power electronics is small, particularly where the
energy cost is high. In addition to the economic factor, efficient utilization of energy reduces the
energy demand and correspondingly helps solve the environmental pollution problem where it is
generated by fossil fuels. Further improvement of drive efficicncy by programming the flux at
light loads will be discussed later.

8.3.1.3 Speed Control with Slip Regulation
An improvement of open loop volts/Hz control is close loop speed control by slip regula-
tion as shown in Figure 8.9. Here, the speed loop error generales the slip command @,; through
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a proportional-integral (P-I) controller and limiter. The slip is added to the feedback speed signal
to generate the frequency command as shown. The frequency command a)(,* also generates the
voltage command through a volts/Hz function generator, which incorporates the low-frequency
stator drop compensation. Since the slip is proportional to the developed torque at constant flux
(Equation (2.41)), the scheme can be considered as an open loop torque control within a speed
control loop. The feedback current signal is not used anywhere in the loop. With a step-up speed
command, the machine accelerates freely with a slip limit that corresponds to the stator current
or torque limit, and then settles down to the slip value at steady state as dictated by the load
torque. If the command speed co,* is reduced by a step, the drive goes into regenerative or
dynamic braking mode and decelerates with constant negative slip —a)\,,$, as indicated in the
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Figure 8.9 Close loop speed control with volts/Hz control and slip regulation

figure. The effects of load torque and line voltage variation are explained in Figure 8.10. If the
initial operating point is I and the load torque is increased from T, to T}, the speed will tend to
drop corresponding to point 2. However, the speed control loop will increase the frequency until
the original speed is restored at point 3. Since there is no close loop flux control, the line voltage
variation will cause some flux drift. Again, if the initial operating point is 1 on curve a of Figure
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(b)

Figure 8.10 (a) Effect of load torque variation, (b) Effect of supply voltage variation

8.10(b), the decrease of line voltage will reduce the flux, tending to shift the operating point to 2.
The resulting speed drop will act on the speed loop and raise the frequency to restore the original
speed at point 1 on curve ¢. The system works well in the field-weakening mode also.

8.3.14 Speed Control with Torque and Flux Control

As discussed above, the volts/Hz control has the disadvantage that the flux may drift, and
as a result, the torque sensitivity with slip (Equation (2.41)) will vary. In addition, line voltage
variation, incorrect volts/Hz ratio, stator drop variation by line current, and machine parameter
variation may cause weaker flux or the flux may saturate. In Figure 8.9, if the flux becomes
weak, the developed torque will decrease with the slip limit and the machine’s acceleration/
deceleration capability will decrease.

A speed control system with close loop torque and flux control is shown in Figure 8.11.
Additional feedback loops mean complexity of additional feedback signal synthesis and poten-
tial stability problems. A torque loop within the speed loop improves the speed loop’s responsc.
The flux control loop controls the voltage VS* as shown. Both the torque and flux feedback sig-
nals can be estimated from the machine terminal voltages and currents, as indicated. The feed-
back signal estimation will be discussed later. With constant lf/,.* command, as the speed
increases, the voltage increases proportionally until square-wave mode is reached and field-
weakening mode starts. However, if PWM operation is desired in field-weakening mode. the
flux command must be decreased to vary inversely with the speed signal so that the PWM con-
troller does not saturate. The flux control loop is usually slower than the torque control loop. The
drive can operate in regenerative (or dynamic) braking mode, but the reversal of speed requires a
reversal of the phase sequence of the inverter.

With scalar control, as the frequency command a)(,* is increased by the torque loop. the
flux temporarily decreases until it is compensated by the sluggish flux control loop. This inher-
ent coupling effect slows down the torque response.
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Figure 8.11 Close loop speed control with torque and flux control

8.3.1.5 Current-Controlled Voltage-Fed Inverter Drive

Instead of controlling inverter voltage by the flux loop, the stator current can also be con-
trolled. Close loop current control is beneficial to power semiconductors because of the inherent
protection from overcurrent. Besides, the torque and flux of the machine are directly sensitive to
currents. A voltage-fed inverter drive with outer loop torque and flux control and hysteresis-
band current control in the inner loop is shown in Figure 8.12. Instead of constant rated flux, the
flux can be programmed with torque as shown for a light-load efficiency improvement, which
will be discussed later. In the figure, the flux control loop generates the stator current magnitude,
and its frequency command is generated by the torque loop. The three-phase command currents
are then generated by the relations shown in the figure. The feedback phase currents i

can be sensed by two current sensors because for an isolated neutral load, 7,

o lpsand i,

+i,+1.=0.

The performance of the drive for subway traction [5] in both acceleration and regenerative
braking modes is explained in Figure 8.13. The figure is essentially the same as Figure 2.14
cxcept that a braking region has been added. In the constant torque region, the inverter operates
in the PWM current control mode and has the features of a current-fed inverter. Beyond the base
speed, the inverter operates in square-wave mode, because with the constant flux command, the
PWM controller fully saturates and the current commands are converted to square-wave voltage
commands. In field-weakening mode. only frequency variation by slip control is possible to con-
trol the torque. To operate on the torque envelope, the slip is increased to the maximum value in
a preprogrammed manner so that the stator current remains constant within the limit value.
Beyond the constant power region, the slip remains constant, but the stator current decreases as
indicated. The drive may operate at reduced torque at any speed by the reduction of slip. The
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Figure 8.13 Drive characteristics in acceleration and braking modes

available regenerative braking torque is diminished as the speed decreases and then vanishes at
zero speed because of the circuit drops.

8.3.1.6 Traction Drives with Parallel Machines

For a voltage-fed inverter system, multiple inverters can be operated in parallel with a sin-
gle rectifier, or multiple machines can be operated in parallel with a single inverter. In many
applications, such as conveyer lines, extruder mills, and subway and locomotive tractions, sev-
eral identical induction motors are required to operate in parallel with one inverter. Figure 8.14
shows a typical IGBT converter locomotive drive where two identical machines of equal power
rating operate in parallel with a single voltage-fed inverter, and each machine drives an axle of
the locomotive. If the machines have matched torque-speed characteristics and their speeds are
equal, each will offer identical impedance on the variable frequency supply line and their torque
sharing will be equal at all operating conditions. In practice, there will be some amount of mis-
match between machine characteristics, and speeds may not be identical because of mismatch
between the wheel diameters.

Consider first some mismatch in machine characteristics, that is, machine 1 has lower slip
than machine 2, as shown in Figure 8.15(a). The wheel diameters for each axle are identical so
that the speed @, is the same. With supply frequency @, the slip will be the same in both motor-
ing and regenerative conditions. Machine 1, with lower slip characteristics, will share more
torque than machine 2. With high-efficiency, low-slip machines, this torque-sharing inequality
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Figure 8.14 Voltage-fed inverter locomotive drive with parallel machines

will be greater. The torque sharing of machine | in motoring mode may be excessive to induce
slippage of the axle wheels. The incrementation of speed as a result of slippage will decrease its
torque sharing, and therefore, will tend to have self-correction. In the regenerative mode, if there
1s a wheel slippage of machine 1, its speed incrementation will induce larger torque sharing. thus
worsening the condition.

Consider now that the machines are exactly matched, but the wheel diameter of machine 2
is slightly shorter than that of machine 1, which will cause @,, > @, for the same vehicle speed.
This condition, as indicated in Figure 8.15(b), will cause higher torque sharing (7, ;) for machine
I in motoring condition, but lower torque sharing (7};) in regenerative mode. The wheel slip-
page characteristics will be the same as before. Again, in practice, both machine mismatch and
unequal wheel diameter problems may coexist. The composite problem is left as an exercise to
the reader. Open loop volts/Hz speed control is very convenient in these applications. However,
close loop high-performance control, such as vector control, is also possible by considering
mean feedback signals in closely matched installations.
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Figure 8.15 (a) Characteristics of mismatched machines but equal wheel diameters,
(b) Characteristics of matched machines but unequal wheel diameters

8.3.2 Current-Fed Inverter Control

Some of the control principles of voltage-fed inverter drives, as discussed above, are also
applicable for current-fed inverter drives.

8.3.2.1 Independent Current and Frequency Control

In a current-fed inverter drive, the dc link current and inverter frequency are the two con-
trol variables where the current can be controlled by varying the firing angle of the front-end
thyristor rectifier. Unfortunately, a current-fed inverter system cannot be operated in an open
loop like a voltage-fed inverter drive. A minimal close loop control system of a current-fed
inverter system, where the dc link current I, and slip @, are controlled independently, is shown
in Figure 8.16(a). Figure 8.16(b) shows its performance characteristics [6]. The current 118 con-
trolled by a feedback loop that controls the rectifier output voltage V. The commanded slip is
added with the speed signal o, to generate the frequency command a)é,*. In acceleration mode,
the slip is positive, but regeneration will be effective with a negative slip command when both V;
and V; voltages become negative and power is fed back to the source. The main disadvantage of
the system is that it has no flux control. The developed torque of the drive can be controlled
either by the current /; or the slip signal @,;. Machine acceleration in constant torque from point
I to point 2 with constant /; and constant @,; is shown in Figure 8.16(b). As explained in Figure
2.16, the machine is intentionally operated in a statically unstable region of the torque-speed
curve so that the flux remains below saturation. At steady-state point 3, if the slip is reduced to
balance developed torque with the load torque, saturation will occur. If, on the other hand, the
current ;18 reduced at constant slip, the flux may be too low.
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8322 Speed and Flux Control in Current-Fed Inverter Drive

A practical and much improved scalar control technique of a current-fed inverter drive is
shown in Figure 8.17. Here, the speed control loop controls the torque by slip control as usual,
but it also controls the current / d* through a pre-computed function generator to maintain a con-
stant flux. At zero slip, the developed torque is zero, but the current has a minimum value that
corresponds to the magnetizing current of the machine. The slip becomes negative in regenera-
tive mode, but the Id* - a)s/* relation is symmetrical with the motoring mode. The open loop, pre-
programmed Id* control is satisfactory, but it has one disadvantage: machine flux may vary with
parameter variation. An independent flux control loop outside the current control loop, as indi-
cated in Figure 8.12, can be provided for tighter flux control.
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Figure 8.17 Current-fed inverter drive with speed and flux control

8.32.3 Volts/Hz Control of Current-Fed Inverter Drive

As the current control mode of a voltage-fed inverter is possible, similarly, a current-fed
inverter can also be controlled in voltage-fed mode. Figure 8.18 shows a volts/Hz-controlled
drive with a current-fed inverter. In such a case, the features of a current-fed inverter, such as
easy regeneration to the line and immunity to the shoot-through fault, can be retained. The com-
mand frequency a)é,* operates directly on the inverter as usual. The voltage command V;:, gener-
ated from a)e* through the volts/Hz function generator, is compared with the machine terminal
voltage. The resulting error controls the dc link current /, in the inner loop, as shown. As the
machine speed is increased by ramping up the frequency command, the current 7, changes to
match the desired voltage. The drive goes to regenerative mode when the frequency command is
ramped down. A particular advantage in the control strategy is that the fluctuation of the line
voltage does not affect the machine flux because the current loop makes the desired correction.

8.3.3 Efficiency Optimization Control by Flux Program

Machines are normally operated at rated flux, as mentioned before, so that the developed
torque/amp is high and transient response is fast. Industrial drives usually operate at light loads
most of the time. If rated flux is maintained at a light load, it can be shown that the core loss
(function of flux and frequency) is excessive, giving poor efficiency of the drive. For a certain
steady-state, light-load torque condition and at a certain speed, the typical distribution of losses in
a converter-machine system and its variation with a variation of flux is shown in Figure 8.19. As
the flux y, is reduced from the rated value, the core loss decreases, but the machine copper loss
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and converter losses increase. However, the total loss decreases to a minimum value and then
increases again. It is desirable to set the rotor flux at y, (optimum) so that the converter-machine
system efficiency is optimum. Figure 8.20 shows the typical optimum flux program for variable
torque and constant speed, and compares the corresponding efficiency with that of the rated flux.
The flux program is symmetrical for motoring and regenerative torque conditions. Note that at the
rated torque, the flux should be at rated value and there is no efficiency improvement. The incre-
mental efficiency improvement becomes larger as the torque is reduced. Figure 8.12 incorporates
a similar flux program for efficiency optimization. With full commanded torque T( the rated flux
is established for fast acceleration, but at steady-state, light load, the flux is reduced for efficiency
improvement. Since core loss is also influenced by speed (i.e., frequency), the flux program
should vary with the variation of speed. Figure 8.21 shows the simulation result of a 5 hp drive’s
efficiency improvement by using flux programs at three different speeds. Normally, a machine is
designed to operate at best efficiency at the rated torque and speed (corner point). The efficiency
decreases as speed and/or torque decrease. However, at a certain speed, the incremental efficiency
improvement at light load can be substantial by flux programming. Note that Figure 8.21 shows
efficiency curves for the total converter-machine system.

Figure 8.22 shows the open loop volts/Hz program for the optimum flux programming
control of a pump-type drive, where the load torque as a function of speed is given in the figure.
At each speed, the load torque is known and the corresponding optimum flux is shown in the fig-
ure. The flux determines the applied voltage. The drive starts with a rated flux and then settles
down in the operating range where the optimum flux program is valid. Commercial drives with
volts/Hz control are often available with a selectable volts/Hz program for efficiency optimiza-
tion control. A more advanced method of efficiency optimization control by an on-line search
method will be discussed in Chapter 11.

n at rated v,

e T T T T e e e e e | WI’ (rated)
|
| Flux program for
g R : n optimization
e |
& X |
o 2 n at programmed flux |
. |
|
|
I
!
|

0 Torque (Tg) Ter

Figure 8.20 Efficiency improvement by flux program at variable torque but constant speed
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8.4 VECTOR OR FIELD-ORIENTED CONTROL

So far, we have discussed scalar control techniques of voltage-fed and current-fed inverter
drives. Scalar control i1s somewhat simple to implement, but the inherent coupling effect (i.e..
both torque and flux are functions of voltage or current and frequency) gives sluggish response
and the system is easily prone to instability because of a high-order (fifth-order) system effect.
To make it more clear, if, for example, the torque is increased by incrementing the slip (i.e., the
frequency), the flux tends to decrease. Note that the flux variation is always sluggish. The flux
decrease is then compensated by the sluggish flux control loop feeding in additional voltage.
This temporary dipping of flux reduces the torque sensitivity with slip and lengthens the
response time. This explanation is also valid for current-fed inverter drives.

The foregoing problems can be solved by vector or field-oriented control. The invention of
vector control in the beginning of 1970s, and the demonstration that an induction motor can be
controlled like a separately excited dc motor, brought a renaissance in the high-performance
control of ac drives. Because of d¢c machine-like performance, vector control is also known as
decoupling, orthogonal, or transvector control. Vector control is applicable to both induction and
synchronous motor drives, and the latter will be discussed in Chapter 9. Undoubtedly, vector
control and the corresponding feedback signal processing, particularly for modern sensorless
vector control, are complex and the use of powerful microcomputer or DSP is mandatory. It
appears that eventually, vector control will oust scalar control, and will be accepted as the indus-
try-standard control for ac drives.

8.4.1 DC Drive Analogy

Ideally, a vector-controlled induction motor drive operates like a separately excited dc
motor drive, as mentioned above. Figure 8.23 explains this analogy. In a dc machine, neglecting
the armature reaction effect and field saturation, the developed torque is given by

/

T, =K/ 1,1, (8.18)
where /, = armature current and /= field current. The construction of a d¢ machine is such that
the field flux yy produced by the current Iy is perpendicular to the armature flux y/,. which is
produced by the armature current /,. These space vectors, which are stationary in space. are
orthogonal or decoupled in nature. This means that when torque is controlled by controlling the
current /., the flux yyis not affected and we get the fast transient response and high torque/
ampere ratio with the rated Y. Because of decoupling, when the field current /¢ is controlled. it
affects the field flux yyonly, but not the w, flux. Because of the inherent coupling problem, an
induction motor cannot generally give such fast response.

DC machine-like performance can also be extended to an induction motor if the machine
control is considered in a synchronously rotating reference frame (d “—¢¢), where the sinusoidal
variables appear as dc quantities in steady state. In Figure 8.23(b), the induction motor with the
inverter and vector control in the front end is shown with two control current inputs, iy, and i, .
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These currents are the direct axis component and quadrature axis component of the stator cur-
rent, respectively, in a synchronously rotating reference frame. With vector control, i, is analo-
gous to field current /rand i, is analogous to armature current 1, of a dc machine. Therefore, the
torque can be expressed as

T, = Ky (8.19)

or

Te = Kl,id.viqx (8.20)
where ¥/, = absolute , is the peak value of the sinusoidal space vector. This dc machine- like
performance is only possible if i, is oriented (or aligned) in the direction of flux , and [y 1

established perpendicular to it, as shown by the space-vector diagram on the right of Figure
8.23(b). This means that when i s controlled, 1t affects the actual z ; current only, but does not
affect the flux y,. Similarly, When iy " is controlled, it controls the ﬂux only and does not affect
the i,, component of current. This vecton or field orientation of currents is essential under all

operating conditions in a vector-controlled drive. Note that when compared to dc machine space
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vectors, induction machine space vectors rotate synchronously at frequency @,, as indicated in
the figure. In summary, vector control should assure the correct orientation and equality of com-
mand and actual currents.

8.4.2 Equivalent Circuit and Phasor Diagram

Let us now study the concept of vector orientation further with the help of equivalent cir-
cuit and phasor diagrams. Figure 8.24 shows the complex form of d¢-¢¢ equivalent circuits in
steady-state condition derived from Equations (2.109) and (2.110), where rms values V and I
are replaced by corresponding peak values (sinusoidal vector variables), as shown. The rotor
leakage inductance L;, has been neglected for simplicity, which makes the rotor flux ¥/, the same
as the air gap flux \,,. The stator current ]AS can be expressed as

o .20 2
I = igs2 +igs (8.21)

where i, = magnetizing component of stator current flowing through the inductance L,, and
i, = torque component of stator current flowing in the rotor circuit. Figure 8.25 shows the pha-
sor (or vector) diagrams in d°-g¢ frame with peak values of sinusoids and air gap voltage \7m
aligned on the g° axis. The phase position of the currents and flux is shown in the figure, and the
corresponding developed torque expression is given by Equation (8.19). The terminal voltage \7\
is slightly leading because of the stator impedance drop. The in-phase or torque component of
current i, contributes active power across the air gap, whereas the reactive or flux component of
current i contributes only reactive power. Figure 8.25(a) indicates an increase of the i, compo-
nent of the stator current to increase the torque while maintaining the flux y, constant, whereas
(b) indicates a weakening of the flux by reducing the i;, component. Note that although the oper-
ation is explained for the steady-state condition, the explanation is also valid for the transient
condition in the gds equivalent circuit of Figure 2.24. After understanding the vector orientation
principle, the next question is how to control the i, and i, components of stator current ]AS inde-
pendently with the desired orientation. Instead of considering a cartesian form (iy, and i,,) of
control, it is also possible to consider control in a polar form (|1 and 6).

Figure 8.24 Complex (gds) equivalent circuit in steady state (rotor leakage inductance neglected)
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8.4.3 Principles of Vector Control

The fundamentals of vector control implementation can be explained with the help of
Figure 8.26, where the machine model is represented in a synchronously rotating reference
frame. The inverter is omitted from the figure, assuming that it has unity current gain, Ihdt is, 1t
generates currents i, ip, and i as dictated by the corresponding command currents i, , i, , and

" from the controller. A machine model with internal conversions is 5hown on the right. The
mdchme terminal phase currents i, i,, and i, are converted to i andz ;. components by 3¢/2¢
transformation. These are then converted to synchronously rotating trdme by the unit vector

Control ! Machine
< >i< >
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Figure 8.26 Vector control implementation principle with machine d®-qg € model
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components cos 8, and sin 6, before applying them to the d“~¢¢ machine model as shown. The
transformation equations are given in Chapter 2. The controller makes two stages of inverse
transformation, as shown, so that the control currents id‘\.* and iqs* correspond to the machine
currents I, and i, respectively. In addition, the unit vector assures correct alignment of i, cur-
rent with the flux vector ¥, and i, perpendicular to it, as shown. Note that the transformation
and inverse transformation including the inverter ideally do not incorporate any dynamics, and
therefore, the response to iy and iy is instantaneous (neglecting computational and sampling
delays).

There are essentially two general methods of vector control. One, called the direct or feed-
back method, was invented by Blaschke [9], and the other, known as the indirect or feedforward
method. was invented by Hasse [10]. The methods are different essentially by how the unit vec-
tor (cos 6, and sin 6,) is generated for the control. It should be mentioned here that the orienta-
tion of i, with rotor flux w,, air gap flux w,,, or stator flux (y;) is possible in vector control
[11]. However, rotor flux orientation gives natural decoupling control, whereas air gap or stator
flux orientation gives a coupling effect which has to be compensated by a decoupling compensa-
tion current. This is discussed later.

8.4.4 Direct or Feedback Vector Control

The basic block diagram of the direct vector control method for a PWM voltage-fed
inverter drive is shown in Figure 8.27. The principal vector control parameters, ids* and iqs*,
which are dc values in synchronously rotating frame, are converted to stationary frame (defined
as vector rotation (VR)) with the help of a unit vector (cos 8, and sin 6,) generated from flux
vector signals v’ and . The resulting stationary frame signals are then converted to phase
current commands for the inverter. The flux signals " and "’ are generated from the
machine terminal voltages and currents with the help of the voltage model estimator, which will
be discussed later. A flux control loop has been added for precision control of flux. The torque
component of current iqs* is generated from the speed control loop through a bipolar limiter (not
shown). The torque, proportional to i, (with constant flux), can be bipolar. It is negative with
negative i . and correspondingly, the phase position of i, becomes negative in Figure 8.25. An
additional torque control loop can be added within the speed loop, if desired. Figure 8.27 can be
extended to field-weakening mode by programming the flux command as a function of speed so
that the inverter remains in PWM mode. Vector control by current regulation is lost if the
inverter attains the square-wave mode of operation.

The correct alignment of current i, in the direction of flux v, and the current i, perpen-
dicular to it are crucial in vector control. This alignment, with the help of stationary frame rotor
flux vectors " and y,,’, is explained in Figure 8.28. In this figure, the d“~¢* frame is rotating
at synchronous speed ®, with respect to stationary frame d°-¢*, and at any instant, the angular
position of the d¢-axis with respect to the ¢’-axis is 6,, where 6, = w,t. From the figure, we can
write the following equations:
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Figure 8.27 Direct vector control block diagram with rotor flux orientation

Yir =V, cost, (8.22)
W, =W, sinb, (8.23)
In other words,
A
cos@ :l//dr (8.24)
s0, =—"—
v,
s
sin® _W(/r (825)
14 ~
v,
(8.26)

where vector 7, is represented by magnitude /,.. Signals cos 6, and sin 8, have been plotted in
correct phase position in Figure 8.28(b). These unit vector signals, when used for vector rotation
in Figure 8.27, give a ride of current iy, on the d“-axis (direction of 1/,) and current [,5 on the
¢¢-axis as shown. At this condition, Y, =0 and v, = ,, as indicated in the figure, and the
corresponding torque expression is given by Equation (8.19) like a dc machine. When the s
polarity is reversed by the speed loop, the I4s position in Figure 8.28(a) also reverses, giving
negative torque. The generation of a unit vector signal from feedback flux vectors gives the
name “direct vector control.”
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Figure 8.28 (a) d°-g° and d°-q° phasors showing correct rotor flux
orientation, (b) Plot of unit vector signals in correct phase position

Let us now summarize a few salient features of vector control:

* The frequency w, of the drive is not directly controlled as in scalar control. The machine is
essentially “self-controlled,” where the frequency as well as the phase are controlled indi-
rectly with the help of the unit vector.

* There 1s no fear of an instability problem by crossing the operating point beyond the
breakdown torque 7,,, as in a scalar control. Limiting the total IAS( id‘\,2 + iqf ) within the
safe limit automatically limits operation within the stable region.

* The transient response will be fast and dc machine-like because torque control by i, does
not affect the flux. However, note that ideal vector control is impossible in practice
because of delays in converter and signal processing and the parameter variation effect,
which will be discussed later.

* Like a dc machine, speed control is possible in four quadrants withotit any additional con-
trol elements (like phase sequence reversing). In forward motoring condition, if the torque
T, is negative, the drive initially goes into regenerative braking mode, which slows down
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the speed. At zero speed, the phase sequence of the unit vector automatically reverses,

giving reverse motoring operation.

8.4.5 Flux Vector Estimation

In the direct vector control method, as discussed above, it is necessary to estimate the rotor
flux components ;,* and l//qr“' so that the unit vector and rotor flux can be calculated by Equa-

tions (8.24)—(8.26). Two commonly used methods of flux estimation are discussed below.

8.4.5.1 Voltage Model

In this method, the machine terminal voltages and currents are sensed and the fluxes are
computed from the stationary frame (4°-¢*) equivalent circuit shown in Figure 2. 27. These equa-

tions are:

s 2.0 1.1
.. ——1 —lb——

gs 311_3 3i(‘:i

.5

| 1 .
S = +—1,.
Lds \/g b \/:7; ¢

N (i, +2iy)
since i, = —(i, + i},) for isolated neutral load.

s 2 1

Vg ==V, ==V, ——V
qs 3a3b3c

|
= g(vab V)

. ] |
VdSS = -73— v + ﬁ V(.
1

sts = J-(Vdss - Rs idss )t

v, = j (vgs' — Ryl )t

a

(8.30)

(8.31)

(8.32)

(8.33)

(8.34)
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Wam' =Was' = Liias’ = Ln(ig" +ig") (8.35)
Won' =Wys' = Lisigs’ = Lin(igs” +iy") (8.36)
Vo' = Ly’ +Lyig’ (8.37)
Vor' = Loy +Lilgr (8.38)

Eliminating i,,* and i," from Equations (8.37)-(8.38) with the help of Equations
(8.35)-(8.36), respectively, gives the following:

s L ' - 8.39

l//drs = L_rl//dm3 _Llrldss ( )
n

A Lr S L .y 8 40

Yo = Lil//qm — Lirlys (8.40)

"

which can also be written in the following form with the help of Equations (8.35) and (8.36):

s L $ .S 8.41

l//(Irs = LL(IVdsS _O-ledss) ( )
m

S _ Lr hY [N} 8 42

I//qr _r(l//qs _Gleqs ) (8.42)
m

where 6=/ — Lmz/LrLS.
Substituting Equations (8.39)—(8.40) in the torque equation (2.113), in stationary frame
and simplifying, we get

L

T, =" (-
L

('_5 )

; ;) (U/dréiqss —l//qréidsﬁ) (8.43)

Figure 8.29 shows the block diagram for feedback signal estimation with the help of a
microcomputer, where the estimation of additional signals, such as stator fluxes, air gap fluxes,
and torque, are also shown. In the front end, there is some hardware low-pass filtering and
3¢/2¢ conversion with the help of op amps before conversion by the A/D converter, which is not
shown in detail. Note that machines are normally isolated neutral load, and therefore, only two
current sensors are needed. The vector drive uses a current-controlled PWM inverter. The cur-
rent control is logical, as mentioned before, because both the flux and torque are directly related
to currents. The inverter can have hysteresis-band current control, or some type of voltage con-
trol within the current control loop (such as synchronous current control, as discussed in Figure
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8.34). The current estimation equations for iy, and i s using Equations (2.74)—(2.75) are also
included in Figure 8.29. Note that any error in the unit vector or distortion associated with the
feedback signals will affect the performance of the drive.

The direct method of vector control discussed so far is difficult to operate successtully at
very low frequency (including zero speed) because of the following problems:

* At low frequency, voltage signals v,* and v, are very low. In addition, ideal integration
becomes difficult because dc offset tends to build up at the integrator output.

* The parameter variation effect of resistance R and inductances L, L;,, and L, tend to
reduce accuracy of the estimated signals. Particularly, temperature variation of R becomes
more dominant. However, compensation of R, is somewhat easier, which will be discussed

later. At higher voltage, the effect of parameter variation can be neglected.

In industrial applications, vector drives are often required to operate from zero speed
(including zero speed start-up). Here, direct vector control with voltage model signal estimation
cannot be used.

8.4.5.2 Current Model
In the low-speed region, the rotor flux components can be synthesized more easily with
the help of speed and current signals. The rotor circuit equations of d*-¢* equivalent circuits
(Figure 2. 27) can be given as

dy .’ , , 44
l//(lr + er-drb +a)rwqrﬁ — O (8 )
dt

7;)/"7 + erqrs - a)rl//drs =0 (8'45)

Adding terms (L
equations, we get

m RAILYig and (L, R.JL,)I,, respectively, on both sides of the above

dyg” R .o . LR, . 8.46

d[t’ + i'; (Lmlds\ + Lrldrs )+ wrwqré - ’Zr’ ldss ( )
dy," R ~ v LR .,
qr o . .

i + Z:” (Lmlqss + Lrlqrb ) - wrWdrS = ’Zr ’ lqss (8'47)

Substituting Equations (8.37) and (8.38), respectively, and simplifying, we get

dl//drs Lm .8 s I
7 = ?r* lis — wrl/jqr - Fl//dr

r

s (8.48)



Vector or Field-Oriented Control 367

dy,” [ ,
ﬂ = _m_lqs TOY _il//c/r‘s (8.49)
di T T,

where 7, = L,/R, is the rotor circuit time constant. Equations (8.48) and (8.49) give rotor fluxes
as functions of stator currents and speed. Therefore, knowing these signals, the fluxes and corre-
sponding unit vector signals can be estimated. These equations are defined as the current model
for flux estimation, which was originally formulated by Blaschke (often called Blaschke equa-
tion). It is shown in block diagram form in Figure 8.30, where the estimation of the ¥,. cos 0.
and sin 8, signals are shown on the right. Other feedback signals, such as T, i ;. and i, gs as well
as stator and air gap fluxes, indicated in Figure 8.29, can easily be estimated from the current
model. Flux estimation by this model requires a speed encoder, but the advantage is that the
drive operation can be extended down to zero speed. However, note that the estimation accuracy
is affected by the variation of machine parameters. Particularly, the rotor resistance variation
(may be more than 50 percent) becomes dominant by temperature and skin effect. Compensation
of this parameter is difficult because of Inaccessability.

Since the voltage model flux estimation is better at higher speed ranges, whereas the cur-
rent model estimation can be made at any speed, it is possible to have a hybrid model [14].

1
T,
_ . -
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Figure 8.30 Current model (Blaschke equation) flux estimation
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where the voltage model becomes effective at higher speed ranges, but transitions smoothly to
the current model at lower speed ranges.

8.4.6 Indirect or Feedforward Vector Control

The indirect vector control method is essentially the same as direct vector control, except
the unit vector signals (cos 8, and sin 6,) are generated in feedforward manner. Indirect vector
control is very popular in industrial applications. Figure 8.31 explains the fundamental principle
of indirect vector control with the help of a phasor diagram. The d°-¢° axes are fixed on the sta-
tor, but the d"-¢" axes, which are fixed on the rotor, are moving at speed ®, as shown. Synchro-
nously rotating axes d¢-g¢ are rotating ahead of the d"-g" axes by the positive slip angle 6,
corresponding to slip frequency ;. Since the rotor pole is directed on the d¢ axis and @, = ®, +
@, We can write

0, = Jwed[ - j(wr +y)dt =8, +6 (8.50)

Note that the rotor pole position is not absolute, but is slipping with respect to the rotor at fre-
quency . The phasor diagram suggests that for decoupling control, the stator flux component
of current i, should be aligned on the d° axis, and the torque component of current i, should be
on the ¢¢ axis, as shown.

For decoupling control, we can now make a derivation of control equations of indirect vec-
tor control with the help of d®-¢¢ equivalent circuits (Figure 2.23). The rotor circuit equations
can be written as

dl//dr

7+Rridr—(we—wr)q/qr =0 (8.51)

Figure 8.31 Phasor diagram explaining indirect vector control
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%+ Ry +(@, —0, )Wy =0 (8.52)
The rotor flux linkage expressions can be given as
War = Lyige + Lyiye (8.53)
Vyr = L,iq, + Lmiqs (8.54)

From the above equations, we can write

) l L, . 8.55
Lir = ZW{I}' _[j:i Lis ( :
i, = 1 L, (8.56)

— WY, =1,
qr qgr gs
L L

The rotor currents in Equations (8.51) and (8.52), which are inaccessible, can be elimi-
nated with the help of Equations (8.55) and (8.56) as

dy, R L . 8.57
# + L: Yar — l:l era's _(Usll/,qr =0 ( )
¥, R L
qr .
7dl‘ + f: qu - L’: erqs TOGY 4 = 0 (8.58)
where @, = @, — w, has been substituted.
For decoupling control, it is desirable that
C
l//c/r =0 (8.59)
that is,
d
War _ (8.60)
dt
so that the total rotor flux V7, is directed on the d¢ axis.
Substituting the above conditions in Equations (8.57) and (8.58), we get
[‘Ldl}r__f_lﬁr:L i (8.61)

mtds

R dr
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Wy = (8.62)

where /, = v, has been substituted.
If rotor flux l/?r = constant, which is usually the case, then from Equation (8.61),

¥, = Ly (8.63)

In other words, the rotor flux is directly proportional to current i, in steady state.

To implement the indirect vector control strategy, it is necessary to take Equations (8.50),
(8.61), and (8.62) into consideration. Figure 8.32 shows a four-quadrant position servo system
using the indirect vector control method. The power circuit consists of a front-end diode rectifier
and a PWM inverter with a dynamic brake in the dc link. A hysteresis-band current control
PWM is shown, but synchronous current control voltage PWM (see Figure 8.34) can also be
used. The speed control lpop generates the torque component of current iqs*, as usual. The flux
component of current i, for the desired rotor flux ¥, is determined from Equation (8.63), and
is maintained constant here in the open loop manner for simplicity. The variation of magnetizing
inductance L,, will cause some drift in the flux. The slip frequency a)S,* is generated from iqs* in
feedforward manner from Equation (8.62) to satisfy the phasor diagram in Figure 8.31. The cor-
responding expression of slip gain K| 1s given as

K=" ="% (8.64)

Signal wﬁ,,* is added with speed signal @, to generate frequency signal ®,. The unit vector
signals cos 8, and sin 6, are then generated from @, by integration and look-up tables, as indi-
cated in the figure. The VR and 2¢/3¢ transformation are the same as in Figure 8.27. The speed
signal from an incremental-position encoder is mandatory in indirect vector control because the
slip signal locates the pole with respect to the rotor d” axis in feedforward manner, which is
moving at speed m,. An absolute pole position on the rotor is not required in this case like a syn-
chronous motor. If the polarity of iqs* becomes negative for negative torque, the phasor 7, in
Figure 8.31 will be reversed, and correspondingly, @,; will be negative (i.e., 6;; is negative),
which will shift the rotor pole position (d€ axis) below the d” axis. The speed control range in
indirect vector control can easily be extended from stand-still (zero speed) to the field-weaken-
ing region. The addition of field-weakening control is shown by the dotted block diagram and
the corresponding operation is explained in Figure 8.33. In this case, close loop flux control is
necessary. In the constant torque region, the flux is constant. However, in the field-weakening
region, the flux is programmed such that the inverter always operates in PWM mode, as
explained before. The loss of torque and power for field-weakening vector control are indicated
in the figure. The same principle of field-weakening control is also valid for direct vector control
in Figure 8.27.
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PWM
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wave mode

Loss
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Figure 8.33 Torque-speed curves including field-weakening mode

In both the direct and indirect vector control methods discussed so far, instantaneous cur-
rent control of the inverter is necessary. Hysteresis-band PWM current control can be used, as
indicated in Figure 8.32, but its harmonic content is not optimum. Besides, at higher speeds, the
current controller will tend to saturate in part of the cycle (quasi-PWM) because of higher
CEMF. In this condition, the fundamental current magnitude and its phase will lose tracking
with the command current, and thus, vector control will not be valid. These problems can be
solved by synchronous current control (often called dc current control), which is shown in
Figure 8.34. Command currents i, and i Iy " in the vector control are compared with the respec-
tive i, and i, currents generated by the tramformdtlon of phase currents (3¢/2¢ conversion and
inverse vector rotation VR™") with the help of the unit vector. The respective errors generate the
voltage command signals v dS: and v, through the P-I compensators, as shown. These voltage
commands are then converted into stationary frame phase voltages. The synchronous frame cur-
rent control with a P-I controller assure amplitude and phase tracking of currents, even when the
PWM controller goes into overmodulation range.

Of course, the introduction of feedback loops brings with it a small amount of coupling
effect. To enhance the loop response, feedforward CEMF signals (see Figure 2.23) are injected
in the respective loops. Signal @, ¥y, is added in the i, loop, whereas signal @, v subtracts
from the i, loop signal. Often, the later signal is deleted. The block dlagram for e%tlmatmg the
CEMEF slgnals is added in the figure. The estimations of stator fluxes y,* and l//qs are shown in
Figure 8.29. The frequency signal @, can be estimated as follows:

l//dss _ Vs (8.6 5)

cosf, = - -
s s
Vis T l//qs

Vys (8.66)

. *
sinf, =

A

Vs
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Figure 8.34 Synchronous current control with feedforward CEMF compensation

S
tang," =4 (8.67)

$
Yis

Differentiating Equation (8.67), we get

(8.68)

d@: _ ]//dssl/.qus _l//qsslw.udss

sec? 0,.
i $
dt Vs

where

sec’ 6, = Ys : (8.69)
Vs



374 Chapter 8 « Control and Estimation of Induction Motor Drives
Substituting Equation (8.69) in Equation (8.68), we get

0 - do, _ Vgs' ~lgs ROW 4" =g —iag RO, (8.70)
dt 1/75_2

where the voltage expressions behind the stator resistance drops have been substituted for the
flux derivatives. Frequency , can also be derived as a function of the rotor fluxes by following
a similar procedure.

A dc machine-like electro-mechanical model of an ideal vector-controlled drive can be
derived using Equation (8.61) and the following equations:

o 3P L, .. (8.71)
Fe - 5(5) Lr Wr’qs
2 do.
T,-T, =(=)J —~ (2.105)
¢ L (P) dt

Figure 8.35 shows the corresponding transfer function block diagram, where the delay
between the command and actual currents has been neglected. The developed torque T, responds
instantaneously with the current /,, but the flux response has first-order delay (with time con-
stant L,/R,), similar to a dc machine. It can be shown that direct vector control also has a similar
transfer function model.

The physical principle of vector control can be understood more clearly with the help of

the d“-¢¢ circuits shown in Figure 8.36. Since currents i, and i, are being controlled, ideally,

ds qs

the stator-side Thevenin impedance is infinity, that is, the stator-side circuit parameters and
EMFs are of no consequence. With y,, = 0 under all conditions, EMF @y y,, = 0 in the d°
circuit. This indicates that at steady state, current i, will flow through the magnetizing branch
only to establish the rotor flux y,, but transiently, the current will be shared by the rotor circuit

also and the time constant can be easily seen as L,/R,. In the ¢ circuit, when torque is controlled

Y

R IRy TR

Figure 8.35 Transfer function block diagram of vector-controlled drive
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Figure 8.36 Explanation of vector control with the help of d®-g® circuits
by i, EMF @, y,, in the rotor circuit is modified instantly because Oy Wyr = Ly R iy /L. as
dictated by Equation (8.62). Since ¥, = 0, this EMF establishes the current (L,,/L, )i, through
the resistance R,. To verify that this current satisfies ¥, =0, we can write
l//qr =V TV,
L, . L, .
= Lm (_L’%Iqs “lyy )+ (L;:Iqs )L/r (8.72)
2
L,~ L,L,
= lc/s( Z: _Lm + ’Zr ’ )=0

If Ly, is neglected for simplicity and flux ¥, is considered as constant, it can easily be seen
that magnetizing current component i flows through L,, only, whereas the torque component of
current 7, is constrained to flow to the rotor side only. This was the original hypothesis in
explaining vector control with the help of Figs. 8.24 and 8.25.

8.4.6.1 Indirect Vector Control Slip Gain (K,) Tuning
The slip gain K in indirect vector control (Figure 8.32) is a function of the machine’s
parameters. It is desirable that these parameters match the actual parameters of the machine at
all operating conditions to achieve decoupling control of the machine. The slip gain detuning
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problem is a serious disadvantage of indirect vector control. Of course, the problem is similar to
direct vector control at low speeds, where the current model flux estimation is used.

With the close loop flux control shown in Figure 8.32, the estimated value of ¥, (input to
K) is known, therefore, the variation of three parameters, (L,,, L,, and R,), is of concern. The
saturation effect of magnetizing inductance L,, almost cancels the variation of L,,/L,, thus leav-
ing the dominant effect of rotor resistance variation on K. With open loop flux control at steady-
state condition, ¥, = iy, L,,. Therefore, K becomes a function of rotor time constant 7, = L,/R,
only.

The effect of rotor resistance detuning and the corresponding coupling effect are explained
in Figure 8.37, where R, = actual resistance of the machine and IAQ,, = estimated resistance used
in the K parameter. If IAQr is lower than R,, the slip frequency a)sl* will be lower than the actual
(see Figs. 8.32 and 8.36), giving backward alignment of the i, — iqS’ current pair, as shown in

’
qs >
this current on the d¢ axis will increase the flux (overfluxing). The resulting torque and flux

responses in both the transient and steady-state conditions are shown in Figure 8.37(b). On the
other hand, the effect of higher than actual resistance ( I%r /R, = 1.3) will cause underfluxing, and
the corresponding performance is indicated in Figure 8.37(b).

Figure 8.37(a). With such misalignment, if torque is increased by a step of i/, a component of

The initial tuning of slip gain is straightforward if the parameters of the machine are
known a-priori. Conversely, an automated measurement of parameters can be made initially by
injecting signals in the machine through the inverter and then estimating the parameters with the
help of a DSP. This will be discussed later in self-commissioning of the drive. The initial tuning
of K can also be done by giving a square-wave torque (or iqs* ) command and then matching the
actual torque wave with the predicted torque wave under a tuned condition.

The continuous on-line tuning of K| is very complex and demands rigorous computation
by a DSP. A number of methods for slip gain tuning have been suggested in the literature. Unfor-
tunately, most of these algorithms are also dependent on machine parameters. Fortunately, how-
ever, the temperature variation of R, is somewhat slow, and this permits adequate computation
time required by the DSP. The extended Kaiman filter (EKF) method of parameter (or state) esti-
mation based on the full-order dynamic machine model is an elegant and powerful method, and
it will be discussed later for speed estimation.

Another method that is more acceptable is based on the model referencing adaptive con-
trol (MRAC) and is shown in general block diagram form in Figure 8.38 [16]. The MRAC prin-
ciple will be discussed later in this chapter. Here, the reference model output signal X" that
satisfies the tuned vector control is usually a function of command currents ids* and iqs*,
machine inductances, and operating frequency. The adaptive model X is usually estimated by the
machine feedback voltages and currents, as shown. The reference model output is compared

with that of the adaptive model and the resulting error generates the estimated slip gain ]2'5
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Figure 8.37 (a) Vector control detuning due to rotor resistance mismatch, (b) Resulting response

through a P-I compensator. Thus, slip gain tuning will occur when X matches with X . Consider.
for example, on-line tuning based on the torque model. Figure 8.37(b) shows the deviation of
actual torque from the commanded value because of detuned slip gain. The K, parameter can be
tuned so that T, = TLV at all operating conditions. In Figure 8.38, the reference model output for

ideal vector control is given as

ES 3 P L >If %
X =7 =2yt (8.73)
fe 2(2) L
Substituting W, = L, i, we get
é(P)Lm i iy (8.74)

22 L,



378 Chapter 8 ¢« Control and Estimation of Induction Motor Drives

Vg
ds "I Inverter
+ vector
. control X
lgs > 1‘ .
Oy Motor
S . S
Vds lgs
. IQ v.S i
"I Reference | X* Ko | Ms gs ds
—> K1 + — X
,|  model +\ s
Y Y
X «
Adaptive
model

Figure 8.38 Slip gain tuning by model referencing adaptive control principle

The actual torque T, (X) can be estimated from stationary frame variables as follows:

3 P . o
X = Te :E(E)(l//dsslqs3 _l//qsgldss) (2.121)

Note that the L,, and L, parameter variations affect the estimation accuracy of X ", Addi-
tionally, at low speeds, the estimation accuracy of X will be affected by the variation of stator
resistance R,. Other MRAC-based slip gain tuning methods with fuzzy logic will be discussed in
Chapter 11.

8.4.7 Vector Control of Line-Side PWM Rectifier

The line-side converter in a double-sided PWM converter system (see Figure 5.60) can be vec-
tor-controlled to regulate the active /p and reactive I currents independently. In this case, the
unit vector can be generated from the line voltage vector to orient Ip in phase and /5 in quadra-
ture, respectively. Figure 8.39 shows the control block diagram for the unity line power factor
operation, and Figure 8.40 explains the operation’s principle. The line voltage vector \7S (of
magnitude \75,) is oriented on the d axis so that

0 S =V cost, (8.75)

Vs = V, sin®, (8.76)

N
cosf, = Vé‘ (8.77)

s
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Figure 8.40 Phasor diagram and waveforms for vector control

s

V..
. A
sinf, = —
Vi
where
A .Vl SZ
VS Vs + VqS

Since iy = Ipand iy =1y =0,
.5
iye =1pcosh,

l'qSS = IP sin 9€

(8.78)

(2.88)

(8.79)

(8.80)

Figure 8.40(b) shows the time-domain plot of the voltage and current waves, indicating the
unity line power factor condition. In the control block diagram, the phase voltages are sensed,
filtered, and converted to v,,* and vgs variables. The unit vector signals cos 6, and sin 6, are
then calculated by Equations (8.77)—(8.78). These are also used to generate i, and I,s Currents as
shown in Figure 8.29. The line-side converter controls the dc link voltage V,bya feedback loop.
The loop error generates the active current command /p " with IQ = 0. A synchronous current
control loop (with CEMF injection in the Ip loop) and vector rotator then generate the phase
voltage commands as shown. Note that if IQ* 1s positive, the line current will be at a leading

power factor.
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8.4.8 Stator Flux-Oriented Vector Control

So far, we have discussed rotor flux-oriented vector control only. It was mentioned before
that vector control is also possible with air gap flux or stator flux orientation, but at the cost of a
coupling effect that demands decoupling compensation. Stator flux-oriented direct vector con-
trol has the advantage that flux vector estimation accuracy is affected by the stator resistance
(Ry) variation only. In this section, we will develop a strategy for stator flux-oriented direct vec-
tor control by manipulating equations derived from d®-g€ equivalent circuits.

Multiplying Equations (8.57) and (8.58) by 7, = L,/R,, we get

(1 +STr )‘Vdr —Lmids “Trwsll//qr =0 (881
(1+ 5T, )l//qr _Lmiqs +T.00¥ 4 =0 (8.82)

In these equations, v, and y, are to be eliminated and replaced by ¥, and y,,. The
stator flux expressions can be written from d€-¢¢ equivalent circuits as

Vs = Lsids + Lmidr (8.83)
Wys = Lylgs + Ly, (8.84)
or
Vas Ly . (8.85)
Iy =—————I R
dr Lm Lm ds
. Vgs Ly .
[, = =1,
qr L, L, gs (8.86)
Substituting Equations (8.85) and (8.86) in Equations (8.53) and (8.54), respectively, we
get
L LL. .
Var = J"l//ds +(L,, —A)Ids (8.87)
Lm Lm
L LL,_
Wor =Wt Ly = igs (8.88)
Lm Lm

These equations relate stator and rotor fluxes with stator currents. Substituting Equations
(8.87) and (8.88) in Equations (8.81) and (8.82), respectively, then multiplying both sides by
L, /L, and simplifying, we get

(ST W gy = (14 ST, ) Ligs + 0y T, [Wys —0 Ly, | (8.89)

(1+ ST, W = (1+ 0T, )Ly — g T, [Wgs — O Lgiy | (8.90)
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Figure 8.41 Phasor diagram with stator flux-oriented vector control

With stator flux-oriented vector control, as shown in the phasor diagram of Figure 8.41,
W,y =0, Wy, = . Therefore, Equations (8.89) and (8.90) can be written, respectively, as
(1+ ST Wy =(1+0ST, )L,y —0LT.0yi (8.91)

s

(1+ GSTr )Lsiqs = a).s'lTr [V/ds - GLS '.cls ] (8.92)

These equations indicate that stator flux ,; is a function of both the iy, and i currents; in
other words, there is coupling effect. This means that if the torque is changed by I4s 1t Will also
change the flux. Therefore, this coupling effect must be eliminated by the feedforward control
method.

Consider the decoupler block diagram in Figure 8.42, where the decoupling signal Ldg
shown is being added in the flux control loop to generate the ids* command signal. From Figure

8.42, we can write

as

ic[s: = G(l//ds;‘ ~Was )+ i(/q (8.93)

where G = K; + K»/S. Substituting Equation (8.93) in (8.91), we get

(I+ STr )l//(/s = Ls |:(l + O-STr )'G(st* ~Wyy )+ (1+ O-STr )idq - GTrwS/iqs :| (8.94)
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For decoupling control of v, with the help of Lgg- terms (1 + 0ST))iy, — 0T, @i, = 0. that is,
cl.wgyi
gy = _rsltgs. (8.95)
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G ,
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Figure 8.42 Feedforward decoupling signal injection in stator flux-oriented vector control

where @y, can be written from Equation (8.92) as

(I+o0ST,)L
Wy = —= (8.96)
T, (l//ds - O-leds)

Combining Equations (8.95) and (8.96), we get

.2
oL,
gy = (8.97)
(Wa's _O-leds)

which indicates that decoupling current igq 1s a function of Yy, i, and iy, This functionality is
indicated in the block diagram of Figure 8.42. The general expression of developed torque is

3 P . .
I, = 5(5)(stlqs _qu'lds) (2.114)

With vector control, =0, or

3 P .
T, = E(E)stlqs (8.98)

Figure 8.43 shows a block diagram with a stator flux-oriented vector control, where the
feedback estimation block computes Equations (8.32), (8.33), (8.34), (8.65), (8.66), (8.70).
(8.99), and (8.100). Since the stator resistance R, is a function of the stator winding temperature
only, it can easily be compensated. Note that 14, accuracy can be affected by parameter variation.
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Figure 8.43 Stator flux-oriented vector-controlled drive

but being within a feedback loop, this effect can be neglected. The slip signal @, can be esti-
mated by Equation (8.96) and then subtracted from the frequency w, estimation to estimate the
speed signal, as shown. The speed estimation will be discussed in detail later.

8.4.9 Vector Control of Current-Fed Inverter Drive

The direct and indirect vector control methods have so far been described for voltage-fed,
current-controlled converters. These principles can easily be extended to other types of convert-
ers. Figure 8.44 shows rotor flux-oriented direct vector control of a current-fed inverter drive.
The inverter, which can be a six-step or PWM-type, is fed by a phase-controlled thyristor recti-
fier in the front end. The drive operates with regulated rotor flux, and speed is being controlled
in the outer loop. The speed loop generates the torque command T(,*, which is divided by rotor
flux v, to generate the command current iqs*‘ The flux loop generates the flux component of
current i, . These currents are then converted to polar form as shown. The machine stator cur-
rent magnitude IAS (peak value of sinusoidal component) is related to the dc link current, which is
generated by close loop current control of the phase-controlled rectifier. The inverter frequency
is controlled by phase-locked loop (PLL) so that the machine stator current [ ¢ 1s positioned at
the desired torque angle 6 with respect to the rotor flux (see Figure 8.31). This scheme is also
known as angle control in the literature [5]. The rotor flux can be estimated from current model
equations discussed previously. Torque angle 6 can be calculated from the following equations:
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iys =iy cosB, iy’ sing, (8.99)
igy =iy SIN6, +iy" cosH, (8.100)
40:tan“1i@ (8.101)

lds

The control scheme remains valid from zero speed and in all quadrants.

8.4.10 Vector Control of Cycloconverter Drive

The direct and indirect methods of vector control which have been discussed so far can
casily be applied to cycloconverter-controlled induction motor drives, where the inverter is
replaced by a cycloconverter, and all other signal processing remains the same. With direct vec-
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tor control using an instantaneous current-controlled cycloconverter, either the voltage model
(Figure 8.27) or current model (Figure 8.30) flux vector (y,”, t//q,:") estimation can be used. The
indirect vector control shown in Figure 8.32 can also be used. In either type of vector control, the
instantaneous phase current control can be replaced by the voltage control within synchronous
current control loops (Figure 8.34). The signals can also be processed in polar form instead of
cartesian form. Vector control of a cycloconverter-fed synchronous motor drive will be dis-
cussed in Chapter 9.

In this section, we will review vector control of a Scherbius drive, which was discussed in
Chapter 7. The cycloconverter is placed in the rotor circuit of a wound-rotor induction motor as
shown in Figure 8.45. In this figure, the cyloconverter is required to send slip energy (+5P,) to
the line in subsynchronous motoring and supersynchronous regeneration, and to feed slip energy
to the rotor (=SP,) in subsynchronous regeneration and supersynchronous motoring. Currents /p
and /) are the in-phase and quadrature components of the rotor current, respectively, with
respect to slip voltage V,. The positive direction of IP is shown in the flgme The error from the
speed control loop generates the current command /p . The current IQ can be set to zero or to
an arbitrary value. The polarity of IP depends on the error polarity. The signal goes through a
polarity reverser, as shown, where the signal polarity is reversed if the speed is in supersynchro-
nous range, but otherwise remains the same. The unit vector signals cos 6,; and sin 6; are
obtained from the following relations:

cosB; =cos(8, —0,) = cosB, cosB, +sinf, sin6, (8.102)

sinf; =sin(@, —0,.) =sinb, cosh, —cosh, sinb, (8.103)

where 6, = line unit vector obtained from Equations (8.77)~(8.78) (see Figure 8.40(a)), and
6, = rotor position signal obtained from the speed encoder. The cycloconverter phase current
commands at slip frequency are then obtained by standard vector rotation of IP* and IQ* and 2¢/
3¢ transformation, as usual. If the machine speed changes from a subsynchronous to supersyn-
chronous (w, > ,) range, the slip voltage phase sequence will change from positive to negative.
The corresponding reversal of the phase sequence of the cos6,; and sin8,; signals will also
reverse the phase sequence of the rotor currents. At true synchronous speed, the machinc oper-
ates as a synchronous motor or generator, and in this condition, the cycloconverter operates as a
rectifier, supplying dc excitation current to the machine rotor winding. At this condition, signals
cos,; and sin@,; freeze to dc values, and correspondingly, dc phase current commands are gen-
erated for the cycloconverter.

To understand drive operation clearly, consider, for example, a drive that 1s accelerating
from subsynchrounous speed with the command speed at a supersynchronous value. At subsyn-
chronous motoring, IP is positive because Ip is positive and the polarity reverser is in a non-
reversing mode. With +@,;, the phase sequence of rotor currents is positive and /p is in phase
with V. so that slip power SP, is positive. At synchronous speed, 8, =0, that is, [p is dc current.
At supersynchronous speed motonng, Ip becomes negative due to the negative polarity of the
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Figure 8.45 Vector control of Scherbius drive with cycloconverter

polarity reverser. This reverses the polarity of /p, making the slip power negative. Similarly. the
sequences can be derived as the speed is reduced by regenerative braking from supersynchro-

nous to subsynchrounous range.

If a Scherbius system is used for continuous regeneration (e.g.. a VSCF wind generation
system), the control strategy essentially remains the same except that the active and reactive cur-
rents, /p and /) of the cycloconverter. are controlled to control the generator’s real and reactive
power, respectively, at the stator terminals by the feedback method. Vector control of the Scher-
bius drive with double-sided PWM converters is left as an exercise to the reader.
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8.5 SENSORLESS VECTOR CONTROL

Sensorless vector control of an induction motor drive essentially means vector control
without any speed sensor. An incremental shaft-mounted speed encoder (usually an optical type)
is required for close loop speed or position control in both vector- and scalar-controlled drives. A
speed signal is also required in indirect vector control in the whole speed range, and in direct
vector control for the low-speed range, including the zero speed start-up operation. A speed
encoder is undesirable in a drive because it adds cost and reliability problems, besides the need
for a shaft extension and mounting arrangement. It is possible to estimate the speed signal from
machine terminal voltages and currents with the help of a DSP. However, the estimation is nor-
mally complex and heavily dependent on machine parameters. Although sensorless vector-con-
trolled drives are commercially available at this time, the parameter variation problem,
particularly near zero speed, imposes a challenge in the accuracy of speed estimation.

8.5.1 Speed Estimation Methods

The induction motor speed estimation techniques proposed in the literature can generally
be classified as follows:

* Slip calculation

* Direct synthesis from state equations

* Model referencing adaptive system (MRAS)

* Speed adaptive flux observer (Luenberger observer)
* Extended Kalman filter (EKF)

* Slot harmonics

» Injection of auxiliary signal on salient rotor

Detailed descriptions and historical reviews of all these methods [18] are beyond the scope
of this book. However, the methods will be reviewed briefly and a few selected methods will be
described in some detail.

8.5.1.1 Slip Calculation

Speed can be calculated from slip frequency wj; from the relation @, = @, - @, where
m, = stator frequency (r/s). The @, signal was calculated before in stator flux-oriented direct
vector control (Figure 8.43) as

(1+ 6T, )Ly,
Tr (st - C7Ls l‘ds )

Wy (8.96)

where 0= [ — L,,,Z/LSL,, T, = L/R,, and i4. i, and Yy, are the signals corresponding to stator
flux orientation. Equation (8.96) can also be expressed with variables for rotor flux-oriented
vector control. The expression for stator frequency is given as
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o = (Vqss - l.qss Ry )l//dss - (Vdss - idss R, )l//qss (8.70)

¢ ~ 2
Vs

The speed w, can be calculated from Equations (8.96) and (8.70). For scalar and indirect
vector control, the @, signal can be available directly as a control variable. The signal can also
be calculated by processing the waveform. An accurate calculation of slip frequency for a high-
efficiency machine, particularly near synchronous speed, is difficult because the signal magni-
tude is small and highly dependent on machine parameters. Besides, there is the problem of
direct integration of machine terminal voltages (see Figure 8.29) at low speeds to synthesize the
g and @, signals.

8.5.1.2 Direct Synthesis from State Equations

The dynamic d*-¢* frame state equations of a machine can be manipulated to compute the
speed signal directly. The method described here is essentially similar to the slip calculation
method discussed previously. The stator voltage equation for v,* in a d*-¢° equivalent circuit
can be written as

s d s d
Vds‘s = lds3 RA‘ + L[S E (lds5 ) + ;i; (deS) (8 I 04)

Substituting Equation (8.39) in (8.104) gives

- L, d
Vg = L=y, )+ (R, + 0L S)iy* (8.105)
L, dt
where 0= 1 - LmZ/L,LS
or
d, s L L L
L War)= —va = (R +OL )iy’ (8.106)

hl m

Similarly, the w,," expression can be derived as

L 5 L ,
f Vgr —(Ry+ LS, (8.107)

m m

d ,
E (qué ) =

The rotor flux equations in a d*-¢” frame can be given as

d L. s 1oy
E(Wdrs) = Tmlafss _a)rl»”qrS '"?rl//drS (8.48)

r
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d Ly . . |
E(qus) - Tmlqs‘ +w —quﬁ (8.49)
r r
From Figure 8.31, we can write
W s
26, =tan”' —T (8.108)
Yar

Differentiating Equation (8.108), we get

{{'97@ _ l//drsl/./qrs _l//qrsl/]drs

5 (8.109)
di ,
Combining Equations (8.46), (8.47), and (8.109) [19] and simplifying, we get
§. S 5.8
L i, = I

o, :d;oe__m Yar lys : zlllqr ds (8.110)

da T, v,

or

_ 1 S..§ S-S Lm §. 8 S, S 8111
, RENEY War Vo —Var Yar )—?(Wdr lys ~Wqr lds (8. )

Y, r

Figure 8.46 gives a block diagram for speed estimation where the voltage model equa-
tions, (8.106) and (8.107), have been used to estimate the rotor fluxes. Evidently, the synthesis is
highly machine parameter-sensitive and will tend to give poor accuracy of estimation.

8.5.1.3 Model Referencing Adaptive System (MRAS)

The speed can be calculated by the model referencing adaptive system (MRAS), where the
output of a reference model is compared with the output of an adjustable or adaptive model until
the errors between the two models vanish to zero. A block diagram for speed estimation by the
MRAS technique is shown in Figure 8.47. Consider the voltage model’s stator-side equations,
(8.106) and (8.107), which are defined as a reference model in Figure 8.47. The model receives
the machine stator voltage and current signals and calculates the rotor flux vector signals, as
indicated. The current model flux equations, (8.46) and (8.47), are defined as an adaptive model
in Figure 8.47. This model can calculate fluxes from the input stator currents only if the speed
signal @, (shown in the coefficient matrix) is known. With the correct speed signal, ideally, the
fluxes calculated from the reference model and those calculated from the adaptive model will
match, that is, y,,* = ¥,,° and y,,* = ¥,,”, where ;" and 7, are the adaptive model out-
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Figure 8.46 Speed estimation by direct synthesis from state equations

puts. An adaptation algorithm with P-I control, as indicated, can be used to tune the speed @, so
that the error £ =0.

In designing the adaptation algorithm for the MRAS, it is important to take account of the
overall stability of the system and to ensure that the estimated speed will converge to the desired
value with satisfactory dynamic characteristics. Using Popov’s criteria for hyperstability [29] for

a globally asymptotically stable system, we can derive the following relation for speed estima-
tion:

o, :5(1(,3+5S’-) (8.112)

where

5 =X-Y= lpdrk‘yl:”qr)‘y _l//drs‘/}qrs (8.113)

In steady state, & = 0, balancing the fluxes; in other words, y;,* = ¥,,* and v, =y,
The MRAS in Figure 8.47 can be interpreted as a vector PLL in which the output flux vector

from the reference model is the reference vector and the adjustable model is a vector phase
shifter controlled by @,..
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Figure 8.47 Speed estimation by model referencing adaptive control (MRAC) principle

In practice, the rotor flux synthesis based on the reference model is difficult to imple-
ment, particularly at low speeds, because of the pure integration of the voltage signals. The
MRAS speed estimation algorithm remains valid if, instead of integration, the corresponding
CEMF signals are compared directly through some low-pass filters. Estimation accuracy can be
good if machine parameters are considered as constant. However, accuracy, particularly at low
speeds, deteriorates due to parameter variation.

8.5.1.4 Speed Adaptive Flux Observer (Luenberger Observer)

An improved method of speed estimation that operates on the principle of a speed adaptive
flux observer has been proposed in [20]. An observer is basically an estimator that uses a plant
model (full or partial) and a feedback loop with measured plant variables. Here, the full-order
observer uses the machine electrical model in d*-¢g° frame, where the state variables are stator
currents iy, and i, and the rotor fluxes are vy, and l//qrs. Let us first derive this model from the
d* — ¢* equivalent circuits shown in Figure 2. 27.
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The rotor voltage equations can be written as

ldr R +— (Wdr )+wrl//qr =0 (8.114)
d s s _
+E(l//qr )—wy, =0 (8.115)
Eliminating i, from Equation (8.114) with the help of Equation (8.37) yields
d P R . L R. .
E(Wdrs )= _f:W¢er ‘wrwqrs + ’er la’sé (8.116)
Similarly, from the ¢° circuit,
d SN Rr LmR .8
E(l//qr )——Lr +(1)rl//dr L‘rrlqs (8.117)

Substituting Equations (8.116) and (8.117) in (8.106) and (8.107), respectively, and simplifying,
we get

d (L, R + L R ) R s L. § | 5
( ds ) - ds + i"ri lr’/a’rY +- T qu‘ Vds‘ (8.] 18)
dt o) L L (o} Ls Lr GLs‘ Lr GLS
d . s _ (L, R+L’ R) .y Lyo, s LR o 1
7(1 ) — > om - i ,l ___mTr “ + - ; +*__ Vo (8] ]9)
dt qs O'LS Lr qs G LS Lr Var S rz l//qr o Ls gs

where 0 = [ - Lmz/LbL,, and Lj; and L;, have been substituted by L, — L, and L, - L,
respectively.

Equations (8.116)—(8.119) constitute the desired state equations, which can be written in
the form

i(X)=AX+BVg (8.120)
dt ‘
where

s s . T (8.121)
X:l:ldsS lqsS l:UdrS qus:l

! T
VS:[VdSS Vc]sls 0 0] (8122
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_ (Lmer + erRs) 0 LR, L0, W
oLL* oLL* OLL,
2 2
0 _ (Ly, R, +L,"Ry) _ L, LR,
A= oL,L,* oL, oL’ (8.123)
L,R, 0 R o,
L L,
0 LR, o, R
L Lr Lr ]
- ;
— 0
O-LS
1
B=| 0 — (8.124)
oL,
0 0
L O -

Note that parameter matrix A contains the speed signal @,, which is to be estimated.

Figure 8.48 shows the block diagram of the speed adaptive flux observer using the above
machine model, where the symbol “A” means the estimated value. The output current signals iy
and iqss) are derived through the following C matrix:

1 0 00
C= (8.125)
0100

Input voltage signals v,,° and vqss are measured from the machine terminal. If speed signal
o, in parameter matrix A is known, the fluxes and currents can be solved from the state equa-
tions. However, if the @, signal is not correct, there will be a deviation between the estimated
states and the actual states. In the figure, the estimated currents are compared with the actual
machine terminal currents, and the errors inject the auxiliary corrective signals eG through gain
matrix G, as shown, so that matrix e tends to vanish. The observer equation can be given as

%(X):AXWVS +G(i, —i,) (8.126)

where fs = ligs" igs'} and G = observer gain matrix. The observer also gives an estimation of the
flux vector, as shown in the figure.

The speed adaptive flux observer permits estimation of the unknown speed @, (which is
considered a parameter) in matrix A. To derive the speed adaptation algorithm, Lyapunov’s
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Figure 8.48 Speed adaptive flux observer

theorem is utilized. In general, the estimation error of the stator currents and rotor fluxes is
described by the following equation:

di(e):(A+GC)e—AA)2 (8.127)
!
where
A~ 9]
e X% (8.128)
Aw, j
. 0 ——==rs
M=A-A= c (8.129)
0 Aw,j
0 -1
j= (8.130)
10
Aw, =&, (8.131)
L
o= OLL (8.132)
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Let us define the following Lyapunov function candidate:

(8.133)

where A is a positive constant.

The time derivative of V becomes

1%
( _ ()T
dt

280, dO, (g 134)
A dt

[(A+GOT +(a+ GO) e~ 200, (e, — iy’ e+

S _ s Sy S_ 8 s
where Ciay = lds — ldy and eiqs - lqs - lqs :

From the above equation, we can derive the following adaptation scheme for speed estima-
tion by equalizing the second term with the third term, that is,

do ~ s .
7dl:r = A(eidsl//qrj - eiqudrs)/C (8.135)

If the observer gain matrix G is chosen such that the first term of Equation (8.134) is
negative-semidefinite, the speed adaptive flux observer is stable. Since the speed @, can
change quickly, the following proportional and integral adaptive scheme is used in the speed
adaptation algorithm to improve the response of the speed estimation:

Cbr = KP(ei(I.vl/}qu - eiqudrS )+ K _[(eidslpqrs - eiqsl//drs )dt (8.136)

where Kp and K| are arbitrary positive gains.

Although the speed estimation accuracy is improved by the observer, there is a finite
parameter variation (particularly in the stator and rotor resistances) effect. The estimation error
tends to be more dominant as the speed approaches zero.

8.5.1.5 Extended Kalman Filter (EKF)

The extended Kalman filter (EKF) is basically a full-order stochastic observer for the
recursive optimum state estimation of a nonlinear dynamical system in real time by using signals
that are corrupted by noise. The EKF can also be used for unknown parameter estimation (such
as rotor resistance R,) or joint state and parameter estimation. The Luenberger observer, as dis-
cussed previously, is a deterministic observer (without noise) in comparison with the EKF, and is
applicable to lincar time-invariant systems. The noise sources in EKF take into account mea-
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Figure 8.49 Extended Kalman filter for estimation of speed

surement and modeling inaccuracies. The original Kalman filter is applicable only to a linear
system. Figure 8.49 shows the block diagram of the EKF algorithm, where the machine model is
indicated on the top. The EKF algorithm uses the full machine dynamic model, where the speed
@, 1s considered a parameter as well as a state. The augmented machine model can be given as
[see Equations (8.120)—(8.124)]

d_X_AX+BV (8.137)
dr - K}

Y=CX (8.138)
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where
i 2 2 i
_(Lm RI’ +Lr RS O LmRr LITIO')I’ O
oL’ oL L’ OLL,
0 _(LmZRr +Lr2RS) _ Lma)r LmRr 0
2 oL.L 2
A oL.L, sty OLL, (8.139)
LmRr 0 ___Ri _(Dr 0
L, L,
O LI’Ier ) ___[EI_‘_ O
Lr ’ i3
I 0 0 0 0 0]
o ; T (8.140)
X= |:ldsé Lys l//drs qus wr]
oy,
O-LS
1
| oL, (8.141)
0 0
0 0
L 0 0 i
o 1 00 00 (8.142)
01000
i T
y:[i = iq.f] =i (8.143)

and V= [vds“'vqss]T is the input vector. Equation (8.137) is of the fifth order, where speed @, is a
state as well as a parameter. If speed variation is considered negligible, then dw,/dt = 0. This is a
valid consideration if the computational sampling time is small or load inertia is high. With
speed @, as a constant parameter, the machine model used in the EKF is linear. For digital
implementation of an EKF, the model must be discretized in the following form:

X(k+1)= AyX(k)+B,U(k) (8.144)

Y(k) = CyX(k) (8.145)
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The induction motor model in Figure 8.49 is shown with two noise sources, V and W,
which correspondingly give the model equations in discrete form as

X(k+1) = AyX(k)+ B,U(k)+V (k) (8.140)

Y(k)=CyX(k)+W(k) (8.147)

where V(k) and W(k) are zero-mean, white Gaussian noise vectors of X(k) and Y(k), respectively.
Both V(k) and W(k) are independant of X(k) and Y(k), respectively. The statistics of noise and
measurements are given by three covariance matrices, Q, R, and P, where Q = system noise vec-
tor covariance matrix (5X5), R = measurement noise vector covariance matrix (2X2), and P =
system state vector covariance matrix (5X5).

The sequence of the EKF algorithm implementation by a flow diagram is shown in Figure
8.50, which also includes the basic computational expressions. Basically, it has two main stages:
predlctlon Stage and filtering stage. In prediction stage, the next predicted values of states
Xk + 1) are calculated by the machine model and the previous values of the estimated states. In
addition, the predicted state covariance matrix P (k + l) 1s also calculated using the covariance
vector Q In the filtering stage, the next estimated states X(k +1) are obtained from the predicted
states X (k +1) by adding the correction term eK where ¢ = Y(k +1) ~Y(k+ 1) and K = Kalman
gain. The Kalman gain is optimized for the state estimation errors. The EKF computations are
done in recursive manner so that e approaches 0.

Due to high complexity, the computation time, even with a powerful DSP, is long and
difficult to apply in real time, particularly for fast-speed variations. Besides, there is also a
parameter variation problem, which makes accuracy poor at low speeds.

8.5.1.6 Slot Harmonics

This is one of the simplest methods for the estimation of rotor speed. In an induction
motor, the slots on the surface of the rotor provide reluctance modulation, which produces space
harmonics in the air gap flux. The slot-induced ripple flux is superimposed on the fundamental
flux wave. Therefore, induced stator voltage waves will contain a ripple voltage component, the
frequency and magnitude of which are proportional to the rotor speed. The speed can be esti-
mated by identifying the ripple frequency through a signal processing circuit. Due to the finite
number of rotor slots and small reluctance variation, the ripple frequency and voltage magnitude
become very low at low motor speeds and speed estimation becomes difficult.

8.5.1.7 Injection of Auxiliary Signal on Salient Rotor
The speed estimation techniques discussed so far become impossible at zero stator
frequency, that is, the dc condition when the machine speed I8 zero at zero torque. At pure dc
condition, the rotor conditions become unobservable. However, recently, the position and speed
estimation of the induction motor, which are based on the injection of an auxiliary carrier
frequency signal from the stator side of a custom-designed rotor have been proposed [21]. In the
proposed scheme, the machine rotor slots are to be specially designed to get spatial variation of
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Step 0

Initialize state vector and covariance matrices

X(0}, Qq, Ro, Pg

s

s
Step 1 lvd& Vgs

Predict the state vector

X (k + 1K) = X*(k + 1) = AgX(K) + BgU(K)

Step 2

Y

Estimate P(k + 1) covariance matrix

Prk+1)=f(k+ 1) Ig(k)fT(k+ 1H+Q
where

3
flkr1)= = (AdX+BdU)\X:;((k+1)

Step 3

Compute Kalman filter gain
— K (to Fig. 8.49)
Kk +1)=P*(k + 1) hT(k+ 1) [h(k + 1) P*(k + 1) hT(k + 1) + R}
where

8
ke )= 10X

.S .8
Step 4 lIdS) Igs

Estimate state vector

A

Xik + 1) = X*(k+ 1)+ Kk + 1) [Y(k + 1) - Y(k + 1)]

Step 5

v

Update error covariance matrix

A

Pk+1)=P*k+1) -K(k+ 1) h(k + 1) P*(k + 1)

l Go to step 1
Note-X* (k + 1|k) means predicted value of X* (k + 1) at (k + 1)th instant

Figure 8.50 EKF algorithm flow diagram

magnetic saliency. This is possible by a number of methods, such as variation of resistance of
outer conductors, variation of depth of rotor bars, or variation of conductor heights in slot open-
ings. The saliency of the rotor position is to be tracked by the position estimation algorithm. In
this method, a carrier frequency signal (typically 250 Hz) is mixed with the usual three-phase
modulating voltage signals of the inverter. The carrier does not essentially affect the drive’s
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performance. The high-frequency machine model with modulating leakage inductance (due to
rotor anisotrophy) indicates the generation of a negative sequence current component at carrier
frequency that is modulated by the machine position. The machine stator currents are sensed.
passed through a band-pass filter, and are then fed to a PLL system to estimate the incremental
position and speed signals. The PLL system consists of a salient machine model. low-pass filter.
P-I-D controller, and mechanical subsystem model with estimated load torque. The estimation
algorithm is obviously very complex. The accuracy of estimation is affected by the parameter
variation of the machine model, the load torque estimation error, and the inertia variation error.
There is also a skin effect problem in the rotor bars due to carrier frequency. In addition. the finite
phase shift in the low-pass filter to retrieve the fundamental frequency phase currents will tend to
degrade the vector control. Custom designing of the rotor for speed and position estimation may
not be acceptable by drive manufacturers.

8.5.2 Direct Vector Control without Speed Signal

In a torque-controlled drive with direct vector control, such as in electric/hybrid vehicle
applications, it is possible to control the drive from zero speed (including the start-up) without
using the speed signal. Such control will be described [23] with stator flux orientation.

8.5.2.1 Programmable Cascaded Low-Pass Filter (PCLPF) Stator Flux Estimation

The use of the voltage model for rotor flux vector estimation was discussed before. The
method uses an ideal integrator, where the dc offset voltage tends to build up at the output. The
problem becomes particularly serious at the low-frequency condition. If, on the other hand. the
single-stage integrator is replaced by a number of cascaded low-pass filters with short time con-
stants for integration, the dc offset can be sharply attenuated. Consider a first-order. low-pass
filter with transfer characteristics as follows:

r__ (8.148)
X (I+)1m,)

where 7= filter time constant and @, = frequency. The phase lag and gain (or attenuation) of the
filter at frequency w, can be given, respectively, as

@ =tan"'(10,) (8.149)

’ (8.150)
+(m) )
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If n number of filters are cascaded, the total phase shift angle and gain are given, respectively, as

- - - 8.151
Or =@+ @y + ...+ @, = tan” (1;00,) + tan” (1,0, ) + ...+ tan~ (7,0, (8.151)
|

KT :Kle...Kn = 5 5 . (8152)

\/[1+(le€) }[1+(T2a)€) ]...[H(rna)e) }

If all the filter stages are identical, the corresponding expressions are
Or =ng = n.tan”! (Tw, ) (8.153)
Ky =nK = !
4 o (8.154)
[] +(Ta)€)“]

It the cascaded filter is required to perform integration of a sinusoidal voltage at frequency ®,,
then ¢y = @2 and G.Ky = 1/w,, where G = gain compensation needed for the integration. Sub-
stituting these conditions in Equations (8.153) and (8.154), respectively,

T :(L)[an(z) (8.155)
0, 2n
G=(1) [1+ 0, | (8.156)
)

¢
The above equations give the parameters 7 and G as functions of frequency. Figure 8.51 gives

the equivalent op amp representation of the cascaded low-pass filter for integration, where ¢; =
=@, = 2.

L0 T ="f(we)

£%2 1 =f(w)
% ’ £ 0n T =f(we)

i

—MA——- 3 (

Vg = Vi, Sin mgt NN - AN
+ A -

Figure 8.51 Op amp representation of PCLPF for integration
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A large number for n is desirable, but in digital implementation, the software computation
burden becomes heavy. Figure 8.52 shows a three-stage (n = 3) PCLPF for the synthesis of stator
fluxes yy,* and y,,;* by solving the following equations:

, o 32
l//dsb — J.(Vdss _ldsSRs )dl (8 )

V/qss = J'(vqss - iquRS )dt (8.33)

Note that identical low-pass analog hardware filters are used in the front end for both the current
and voltage signals (not shown here), but their effects are compensated in the PCLPFE. The cor-
rect time constant and gain expressions can be derived as

| 1
T=(—)tan —{tan_l(rhw€)+£:| = f()o, (8.157)
, n 2
Ve T
Hardware
low-pass filter iqus
T T
h 4 A4
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Y Y
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£ 7(90° = ¢p) £~7(90° - dp)
3 3
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! o() ! f)
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Wds T Ygs T
g ®e

Figure 8.52 Three-stage PCLPF based stator flux vector synthesis
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G= (wi)\/[n(rweﬁ ]" [ 1+ @0 | = g0, (8.158)

where 7;, = hardware filter time constant and tan™! (1, ®,) = —@;, (phase lag due to hardware filter)
is shown in the figure. If, for example, ¢;, = 3° at a certain frequency, each low-pass filter (LPF)
gives a phase shift angle of 29°, irrespective of the stator frequency variation. Since the hardware
filter phase shift angle and attenuation are compensated at all frequencies, it can be designed
conservatively to clean the harmonics without fear of phase drift and attenuation of signals.

Figure 8.53 shows the plot of 7 and G signals from Equations (8.157) and (8.158) for a
particular value of 7, (in this case, 7, = 0.16 ms). In Figure 8.52, the frequency @, is solved in a
circulatory manner from the equation

(v, =i *R.
_I: qs qs (870)

and 1s applied to the PCLPFs for solving estimated fluxes. Note that stator resistance R, will
tend to vary with temperature and will cause an error in the estimation. The parameter can be
estimated reasonably accurately using stator-mounted thermistor probes. A fuzzy logic method
of R, estimation is discussed in Chapter 11. The PCLPF method of flux vector estimation is sat-
isfactory, typically down to a fraction of a hertz.

8.5.2.2 Drive Machine Start-up with Current Model Equations
The stator flux-oriented direct vector control using PCLPF, as discussed above, is satisfac-
tory from a fraction of a hertz of stator frequency up to the field-weakening region. However, a
separate start-up control is required from zero speed stand-still condition. This is possible with
the help of a current model or Blaschke equations without any speed signal as discussed below.
The stationary frame current model equations with rotor fluxes are given with standard
symbols as

d

oL, R 8.48
*d;(l//(lrs )= ]i:l lys ’"a)qur“ - Tf‘//m-s | )
d s Lm - S $ l s
— Wy )=y Oy Y, (8.49)
" T

These cquations are to be transformed for stator flux vector estimation so that the stator flux-
oriented vector control can be used at start-up condition. Substituting the following equation
pairs:

s L, s .8 8.39
W(/rs = *’des _Llrl(/sS ( ?)
Lm
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Figure 8.53 Time constant (7) and gain (G) as function of frequency for PCLPF (n= 3)(7;,=0.16 ms)

s s - 8.159
l/’a’sS = l//dm3 + LlsldsS ( )

and

. L
s Ly S .8
l//q‘r - L_‘l//qm - L[r lqs

Hnt

(8.40)

qus = l//qms + Llsiqss (8.160)
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in Equations (8.48) and (8.49) and simplifying, we get

d s ] s d _— s e 161

E(sts )= _FW([SS "i_AZ;(I(lsS )+ Bl(lsS —, (qus - A’qs‘) (8.161)
; ,

d s 1 $ d . .S s N "

df (qu ):_Tiqu +AE(1qs )+qus _wr(W(ls _Alds ) (8.162)
, v

where A = Ljs+ (L, L;)/L,and B= L, R,/L,

Equations (8.161) and (8.162) give Blaschke equations for stator flux vector estimation.
These equations can be used without the speed signal at zero speed to start the machine. Substi-
tuting w, = 0 in the above equations, we get

d s 1 : d . s 163

“Jt‘ (l//dsS )= —?4//(1&5 +A ;l,'l:(ld‘s" )+ Bla’sS (8.163)
" ;

d ~ 1 ~ d . N

@ (qu5 )=- _T_qu.s +A ar (’c/xlS )+ qusks (8.164)
r

A block diagram to solve the stator flux vectors ;" and " is shown in Figure 8. 54.

s _ T
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_LgR,
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A

Figure 8.54 Block diagram to solve y° and l//qss from Blaschke equations for start-up of drive
without speed sensor
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The current derivatives shown can be actually implemented with the DSP in real time.
where the derivative is basically considered an increment (or decrement) in a sampling time
interval for a heavily filtered current signal. Note that the models in Figure 8.54 are strictly valid
at @, = 0. Figure 8.55 shows the complete control block diagram, incorporating the PCLPFs and
Bldschke equation start-up, as discussed above. The additional unit vector signals cos 6, "and sin
0, “used for the inverse rotation of stator currents are constructed with hardware filter (7;,) com-

pensation as follows:

- | (8.165)
by ‘ ‘
l//ds (1+ hS) l//dS
) | (8.166)
s _ _ s -
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Figure 8.55 Control block diagram of speed sensorless stator flux-oriented vector control
incorporating PCLPF flux estimator and Blaschke equation start-up



408 Chapter 8 * Control and Estimation of Induction Motor Drives

(8.167)

(8.168)

In the beginning, the drive is in Blaschke equation (BE) mode at stand-still condition when
the rated stator fluxes are established with dc stator current before applying any command
torque (iqs*). As the torque command is established at stand-still condition, the slip frequency is
developed and the speed tends to develop with finite torque. The drive is transitioned to direct
vector control (DVC) mode at slip frequency with a time delay (depending on the command
torque) before any finite speed is developed. Figure 8.55 can also be modified for rotor flux-
oriented vector control.

8.6 DIRECT TORQUE AND FLUX CONTROL (DTC)

In the mid-1980s, an advanced scalar control technique, known as direct torque and flux
control (DTFC or DTC) or direct self-control (DSC) [24], was introduced for voltage-fed PWM
inverter drives. This technique was claimed to have nearly comparable performance with vector-
controlled drives. Recently, the scheme was introduced in commercial products by a major com-
pany and therefore created wide interest. The scheme, as the name indicates, is the direct control
of the torque and stator flux of a drive by inverter voltage space vector selection through a
lookup table. Before explaining the control principle, we will first develop a torque expression
as a function of the stator and rotor fluxes.

8.6.1 Torque Expression with Stator and Rotor Fluxes

The torque expression given in Equation (2.121) can be expressed in the vector form as
~ 3P _ -
e~ E(E)W“X{S (8.169)

where . =y, " —j yland I =i g5 —J igs' - In this equation, I, is to be replaced by rotor flux

¥, In the complex form, y and y, can be expressed as functions of currents (see Figure 2.28) as

— - T (8.170)

W, =LI,+L,I (8.171)
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Eliminating /. from Equation (8.170), we get
- Lm 7o+ L ’7
V, = L_l//l + sty

v

where L/ =L, - Lm2. The corresponding expression of 71 is

Substituting Equation (8.173) in (8.169) and simplifying yields

_ 3P L, _
T, ==(35) "y, Xy,
22 L1,
that is, the magnitude of torque is
3P L )
Io= =" wp] [ yslsing
L}’LS
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(8.172)

(8.173)

(8.175)

where yis the angle between the fluxes. Figure 8.56 shows the phasor (or vector) diagram for
Equation (8.174), indicating the vectors Ve W, and fk\‘ for positive developed torque. If the rotor
flux remains constant and the stator flux is changed incrementally by stator voltage V, as shown.
and the corresponding change of yangle is Ay, the incremental torque AT, expression is given as

3P L
AT, =2 ()
22 L

F s

v, W, + Ay, sinAy

v Ll Ay = VoAt

Figure 8.56 Stator flux, rotor flux, and stator current vectors on d° - g° plane
(stator resistance is neglected)

(8.176)
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8.6.2 Control Strategy of DTC

The block diagram for direct torque and flux control is shown in Figure 8.57, and Figure
8.58 explains the control strategy. The speed control loop and the flux program as a function of
speed are shown as usual and will not be discussed. The command stator flux l/?vY and torque Te*
magnitudes are compared with the respective estimated values, and the errors are processed
through hysteresis-band controllers, as shown. The flux loop controller has two levels of digital
output according to the following relations:

H

y =1 for E, >+HB, (8.177)

Hll/:_l for E, <-HB, (8.178)

where 2HB,, = total hysteresis-band width of the flux controller. The circular trajectory of the
command flux vector ¥, with the hysteresis band rotates in an anti-clockwise direction, as
shown in Figure 8.58(a). The actual stator flux v is constrained within the hysteresis band and

3¢, 60Hz
supply

l

—H

l\I’s
Sy 1
Wy e = Vs * By 0 Hy _‘F
- T Sa
> |« > >
2HB, Voltage Sg
« . 1 vector > Inverter
Wy G le Te Eve _[_+ Hre .| table Sc .
T2 +> A1J— \ X
S(K)
o, Te > L
HB A P
e e = Ve Tl )
Te W s ———————®
6o =sin! =X
s 3P _ _
Te= 4 (Was 'qg - qu ige)
/,
J/ Motor
Signal computation /

e

Figure 8.57 Direct torque and flux control block diagram
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V(011) <

V5(001) Vg(101)

Figure 8.58 (a) Trajectory of stator flux vector in DTC control, (b) Inverter voltage vectors and
corresponding stator flux variation in time Af

it tracks the command flux in a zigzag path. The torque control loop has three levels of digital
output, which have the following relations:

HTe =1 fOf ET > +HBT (8 1 79)

HT€ =-1 for ET < —HBT (8 I 80)
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Hy, =0 for —HBp <Ep <+HB; (8.181)

The feedback flux and torque are calculated from the machine terminal voltages and cur-
rents. The signal computation block also calculates the sector number S(k) in which the flux vec-
tor y, lies. There are six sectors (each /3 angle wide), as indicated in Figure 8.58(a). The
voltage vector table block in Figure 8.57 receives the input signals H\, Hy,, and S(k) and gener-
ates the appropriate control voltage vector (switching states) for the inverter by a lookup table,
which is shown in Table 8.1 (the vector sign is deleted). The inverter voltage vectors (six active
and two zero states) and a typical , are shown in Figure 8.58(b). Neglecting the stator resis-
tance R, of the machine, we can write

_d
Vo= W) (8.182)
or

Ay, =V, Al (8.183)

which means that y/; can be changed incrementally by applying stator voltage vector V. for time
increment Az. The flux increment vector corresponding to each of the six inverter voltage vectors
18 shown in Figure 8.58(b). The flux in the machine is initially established at zero frequency (dc)
along the radial trajectory OA shown in Figure 8.58(a). With the rated flux, the command torque
is applied and the ‘/75-* vector starts rotating. Table 8.1 applies the selected voltage vector, which
essentially affects both the torque and flux simultaneously. The flux trajectory segments AB, BC,
CD, and DE by the respective voltage vectors Va, Vj, V3, and Vj are shown in Figure 8.58(a). The
total and incremental torque due to Ay, are explained in Figure 8.56. Note that the stator flux
vector changes quickly by V., but the w, change is very sluggish due to large time constant 7,
(see Figure 8.35). Since y, is more filtered, it moves uniformly at frequency @,, whereas y,
movement is jerky. The average speed of both, however, remains the same in the steady-state
condition. Table 8.2 summarizes the flux and torque change (magnitude and direction) for
applying the voltage vectors for the location of y, shown in Figure 8.58(b). The flux can be
increased by the V|, V5, and Vg vectors (vector sign is deleted), whereas it can be decreased by
the V3, V4, and Vs vectors. Similarly, torque is increased by the V,, Vi, and V4 vectors, but
decreased by the V|, Vs, and Vj vectors. The zero vector (V) or V5) short-circuits the machine
terminals and keeps the flux and torque unaltered. Due to finite resistance (R) drop, the torque
and flux will slightly decrease during the short-circuit condition.

Consider. for example, an operation in sector S(2) as shown in Figure 8.58(a), where at point
B, the flux is too high and the torque is too low; that is, Hy, = -1 and Hy, = +1. From Table 8.1,
voltage V, is applied to the inverter, which will generate the trajectory BC. At point C, Hy =+l
and Hy, =+1 and this will generate the V5 vector from the table. The drive can easily operate in the
four quadrants, and speed loop and field-weakening control can be added, if desired. The torque
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A0 | Ve | Vo | Vo | Vo Vsl v

1| Vs | Vo | Vi | Vo | Vsl Vy

Table 8.1  Switching Table of inverter Voltage Vectors

Voltage Vg or
Vi | Vo | V \Y \Y \Y
vector 1 2 3 4 5 61 v,

wsTT¢ll$0
oot ey

Table 8.2  Flux and Torque Variations Due to Applied Voltage Vector in Figure 8.58(b)
(Arrow indicates magnitude and direction)

response of the drive is claimed to be comparable with that of a vector-controlled drive. There are a
few special features of DTC control that can be summarized as follows:

* No feedback current control

* No traditional PWM algorithm is applied

* No vector transformation as in vector control

* Feedback signal processing is somewhat similar to stator flux-oriented vector control

* Hysteresis-band control generates flux and torque ripple and switching frequency is not
constant (like hysteresis-band current control)

8.7 ADAPTIVE CONTROL

A linear control system with invariant plant parameters can be designed easily with the
classic design techniques, such as Nyquist and Bode plots. Ideally, a vector-controlled ac drive
can be considered as linear, like a dc drive system. However, in industrial applications, the elec-
trical and mechanical parameters of the drive hardly remain constant. Besides, there is a load
torque disturbance effect. For example, the inertia of an electric vehicle or subway drive will
vary with passenger load. In a robotic drive, on the other hand, the inertia will change. depend-
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ing on the length of the arm and the load it carries. In a rolling mill drive, the drive load torque
will change abruptly when a metal slab is introduced within the rolls. Figure 8.59 shows a block
diagram of a speed-controlled vector drive indicating the moment of inertia J and load torque T}
variation. For the fixed control parameters in G, an increase of the J parameter will reduce the
loop gain, deteriorating the system’s performance. Similarly, a sudden increase of load torque 7;
or J will temporarily reduce the speed until it is compensated by the sluggish speed loop. The
effect of the parameter variation can be compensated to some extent by a high-gain negative
feedback loop. But, excessive gain may cause an underdamping or instability problem in
extreme cases. The problems discussed above require adaptation of the controller G in real time,
depending on the plant parameter variation and load torque disturbance, so that the system
response is not affected. Adaptive control techniques can be generally classified as

* Self-tuning control

* MRAC

* Sliding mode or variable structure control
* Expert system control

* Fuzzy control

* Neural control

In this section, the principles of adaptive control will be reviewed. Expert system, fuzzy
logic, and neural network-based intelligent control techniques will be discussed in Chapters 10,
11, and 12, respectively. The application of sliding mode control in a vector drive will be dis-
cussed in somewhat detail.

8.7.1 Self-Tuning Control

In this method, as the name indicates, the controller parameters are tuned on-line to adapt
to the plant parameter variation. A simple example of adaptive control is the loop gain schedul-
ing in Figure 8.59, where the gain is proportional to parameter J, provided the information for
the J variation is available. Another example is the slip gain (K,) tuning of an indirect vector-
controlled drive with on-line identification of the rotor time constant T,. Figure 8.60 gives the

Adaptive
control
i*
. as
Wy G > Wy
+ —
0y

Figure 8.59 Adaptive control block diagram for plant parameter variation
and load torque disturbance
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Figure 8.60 Block diagram of self-tuning control

general block diagram for a self-tuning control. Basically, it consists of a plant parameter identi-
fication algorithm and controller adaptation algorithm. The identification algorithm estimates
the varying plant parameter(s) on-line and updates the control parameters for the desired perfor-
mance of the system. The controller can be P-1, P-I-D, dead-beat, pole assignment control, or
pole-zero cancellation with the plant. The problems arising with P-I or P-I-D control are that no
unique mathematical relation between the transfer function of the system to be controlled and
the controller parameters exists. Updating must be done with the help of a search algorithm,
which may be too slow for on-line adaptation. All the other controllers allow direct computation
of the new controller settings based on the identified system parameters. The computational
complexity and corresponding time delay may not impose much problem in a slow process con-
trol drive system, but in a fast system, rapid on-line computation becomes difficult.

8.7.1.1 Load Torque Disturbance (7;) Compensation
As mentioned above, a sudden load or disturbance torque 7, can cause a droop in the
speed 1n a speed-controlled drive system, which may not be desirable. The speed droop can be
compensated with the help of a disturbance torque observer.
The speed and torque are given by the following relation:

o
J(—dl‘ﬂ-l—me = Te _TL (8.184)

where B = viscous friction coefficient. Therefore, T; can be estimated by the following equation:
T, =T,-(JS+B)w,, (3.185)

Figure 8.61 shows the estimation of the load torque and its compensation in a feedforward
manner [27]. The actual speed @, is measured with the measurement delay time T;. The signal
is processed through the inverse mechanical model (JS+B) and then subtracted from the
effective torque 7, to generate the estimated torque signal YA"L. A low-pass filter is added to clean
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Load torque observer
Figure 8.61 Disturbance torque estimation and its compensation in the system

the noise generated by the inverse model (due to differentiation). The compensation will not be
accurate because of the speed measurement delay, the inaccuracy of the inverse model, and the
delay due to the low-pass filter. However, the compensation will be reasonably good, particu-
larly in a high-inertia system.

8.7.2 Model Referencing Adaptive Control (MRAC)

The MRAC was already discussed for indirect vector control slip gain (K) tuning (Figure
8.38) and speed estimation (Figure 8.47). In an MRAC, as the name indicates, the plant’s
response is forced to track the response of a reference model, irrespective of the plant’s parame-
ter variation and load disturbance effect. Such a system is defined as a robust system. The refer-
ence model may be fixed or adaptive and is stored in the DSP’s memory.

Consider, for example, an indirect vector-controlled induction motor servo drive (Figure
8.32) and assume that the slip gain K, has been tuned to achieve perfect decoupling. Ideally, the
model of such a drive is identical to that of a dc machine. The position loop response of the sys-
tem can be given by a second-order transfer function. A typical response for such a drive system
with variable inertia (J, > J|) load is shown in Figure 8.62. Such a response variation may be
undesirable in some applications. The problem can be solved by the MRAC system shown in
Figure 8.63. The speed command a)r*, generated by the position control loop, is applied in paral-
lel to the reference model and plant controller as shown. The reference model output speed @,
is compared with the measured plant speed @,, and the resulting error signal e along with the @,
signal actuates the adaptation algorithm. The feedforward and feedback gains Ky and K,

respectively, of the plant controller are iterated by the adaptation algorithm dynamically so as to



Adaptive Control 417

reduce the error e to zero. The algorithm contains P-I-type control law so that the desired K- and
K parameter values are locked in the integrator when the error vanishes to zero. The plant will
be capable of tracking the reference model without saturation provided that the J parameter in
the reference model is defined on the worst-case (maximum) basis (i.e., slowest response) for a
variable-inertia plant load.

The MRAC profile for maximum inertia J, is indicated in Figure 8.62. With a fixed
machine-converter power rating, the drive will fail to meet the desired acceleration-deceleration
profile if actual inertia exceeds J,. If the plant inertia is J;(J; < J,), the drive will have subopti-
mal transient response. Thus, the robustness of an MRAC system is obtained at the sacrifice of
optimum response. Besides, there is the chattering problem on the speed signal, which is some-
what smoothed for the position signal because of integration. If chattering can be tolerated. an
MRAC is applicable to a speed control system.

The adaptation algorithm can be defined as [29]

Kr =Kpo+FVo, + [ GVo,d (8.186)
KB:KB()+LVwr+J‘(;MVa)r dr (8.187)
V'=De (8.188)

where Kp and Kp are the initial gain values and ¥, G, L, M, and D are the adaptation law con-
stants. In general, the structure of the reference model and the plant should be the same and the
parameters should be compatible for satisfactory adaptation. In Figure 8.63, the state equations
for the reference model and the plant, respectively, can be given as

(8.189)

#
wrm + Bl71 wl’

d
E(a)rm )= Am

MRAC

J2>J1

Speed, position

o

Time

Figure 8.62 Response variation of servo drive with variation of moment of inertia J
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and the other control loop equations are
B3 &k
o, :GI(Q,. —9,‘)

~ ES ES
W, =Krw, -Ko,

€ =W, —0,

(8.190)

(8.191)

(8.192)

(8.193)

Note that the control parameters K and Ky are time-varying. The speed control system within
the dashed line in Figure 8.63 can be represented by an cquivalent feedforward time-invariant
linear system with a feedback, nonlinear, time-varying block. The global stability of the system
can be analyzed by Popov’s hyperstability theorem, and correspondingly, parameters F, G. L. M.
and D can be determined. An MRAC with a neural network will be discussed in Chapter 12.
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8.7.3 Sliding Mode Control

A sliding mode control (SMC) with a variable control structure is basically an adaptive
control that gives robust performance of a drive with parameter variation and load torque distur-
bance. The control is nonlinear and can be applied to a linear or nonlinear plant. In an SMC. as
the name indicates, the drive response is forced to tract or “slide™ along a predetined trajectory
or “reference model™ in a phase plane by a switching control algorithm. irrespective of the
plant’s parameter variation and load disturbance. The control DSP detects the deviation of the
actual trajectory from the reference trajectory and correspondingly changes the switching strat-
egy (o restore the tracking. In performance, it is somewhat similar to an MRAC. as described
before, but the design and implementation of an SMC are somewhat simpler. SMCs can be
applied to servo drives with dc motors, induction motors, and synchronous motors for applica-
tions such as robot drives, machine tool control, etc. In this section. we will review the principles
of the SMC without going into rigorous theoretical aspects [31]. Then, we will apply it to a vec-
tor-controlled induction motor servo drive.

8.7.3.1 Control Principle

An SMC is basically a variable structure control system (VSS) where the structure or
topology of the control is intentionally varied to stabilize the control and make its response
robust. Consider a simple second-order undamped linear system, as shown in Figure 8.64. with
variable plant gain K. It can easily be seen that the system is unstable in either negative or posi-
tive feedback mode. However, by switching back and forth between the negative and positive
feedback modes, the system cannot only be made stable, but its response can be made indepen-
dent to the plant parameter K.

Consider Figure 8.64 in negative feedback mode with switch | closed. We can write

X, =R-C (8.194)
or
R-X,=C (8.195)

where X = loop error.

Sliding mode controller

. Qu
—>
+ N 2 g2
+FB L +1

| <
A\ 4
'®)

Figure 8.64 Variable structure control of second-order system
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Differentiating Equation (8.195),

d dC
Z(R-X)="=-X (8.196)
dt( ) dt 2
or
X _y, (8.197)
dt

where R = step input with constant value at time 7+ and —-X, = dC/dt.
We can also write the derivative of X, in the following form to satisfy the loop relation:

T2 - KX, (8.198)
dt
Combining Equations (8.197) and (8.198),
2
d“X, FKX, =0 (8.199)
dr?

which gives the second-order system model in terms of the loop error X and its derivative X,.
The general solution of the undamped equation, (8.199), is

X, = Asin(vK1+0) (8.200)
ax, 8.201
Xzzd—z\/EAcos(ﬁHe) (8.201)
!
where A and 0 are arbitrary constants. Combining them, we get
2 2
le L5 - (8.202)
A2 (VKA

Equation (8.202) describes an ellipse with semi-axes A and JKA. Its phase plane trajectory is
plotted in Figure 8.65, which shows concentric ellipses with arbitrary A. The shape of the
ellipses will vary with a variation of gain K.

In the positive feedback mode (switch 2 closed) of Figure 8.64, we can write the following
equations:

X

X _y, (8.203)
dt

4% _kx, (8.204)

dt
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Figure 8.65 Phase plane portrait of Figure 8.64 with negative feedback

Combining these equations,

2
TN kx, =0 (8.205)

dr?

The general solution of Equation (8.205) is

X, = Bl 4 i (8.206)

dX
X =Sl JKB,VK KBy K (8.207)
!
where B| and B, are arbitrary constants. Squaring each equation and combining them gives us

X X,

_ . (8.208)
4BB, 4KB\B,

where term BB, can be positive, negative, or zero. Equation (8.208) describes hyperbolas that
are plotted in the phase plane of Figure 8.66. The straight line asymptote equations can be
derived by substituting B|B, = 0 as

KX12 —X22 = 4KB,B, =0 (8.209)
Le.

X, =+JKX, (8.210)

The families of hyperbolas are plotted for B;B, > 0 and B|B, < 0. The system can be
switched back and forth between the positive and negative feedback modes for SMC. as
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Figure 8.66 Phase plane portrait of Figure 8.64 with positive feedback

explained in Figure 8.67. The operation in Figure 8.67 can be understood by the superposition of
Figures 8.65 and 8.66, where the hyperbolic asymptote line is described by the equation

o =vJKX;+X, =0 8.211)

where 0 =0 is on the line.

Assume that initially, the system is in negative feedback mode and the operating point is at
X| = X, on the ellipse. As the operating point moves on an elliptic trajectory and touches point B
as shown, the positive feedback mode is invoked. Ideally, it will then move along the straight line
BO and settle at steady-state point O, where error X| and error velocity X, are zero. The slope of
line BO may vary with a variation of K. Even with a constant K, precision switching at point B is
practically impossible to reach the steady-state point O. Let us define the sliding line equation as

O-:CX1+X2:O (8212)

where C < J/K so that the line slope is lower and beyond the range of the K variation. Note carc-
fully that on the sliding line, defined as the “reference trajectory,” the positive and negative feed-
back trajectories, described by hyperbolas and ellipses, respectively, cross in opposite directions.
This means that at point B’, the control can be switched to positive feedback mode, and then at
point D, it can be switched back to negative feedback mode, and so on. The operating point will
thus track the sliding line in a zigzag path until the steady-state point is reached at the origin.
The time-domain solution of the sliding line is basically a deceleration with exponentially
decaying X, as indicated by the following equation:

X, (1) = X, (1) ¢ ) (8.213)
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where 7 = time at which the trajectory reaches the sliding line. The time-domain response for the
sliding line control of two different values of C is shown in Figure 8.68, which reflects the charac-
teristic chattering effect. Note that once the operation reaches the sliding line. the response is
strictly dictated by slope C, but it is not affected by a variation of parameter K or any load distur-
bance (robust). The operation of the sliding line control in the second quadrant for —X | (reverse
position error) is similar to that for the fourth quadrant, and is shown in Figure 8.67.

The polarities of parameters 6, 6X;, and 06X, above and below the sliding line for both
+X| and —X, are summarized in Figure 8.67. The strategy of switching control is defined by

Initial

CQ>C1

/ Steady state

Time (t)
Figure 8.68 Time-domain response in sliding line control for two different values of C
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these polarities, which will be described later. Evidently, o> 0 and do/dr < 0, as the trajectory
tends to cross the sliding line from above, whereas ¢ < 0 and do/dt > 0, as the trajectory tends to
cross the line from below. Mathematically, we can write

Lim d70<0 for o — +0 (8.214)
dt
and
Lim d76>0 for 0 —>-0 (8.215)
dt

Combining Equations (8.214) and (8.215), we get

Lim a(fi—(:<0 for 0 —>0 (8.216)
Equation (8.216) is defined as an existence or reaching equation, which must be satisfied for the
SMC. In other words, the validity of the reaching equation guarantees that the response will
cross the trajectory in each switching transition, and is essential for a system to be controllable
by the sliding mode. In practice, the parameters in the sliding mode controller are designed with
the reaching equation, which will be discussed later.

8.7.3.2 Sliding Trajectory Control of a Vector Drive

We will now apply an SMC to a vector-controlled induction motor servo drive and develop
design criteria for the controller’s parameters. In addition, the sliding line control will be
extended to a full sliding trajectory control, incorporating acceleration, constant speed, and
deceleration segments. Figure 8.69 shows the block diagram of an ideal dc machine-like transfer
function model of a vector drive that incorporates a sliding mode control. The idea is to make the
response insensitive to the plant parameters, that is, the torque constant K,, moment of inertia J,
friction damping coefficient B, and load torque disturbance T;. Assuming a step command of
Gr*, we can write the following equations:

Te:Ktiqs =K, K\U (8.217)
(8.218)
X; =6, -6,
dx, de,” d6, X (8.219)
- - - — A2

a dr  dr "

1
T,-T, =X
e L)JS+B 2

(8.220)

where U = SMC output and K| = control gain for active current iqs*.
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Vector drive

1 O

A4

Figure 8.69 Vector-controlled induction motor servo drive with sliding mode control

The second-order plant model is expressed in state-space equations in terms of state variables X
and X, by the following steps:

_ (8.221)
JSXy + BX, =K, K\U+T;

B K, K 222
%2*—)(7— ! lU+1T1 (3 )
dt J - J J -

ax;

dr |0 T Xi] [0 v+, (8.223)
dX, | |0 ~b|| Xy | |-a| |4

dt

where b = B/J, a = K, K{/J, and d = 1/J. Figure 8.70 shows the proposed sliding mode control
topology in detail, and Figure 8.71 shows the corresponding trajectory control for the accelera-
tion, constant speed, and deceleration segments for both the +X, and -X, regions. Note that the
X, signal is directly derived from speed signal @,,.

There are essentially three control loops in Figure 8.70. The main or primary loop receives
the position loop error X signal and generates U, output through the switching controller with
respective gains ¢; and ;. The secondary control loop with derivative input dX,/dr = X5 gener-
ates signal U,. The input in this loop is derived directly from the motor speed signal @,,. as
indicated. In addition to these loops, there is an auxiliary loop where constant A is injected to
eliminate the steady-state error due to coulomb friction and load torque T;. In a sliding mode
controller, all the input signals are transmitted through single-pole double-throw (SPDT)
switches, and the criteria for controlling each switch are indicated on the figure. All the loops
contribute to the respective signals and the resultant signal U is

U = U() +U1 +U2 (8224)

In Figure 8.71, the outer curve is determined by the limiting values of the acceleration.
speed, and deceleration of the drive system. Normally, the variation of plant parameters will cause
drift within a band as shown by the dashed lines. For example, if the inertia J is increased. the max-
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Figure 8.70 Induction motor drive showing sliding mode controller in detail

imum acceleration and deceleration limits will shrink. The sliding trajectory or reference contour
in phase plane X; — X,, which the drive system will be forced to track, must be described beyond
the drift band so that the system becomes controllable and the response is not affected by the drift.
The sliding trajectory defined here consists of three segments, and their equations in the fourth
quadrant (forward position error) are described as follows:

1. Acceleration segment:

2
0 :aX2 +(X1—X10) (8.225)
where X, = initial position error
2. Constant speed segment:
0-2 = X2 —Xzo (8226)

where —X, corresponds to positive speed and —X,, = maximum positive speed (|Xoo| < |V,,])
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Figure 8.71 Sliding trajectory of drive in acceleration, constant speed, and deceleration segments

3. Deceleration segment:

0-3'—_CX1+X2 (8227)

which corresponds to the sliding line in Figure 8.67. All the sliding control parameters generally
vary with the selection of the segment. Note that in each case, ¢ = 0 means the reference trajec-
tory. The actual trajectory that follows the reference trajectory is given by the zig-zag profile in
the direction of the arrow, as shown. At steady state, the operating point oscillates at the ori gin of
the phase plane. The trajectory should be defined as close as possible to the limit envelope. but
beyond the drift band so as to get the best suboptimal transient response. [t can be shown [31]
that a second-order system theoretically requires only error signal X and its derivative X5 as
control inputs, as shown in Figure 8.70.

The SMC law can be defined mathematically as
U= ASgn|os |+, X, +y, X, (8.228)
where

Sgn o3/ =+1 if 0320 (8.229)

-1 if 03<0
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yi=0o; if 0;X20 (8.230)
=f if 0,X,<0

yry=v if 0.X;20

(8.231)
’—‘5,‘ if O','Xz <0

as indicated in Figure 8.70.

Let us now take the individual sliding trajectory segments in Figure 8.71 and derive the
relations of the control parameters of the primary and secondary control loops. In each segment,
the validity of reaching Equation (8.216) will guarantee the success of the SMC.

Consider first the deceleration segment given by Equation (8.227). Differentiating this
equation and substituting in (8.216), we get

ax

o-(C
T

X <0 (8.232)
dt

But, the state-space equations of the system from (8.223) can be written as

X, _ X, (8.233)
dt
X
ddz =—bX, —aU+dT} (8.234)
!

Substituting Equations (8.233) and (8.234) in (8.232) and replacing U by the relation
U=y X, tyr,X, (8.235)
we get
-0 X (ay|)— 03Xy (b+ay, —C)+03dl; <0 (8.236)
For validity of this equation, the following control relations should be satisfied:
1. Primary loop:

If 03X, > 0. then acy > 0, that is, a3 >0 (8.237)

If 63X, <0, then afly < 0, that is, B3 <0 (8.238)
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2. Secondary loop:
If 63X, > 0, then (b +ay; —C) > 0, that is, 75 > ‘2 (8.239)
a
: (C-b)
If 03X, <0, then (b+a§3 — () <0, that 1s, 53 S (8.240)
a

These equations indicate that control parameter selection in an SMC is very flexible. It appears
safe to consider o and p; as positive and S5 and &; as negative values. It is better to design the
preliminary values of control parameters and then optimize by simulation and experiment. For a
wide variation of plant parameters, the control parameters can be adapted, if necessary.

Now, consider the constant speed segment of the trajectory given by Equation (8.226).
Difterentiating this equation and substituting (8.234), we get

402 _ 45 _ _yx, —ausar, (8.241)
dt dt ‘

Substituting equations (8.241) and (8.235) in (8.216)

-0 Xy (ay)) -0, X, (b+ay, —dT; ) <0 (8.242)
1. Primary loop:
If O-ZXI > (), then aoty > 0, that is, oy > 0 (8.243)
If 07X, <0, thenaf, <0, thatis, §, <0 (8.244)
2. Secondary loop:
dT, —b
If 65X, >0, then (b+ay, —dT; ) > 0, that is, y, > (G (8.245)
a
dly —1
If GzXz < 0, then (b+a§2 —dTL) < O, that iS, 52 < *( L ))' (8246)
a

Again, it appears safe to select o, and ¥ as positive and f3, and &, as negative values.

Now, consider the acceleration segment in the fourth quadrant. Substituting the derivative
of Equation (8.225) in (8.216),

d
olﬂ:o,(zaxz dﬁ+—~)<0 (8.247)
dt dt
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Substituting Equations (8.233)—(8.235) in (8.247),
—01X,Qacay Xy) + 0 X5 (—20bX, — 200ay> X5 +20dT; +1) <0 (8.248)
Since X, is always negative in the fourth quadrant, we can write the following equations:
1. Primary loop:
If 01X, >0, then 2aac; <0, thatis, ¢ <0 (8.249)
If 01X, <0, then 20af; > 0, that is, B; > 0 (8.250)

2. Secondary loop:

(14 20Ty, +20b|X, )
2(1(1‘X2\

If 01X2 > (, then > (825 1)

(14+20dT;, +20b X, )

Ifo, X, <0,thenéy <—————- 8.252
142 ¢ 2aa\X2] ( )

It can be shown that an SMC becomes valid using the primary loop only. However, the
secondary loop with a derivative input improves system response and permits a wider variation
of plant parameters.

The “dither signal” Uj = A Sgn |G| is activated in the deceleration segment only. The sig-
nal is bipolar with a mean average value and strengthens the primary loop output in steady-state
condition. Without this loop, the drive will have a steady-state position error (X;) with load
torque 7; and coulomb friction because the developed torque with i, current is supplied by the
primary loop error X; only. The dither input permits X; = O at steady state when the operating
point oscillates in the origin. However, the disadvantage of the dither signal is that it enhances
the chattering effect.

The chattering effect of an SMC may not be acceptable in many applications. Chattering
in torque and speed may be large, but its effect is small on position because of inertia filtering.
Chattering can be improved by a small computation sampling time, higher PWM frequency, and
by minimizing any additional delay in feedback signal computation.

8.8 SELF-COMMISSIONING OF DRIVE

Self-commissioning of a drive involves the initial measurement of machine parameters for
feedback signal estimation and tuning the control system. Traditionally, machine equivalent
circuit parameters are determined by no-load and blocked rotor (or short-circuit) tests with 60
Hz voltage injection in the stator. Information about the parameters is important for the estima-
tion of feedback signals (see Figs. 8.29 and 8.30) and slip gain tuning (see Figure 8.32) of
vector-controlled drives. The proportional (P) and integral (I) gains of feedback control loops
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can also be tuned with knowledge of the machine’s parameters. This means that if the transfer
function model of a plant is known with the plant parameters, the optimum P and I gains can be
determined.

Note that in self-commissioning, we are concerned with initial plant parameters only, not
the parameters during operating condition, which might change. Instead of P-1 tuning of
the loops with the knowledge of plant parameters, the tuning can also be done by observing the
loop’s response in real time. Expert system and fuzzy logic-based P-I tuning will be discussed in
Chapters 10 and 11, respectively. For a digitally controlled drive with an unknown machine,
a software routine can automate the whole parameter measurement procedure saving many
man-hours.

Let us consider, for example, a direct vector-controlled drive with space vector PWM
which has speed loop, flux loop, and synchronous current control loops, as shown in Figure
8.72. The motor has a speed encoder that helps to estimate the rotor flux vector starting from
zero speed (current model estimation). Of course, the flux vector can also be estimated with the
voltage model. Let us discuss the whole procedure of self-commissioning step-by-step [34].
Step 1: Feed name plate machine parameters

Initially, with the machine at rest, dial into the microcomputer’s memory the rated voltage
V, rated current /, rated frequency ,, and number of poles P of the machine.
Step 2: Measure stator resistance (R,)
* Set up the i, control loop (i, loop deactivated) with 100 percent dc stator current.

* Select the inverter voltage vector (say) V| and PWM modulation index 1, so that the rated
stator current is established. Note the current value of /.

Yr lgs Vg
+, ids + 7 ¥ A l
* ds v \Y
v P-| Pl %> a_,
Vo
" R VR » Inverter
lqs Vas ve
©y P-1 P-1 —-> >
+N + Ar A
C0s6, sinf,
Or lgs Yr . ]
ids
igs
<« e EE— ]
Wy
Motor

Figure 8.72 Direct vector controlled drive with speed, flux and synchronous current control
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* Repeat the above step for 50 percent stator current with modulation index m,. Note the
value of /.

* Calculate Ry = (V.m — V.my)/(I;; — I;»). The effect of distortion and inverter dead time
is cancelled by the two-step measurement.

Step 3: Measure stator transient parameters

* Select voltage vector V. Disable the PWM modulator. Apply the voltage for a short time 7,
(in ps), as shown in Figure 8.73. The resulting current response i is approximately linear.

Referring to the equivalent circuit Figure 2. 28(a), the transient loop equation is
— di
V. =Ri, + L% (8.253)
4

where R=R, + R, andL =L+ L,

If the resistance drop is neglected, that is, the current rise is linear, the transient inductance
L is given as

L=22 (8.254)

Both R and L can be determined from the following solution of Equation (8.253) by measuring i
for two different times ¢; and 1,. Make a few tests and calculate the average.

v,
(=" l1-e T (8.255)

where 7= I/R.
Step 4: Tune the current loops

* Tune the iy, and i, loops in Figure 8.72 one at a time. Note that the currents are perpen-
dicular but do not have an orientation with rotor flux. Figure 8.74 shows the i, loop,
where Ky = inverter voltage gain and /R + LS) is the transient equivalent circuit transfer
function. Determine the optimum P and I gains.

* Repeat the same for the i loop.

vs:V1

T~

|

Figure 8.73 Stator transient parameters measurement

0«——At—>t
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*

Vqs Vqs 1 L
R+LS 7 las

Figure 8.74 Stator current loop with P-| control

Step 5: Measure rotor time constant 7,

* Set up the iy loop and inject a dc current pulse for several seconds to establish the rotor
flux, as shown in Figure 8.75. Turn off the inverter at time ¢,, open-circuiting the machine.
Measure the induced voltage v,,(f) on the stator side. The rotor flux in the equivalent cir-
cuit will decay exponentially with the time constant, which can be given by the equation

_ di
IR, +L,d—::O (8.256)
The v, (1) expression is given as
di
Vi (1) = Ly = - (8.257)

which is plotted in Figure 8.75. The time constant 7, can be calculated as

L SR Tl (8.258)
Vin (t] ) Vin (’2 )— Vi (fl )
or
t
7= m ‘)——”—(rz —1) (8.259)
Vin (IQ ) Vi ([1 )
lg
t
0

Figure 8.75 Rotor time constant T, measurement
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Step 6: Tune the current model flux vector estimation (see Figure 8.30)
* Operate the drive in no-load volts/Hz control mode to establish a certain speed with a
proper V,/w, ratio to establish rated flux y,.
* Plug the 7, value in Figure 8.30 and change L, until the calculated i, = 0 so that the entire
current is iy, (magnetizing current). This i, is the rated magnetizing current for the rated
v, The vector control currents are now tuned with . orientation.
Step 7: Tune the flux control loop
The flux control loop transfer function block diagram is given in Figure 8.76, where 7,

corresponds to the i, loop response delay. Parameters L, and 7, are known.

11
* Select the optimum P and I gains of the flux loop.
Step 8: Measure mechanical inertia J and friction coefficient B
* With the vector control active, establish torque at no-load, as shown in Figure 8.77.

The speed equation can be given as

2 do,
T, =J(=)—+ Bo, (3.260)
P dt
It Bis neglected, J can be given as
T,At P
J ==t — 5
Aw. 2 (8.261)

where T, is easily calculated from feedback signals (see Figure 8.29).

Considering B, the exact solution of Equation (8.260) 1s

!

T/
o, =%(1-e ") (8.262)
B

where 7, =2 is the mechanical time constant. Both B and / can be solved from Equation
(8.262). which measures @, at two different instants.

Although we considered direct vector control with current model estimation as the exam-
ple. it is possible to tune an indirect vector control and voltage model estimation with these
parameter measurements. Finally, it should be noted that with step signal injection, some
amount of skin effect in the rotor bars will reduce accuracy.

. K, | lds 1 ids L
— —_— >
Ve +_© Ki+s 1+T,S 1+T,S Vr

Yy

Figure 8.76 Flux control loop with P-1 control
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Figure 8.77 Rotor inertia J and friction coefficient B measurement

8.9 SUMMARY

In this chapter, we extensively reviewed the different control and feedback signal estima-
tion techniques for cage-type induction motor drives. This class of drives is widely used in vari-
ous industrial applications, and the technology is continuously expanding. Thereforc. a
somewhat lengthy discussion on the subject was justified.

Both scalar and vector control techniques with appropriate feedback signal estimation
were covered. In scalar control, we emphasized open loop volts/Hz control because of its popu-
larity in industrial applications. A few more scalar control techniques were reviewed briefly for
completeness. Vector control with rotor and stator flux orientation was discussed extensively
because of its importance in high-performance drive applications. The vector control implemen-
tation with corresponding feedback signal estimation is complex. and thercfore, digital control
with high-speed. powerful microprocessor or DSP is essential. It is expected that vector control
will eventually emerge as the industry-standard control method for induction motor drives.

Speed sensorless vector control is an emerging technology. A number of speed estimation
techniques have been reviewed. However, very low-speed operation, including start-up at zero
frequency, remains a challenge. DTC control was discussed in detail. It has been accepted com-
mercially, and it will be interesting to see how it competes with vector-controlled drives. The
adaptive control methods, particularly the sliding mode control were discussed in some detail for
a vector-controlled drive. Fuzzy logic and neural network-based adaptive controls constitute
emerging technologies and will be covered in Chapters 11 and 12, respectively. Most of the con-
trol and estimation concepts for induction motor drives are also applicable for synchronous
motor drives. Self-commissioning of drives was covered at the end of this chapter. Finally. the
reader should note the difference between a space vector and rms phasor and the corresponding
vector or phasor diagrams.
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CHAPTER 9

Control and Estimation of
Synchronous Motor Drives

9.1 INTRODUCTION

Synchronous motor drives are close competitors to induction motor drives in many indus-
trial applications, and their application is growing. They are generally more expensive than
induction motor drives, but the advantage is that the efficiency is higher, which tends to lower
the life cycle cost. The basic principles of synchronous machines and their characteristics were
discussed in Chapter 2. As mentioned before, wound-field synchronous machines (WFSMs) are
generally used in high-power (multi-megawatt) applications. On the other hand, permanent mag-
net synchronous machines (PMSMs) are used in low- to medium-power (up to several hundred
horsepower) applications. A traditional line-start 60 Hz machine starts as an induction motor
with a cage or damper winding, but locks into synchronous speed at steady state.

The general classifications of PM machines are radial flux (drum-type) and axial flux (or
disk-type), and the former type is most commonly used. There are also classifications of sinuso-
idal and trapezoidal types, as discussed in Chapter 2. A sinusoidal machine can be a surface per-
manent magnet (SPM) type or an interior or buried permanent magnet (IPM) type. Synchronous
reluctance machines (SyRMs), as the name indicates, do not have any separate field excitation.
Variable-reluctance or double-reluctance (reluctance variation in both stator and rotor) machines
can be stepper or switched reluctance types. The switched reluctance machine (SRM) does not
strictly fall into the synchronous machine category.

Some typical applications of synchronous motor drives are:

* Fiber spinning mills
* Rolling mills

* Cement mills

» Ship propulsion

439
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* Electric vehicles

* Servo and robotic drives

* MAGLEV - linear synchronous motor propulsion

* Variable-frequency starters for 60 Hz wound field synchronous motors
* Starters/generators for aircraft engines

In this chapter, we will study the control and estimation of wound-field and PM synchro-
nous machine drives with voltage-fed inverters, current-fed inverters, and cycloconverters. Both
scalar and vector control techniques will be covered. Both sensor and sensorless drives will be
discussed. Generally, the machines should be considered as nonsalient pole, if not mentioned
otherwise.

It should be mentioned here that most of the concepts in control and estimation which
were developed in Chapter 8 for induction motor drives are also applicable to synchronous
motor drives. Therefore, only the distinctive features of synchronous motor drives will be dis-
cussed in this chapter. Like single-phase (or split-phase), variable-speed induction motor drives,
there are also single-phase PM synchronous motor drives in the fractional hp range for low-cost,
low-performance applications, but these will not be covered. Similarly, linear and inductor-type
synchronous machines are beyond the scope of this book. It is recommended that the reader first
review the fundamentals of synchronous machines in Chapter 2 before studying this chapter.

9.2 SINUSOIDAL SPM MACHINE DRIVES

In a synchronous machine drive, as the name indicates, the speed of the machine is
uniquely related to the frequency supplied by the inverter or cycloconverter. Unlike an induction
machine, 1t will run at synchronous speed, or will not run at all. There are essentially two control
modes for synchronous machine drives: one is the open-loop, true synchronous machine mode,
where the motor speed is controlled by the independent frequency control of the converter; the
other is the self-control mode, where the variable-frequency converter control pulses are derived
from an absolute rotor position encoder mounted on the machine shaft.

9.2.1 Open Loop Volts/Hertz Control

An example of an independent frequency control is the open loop volts/Hz speed control
shown in Figure 9.1. It is the simplest scalar control method of a synchronous machine, but it is
achieved at the cost of inferior performance, unlike high-performance vector control, which will
be described later. In topology and performance, the scheme is somewhat similar to the volts/
Hz-controlled induction motor drive described in Chapter 8. This method of speed control is
particularly popular in multiple synchronous reluctance or PM machine drives (as shown in
Figure 9.1), where close speed tracking is essential among a number of machines for applica-
tions such as fiber spinning mills. Here, all the machines are connected in parallel to the same
inverter so that they move in synchronism corresponding to the command frequency a)e* at the
input. The phase voltage command VS* is generated through a function generator (FG), where
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the voltage is essentially maintained proportional to the frequency so that the stator flux w,
remains constant. Similar to the induction motor drive, a boost voltage is added near zero fre-
quency to compensate the stator resistance drop. Maintaining a constant and rated stator flux
permits nearly maximum available torque per ampere of stator current and fast transient
response. The front end of the voltage-fed PWM inverter is supplied from the utility line through
a diode rectifier and LC filter. The machine is normally built with a damper or cage winding to
prevent oscillatory or underdamping behavior during the transient response.

The performance of the drive is explained in Figure 9.2, which indicates the motoring
mode as well as the braking mode in the forward direction. The corresponding phasor diagram is
shown in Figure 9.3. The phasor diagram is the same as Figure 2.31(a), except the stator resis-
tance R, is neglected, the field flux Yris shown as the reference phasor, and the stator current /,
is shown with a lagging angle. An equivalent (but fictitious) constant field current Iy for a PM
machine is indicated in the figure. Assume for simplicity that initially the load torque 7; on the
machine shaft is zero. In Figure 9.2, the machine can be easily started from stand-still condition

16 or 3¢
I AC supply

—{>F Rectifier

.
S

— DB 4
FG
=
! 3-phase
. f PWM inverter
(De [ »
Command
speed

O

Permanent magnet or
sync. reluctance motors

Figure 9.1  Open loop volts/Hz speed control of muiltiple PM synchronous motors
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Figure 9.2 Volts/Hz speed control characteristics in torque-speed plane

at point O to point A by slowly increasing the frequency. At this point, the load torque T; is
gradually increased. At steady-state condition, 7, = T, the operating point will move vertically
along AB in the first quadrant. The torque expression is given as

7, =30 s (2.169)
2 s
P
= 3(5)1//3,13, COS( (2.170)

where & = torque angle and /7 = I cos ¢ is the in-phase component of the stator current.
Therefore, with constant y, the d angle and stator current /, will increase gradually until the rated
torque is reached at point B, where either the limit 6 angle (n/2) or the rated stator current I is
attained (whichever is earlier). Usually, the inverter current limit is reached before the machine
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Figure 9.3 Phasor diagram of synchronous machine (motoring mode only)

stability limit. The operating point can be changed from B to C by slowly increasing the
frequency command. It can then be brought back to point D by gradually decreasing 7;. At base
speed @y, voltage V, will saturate. Beyond this point, the machine will enter into field-weakening
mode; therefore, the available torque will decrease due to reduced y, as shown. Like induction
motor control, any sudden change in a)e* will make the system unstable because of the loss of
synchronism. For variable-speed operation, the motor speed should be able to track the command
frequency without losing synchronism. The rate of a)(,* change or maximum acceleration/
deceleration capability is dictated by the following equation:

2 do,

J(=
(P) dt

=T,-T, (2.105)

where J = moment of inertia, @, = P/2 ®,, is the synchronous electrical speed (1/s), P = number
of poles, and @,, = mechanical speed (1/s) Therefore, the maximum acceleration and deceleration
capabilities are given, respectively, by the equations

dow *

) 1 P 9.1)
T (T, -T
d +J(z)(” L)
do,’ 1 P
€ =—— ()T, +T, (9.2)
dr J(z)(" 2

where T, = rated torque and T, contributes to deceleration. At point A, if @,* is ramped up, the
developed T, will jump to point B and the machine will accelerate along line BC until steady
state 1s reached at point D. Similarly, the profile during deceleration will be D-E-F-A.

The recovered electrical energy in deceleration is dissipated in the dynamic brake (DB)
installed in the dc link. Speed reversal is possible by reversing the phase sequence of the inverter.
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The damper winding prevents hunting or oscillatory behavior, as mentioned before. However, it
will induce the inverter harmonic frequency-related currents, which will tend to decrease the
efficiency of the drive. Note that although the angular speed of parallel machines is identical, the
angular positions will not be identical if the machine parameters are not matched or the load
torques are different.

9.2.2 Self-Control Model

A self-controlled synchronous machine has close analogy with a dc machine. This requires
clear explanation. In fact, a vector-controlled induction motor is also a self-controlled machine,
and its analogy with a dc machine was discussed in Chapter 8. Figure 9.4(a) shows a PM dc motor,
and Figure 9.4(b) illustrates a sinusoidal SPM machine with self-control. The7 stator winding of
the machine is fed by an inverter that generates a variable-frequency variable voltage sinusoidal
supply as in Figure 9.1. But, in this case, instead of controlling the inverter frequency indepen-
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Figure 9.4 DC motor and self-controlled synchronous motor analogy, (a) Permanent magnet dc
motor, (b) Self-controlled synchronous motor
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dently, the frequency and phase of the output wave are controlled by an absolute position sensor
mounted on machine shaft, giving it self-control characteristics. Of course, the pulse train from the
position sensor can be delayed by an external command, as shown in the figure.

To explain the dc machine analogy, consider the dc machine where the field flux Wy is
supplied from the stator side as shown. The dc power from the external circuit is supplied to the
rotor (armature) through brushes and commutators. The commutator segments, fixed on the
rotor, are rotor position-sensitive. Basically, the commutators and brushes convert the input dc
supply to ac, which is impressed in the armature winding. We can look upon the commutators
and brushes as mechanical rotor (absolute) position-sensitive inverters. However, the field flux
¥r and armature reaction flux ¥/, remain stationary in space at perpendicular positions, as shown
on the right of Figure 9.4(a).

A self-controlled synchronous machine can be considered analogous to a dc motor except
for the following differences:

* Unlike a dc machine, the field is rotating and the armature is stationary (often called an
inside-out dc machine).

* Unlike a mechanical position-sensitive inverter, we have in this case an electronic inverter
that is controlled by an absolute position encoder.

* Unlike stationary fluxes in space, the fluxes and phasor diagram are rotating at synchro-
nous speed. The absolute position sensor gives the position of the field flux Yr. which is
fixed on the rotor. If the inverter is current-controlled, the phase position of 7, can be con-
trolled with respect to yyat angle 0+ /2 — ¢ angle (see Figure 9.3).

This dc machine analogy gives the self-controlled synchronous machine various names.
such as electronically commutated motor (ECM), brushless dc motor (BLDM or BLDC). or
commutatorless-brushless motor, in the literature. However, the commercial name of BLDM (or
BLDC) 1s restricted to the trapezoidal PM machine drive, which will be discussed later.

The self-controlled synchronous machine has several features which can be summarized
as follows:

* An electronic commutator replaces the mechanical commutators and brushes, thus elimi-
nating the disadvantages of the dc machine, such as maintenance and reliability problems,
sparking, limitations in speed and power rating, difficulty to operate in corrosive and
explosive environments, the limitation of altitude, and the EMI problem.

* Because of self-control, the machine does not show any stability or hunting problem of the
traditional synchronous machine.

* The transient response can be similar to a dc machine.

* The phase angle between the current /, and flux Wy can be controlled as necessary by delay
control. The y,, is no longer fixed to the /2 angle as in a dc machine.

* With a high-energy magnet, the rotor inertia can be made smaller, which is an advantage
in a fast-response servo-type drive.
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Because of so many favorable characteristics, synchronous machine drives almost exclu-
sively use self-control.

9.2.3 Absolute Position Encoder

Synchronous machines have absolute location of rotor magnetic poles, which is unlike the
location of slipping poles in an induction motor. Therefore, in a self-controlled synchronous
machine, an absolute position encoder is mandatory. Sinusoidal PM machines require continu-
ous information of rotor position with high accuracy. This is much more demanding than that of
a trapezoidal machine or load-commutated inverter wound-field machine, which both require
position information at discrete locations only. Position encoders can generally be classified into
two types: optical-type and resolver-type.

9.23.1 Optical Encoder

Digital information about rotor position can be obtained directly from a coded disk that
transmits or interrupts a light beam. The light beam may be generated by a light-emitting diode
(LED), and the transmitted beam can be detected by photo-transistor. Figure 9.5 shows a binary-
coded disk that consists of a number of concentric rings with binary coding and a light beam for
each ring. The shaded area transmits light and indicates a digital count of 1. The simple four-ring
disk gives a digital output of 0101, that is, a decimal count of 5 at the indicated position. The
disk resets at a count of 2% = 16, that s, its mechanical angle resolution is 360/16 = 22.5°, which
corresponds to 45 electrical degrees for a four-pole machine. A practical disk with 14 rings gives
a 14-bit position resolution, which corresponds to nearly 0.04 electrical degrees for a four-pole
machine. In natural binary code, bit positions can change simultaneously, which may cause
problems. For this reason, a grey-coded disk has been developed where only one bit change
occurs per transition,

Another type of optical encoder in the form of a slotted (or coded) disk is shown in Figure
9.6(a), and (b) gives the encoder waves. The encoder has been specifically designed for a four-pole
machine. The disk has a large number of slots in the outer perimeter, but two slots of 7/2 angle at

0101

Figure 9.5 Binary-coded disk
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Figure 9.6 (a) Slotted disk for four-pole machine, (b) Encoder waves

an inner radius as shown. There are four stationary optical sensors (S;-S,), of which S, is mounted
at the outer perimeter and S, S,, and S5 are at the inner radius with n/3 angle spacing as indicated.
A sensor is defined here as an LED and photo-transistor pair, and a logic 1 is generated when the
sensor is within the slot. Sensors S| to S5 generate square waves at 2rt/3-angle phase shift, and Sy
generates a high-frequency pulse train. This type of absolute encoder can be used for the genera-
tion of firing angles for a three-phase, load-commutated, current-fed inverter for a WFSM drive,
which will be described later. The Hall sensors that generate the logic waves (described later) used
so commonly in trapezoidal machines work on a somewhat similar principle.

To determine absolute rotor position in a four-pole machine, assume for the present that
only sensors S; and S, are present, where S is aligned to the absolute zero position of the rotor.
A pulse at the leading edge of the S| wave can reset and trigger an UP-counter, which counts the
pulses generated by sensor S4. The counter output, shown at the top of Figure 9.6(b), has a
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period of 27 electrical degrees, and it gives the absolute rotor angle position. If the number of
slots on the disk perimeter is 720, the electrical angle resolution is 1.0°.

9232 Analog Resolver with Decoder

Another type of position encoder which is mechanical and therefore more robust and envi-
ronmental contamination-insensitive than the optical type is shown in Figure 9.7. It consists of
two parts: an analog resolver and a resolver-to-digital converter (RDC). The analog resolver is
basically a two-phase machine that is excited by a rotor-mounted field winding, which is excited
by a carrier wave of several kHz frequency. The resolver is brushless because the rotor winding
is excited by a revolving transformer whose primary is supplied from an oscillator, as shown.
The stator windings of the resolver give the amplitude-modulated outputs given by

V) = AV, sinwtsin@ (9.3)

V5 = AV} sinwt cosO (9.4)

where @ = oscillator frequency, Vi, = oscillator voltage, A = effective transformation ratio
between the transformer primary and output windings, and @ = electrical orientation angle of the

rotor excitation winding as shown. If, for example, 6 = 0, the horizontal stator winding will be

V4 = AVg sinmt sind V; = AV, sinot sind cosb
V= AVgsinot cos® | Vs = AV, sinot coso sind
/ PDC
Revolving S }
| . i
transformer ) o H:gh S Amp Phase ;
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Figure 9.7 Analog resolver with resolver-to-digital converter (RDC)
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decoupled, whereas the vertical winding will give maximum voltage output because of maxi-
mum coupling. The analog output signals can be used directly or they can be processed through
an RDC to obtain the digital signal. The RDC can be considered as a close loop position tracking
servo system. It consists of a number of components indicated in the figure. Additionally. it
generates the carrier signal for the resolver (not shown). The high-precision sin/cos multiplier
multlplles the input signals by cos 6 and sin 9, respectively, by the feedback estimated position
signal 0 generated by the UP/DOWN-counter. Output signals V" and V," are subtracted from
one another through an error amplifier to generate the AV, sin wz.sin(6 - é) signal at the output.
A phase-sensitive demodulator converts this signal to AV, sin(6 - 6) at its output. This signal is
processed by an integral-type controller, VCO (voltage-controlled oscillator), and UP/DOWN-
counter to generate the estimated signal at the output. The tracking error will be zero at steady
state because of integration in the controller, and it will give the correct position signal at the
counter output. Note that the VCO input (V) is an analog bipolar speed signal, which can be
tapped for control and monitoring purposes. The polarity of V gives the direction signal. UP
counting indicates a positive direction of rotation, whereas DOWN counting denotes reverse
rotation The resolver system is definitely more expensive than the optical encoder.

9.2.4 Vector Control

The vector control principle of a sinusoidal SPM machine is somewhat simple. In Chapter
2, a sinusoidal SPM machine was described basically as a nonsalient pole machine with a large
effective air gap. This makes the synchronous inductance L, and the corresponding armature
flux y, (= L[y) very small, that is, y; = y,, = y;. For maximum torque sensitivity with the stator

current (i.e., maximum efficiency), we can set i, = 0 and I as shown in the phasor dia-

Lgs:
gram of Figure 9.8, where the stator resistance R, is neglected for simplicity. This condition also
gives a minimal inverter power rating. The developed torque expression can be easily derived

from Equation (2.170) in the form

o

P . . Q
T, :E(E)Wﬂqs (9.5)

where V/ / is the space vector magnitude W2 ¥y and y; cos @ = Y, cos & = yy. The equation
indicates that the torque is proportional to I, and the power factor angle ¢ equals the torque
angle 6. Figure 9.9 shows the vector control block diagram for the machine, where the stator
command current i, “is derived from the speed control loop. Its polarity is positive for motoring
mode, but negative for regeneration mode. The rotating frame signals are converted to stator
current commands with the help of unit vector signals (cos 6

L, sin 8,) as shown. The position
control loop can be added easily, if desired.
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This vector control strategy is somewhat similar to that of the induction motor vector
control, which was shown in Figure 8.32, except for the following:

* The slip frequency @,; = 0 because the machine always runs at synchronous speed @, .
* The magnetizing current ids* = 0 because the rotor flux is supplied by the PM.

* The unit vector is generated from an absolute position sensor because, unlike the slipping
poles of an induction motor, the poles are fixed on the rotor.

Note that the y, and ¥ phasors in Figure 9.8 are at quadrature like the dc machine shown
in Figure 9.4(a), except these are rotating at synchronous speed. Such a drive has truly brushless
dc motor characteristics. The machine operates at a small lagging power factor angle ¢, which is
shown in the figure. The vector control shown is valid only in the constant torque region. As the
speed increases, voltages V, and Vyincrease proportionally to speed @,, and eventually, vector
control is lost when the PWM controller saturates at the edge of the constant torque region.

9.24.1 Field-Weakening Mode

The speed of a sinusoidal SPM machine can be controlled beyond base speed wj, by field-
weakening control. However, the field-weakening speed range is small because of a weak arma-
ture reaction effect. This is explained with the help of the phasor diagram in Figure 9.10, and the
corresponding torque-speed curve in Figure 9.11. As the stator voltage tends to saturate at the

qe
ldsxs \l 1 Vf, = Wt
A Vs = wgys
Vs = Vg S |

ds

Figure 9.10 Phasor diagram showing field-weakening control
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- ————

Speed (o)

Figure 9.11 Torque-speed curve showing field-weakening control above base speed o,

edge of the constant torque region, and since V, = ®, v, the stator flux y, must be weakened
beyond the base speed @), so that stator current control remains possible. This means that a
demagnetizing current —iy, must be injected on the stator side. But, because of low armature
reaction flux v, this demagnetization demands large ;. Within the specified machine stator cur-
rent rating, therefore, it appears that the weakening of v, is small, giving a small range of field-
weakening speed control. It is also obvious that with constant y;, V; will increase proportionally
with @,, and the overexcited machine will give a leading power factor at the machine terminal.
Now consider the phasor diagram in Figure 9.10, where the region of constant torque
mode control remains the same as in Figure 9.8. With rated 1 =y IS can now be rotated anti-
clockwise in the a — a’ locus so that IS = ,/lqs + ldsz’ in other words, —1,4, helps weaken the stator
flux. With a constant magnitude of v, the y, phasor is reduced and rotated in the locus A — A’
as shown. At point A, | IAS| = |~i,|, which corresponds to zero developed torque at speed @, ;, as
shown in Figure 9.11. The orientation of voltages V| and VJ for this condition are shown in the
phasor diagram and the corresponding machine power factor is zero leading. Obviously, within
the rated stator current, the field-weakening range can be increased if the synchronous induc-
tance L, is increased to L, as indicated. Figure 9.12 shows the vector control block diagram for
constant torque as well as field-weakening modes. A position servo is considered and an
optional torque control loop has been added in the inner loop. In constant torque mode, iy, =0,
as m Figure 9.9, but in field-weakening mode, flux 1;/ is controlled inversely with speed, with

~l 4 " control generated by the flux loop. Within the torque loop, i is controlled so that its

qs
maximum value is limited by




453

(uoiba. Bulusyesm-play Buipnioul) sulyoew WIS [EpIoSNUIS JO |01JU0D 10J08A ZL'6 34nbBig

‘o
%9 (681°2) - - SPqSP| =P
WSINJ ) 8L )
e (881°2) ~ * SPIPY +ih = SPAh
Ta (PL1°g) " [P1SPsh — 5Dy SPAy Amv S _e)
d/ ¢
"
N og/02
JBUBAU| [« 3 pue
«— ! HA
o

Sinusoidal SPM Machine Drives



454 Chapter 9 » Control and Estimation of Synchronous Motor Drives

where iqsm* = is the limit value and | . = rated stator current (peak). The current model-based
feedback signal processing equations discussed in Chapter 2 are shown in the lower part of the
figure. Currents iy, and i, can be derived from i, and i, with the help of the 6, signal.

A somewhat simpler polar form of vector control implementation that operates in both the
constant torque and field-weakening regions is shown in Figure 9.13. The scheme does not
require a stator flux control loop and there is no switching in the i;, loop as in Figure 9.12. Only
the stator current phasor I is oriented at an appropriate angle, as shown in the phasor diagram of
Figure 9.10. In Figure 9.13, the torque control loop generates the magnitude of stator current
||, which is oriented at angle & with respect to the d* axis where a = f§ + 6, as shown in the
figure. The angle 8, is the absolute position angle, and f is the orientation angle of fs with
respect to the rotating d¢ axis. Obviously, f = n/2 in the constant torque region, and in field-
weakening mode, it is greater than 7/2, as indicated. The 3 angle is generated from a function
generator which has a value of 7/2 in the constant torque region, but increases with speed
beyond the base speed @y, until the maximum value is 7. The function generator is symmetrical
for both positive and negative speed. The polar form of rotating frame signals is then converted
to phase current commands by the following relations:

iy = fs cosor ©.7)
igs = I|sinct (9.8)
=i (9.9)
b B (9.10)
Ip = 2lqs 2 Lds
1oy A3
i :_Ezqu?zd; (9.11)

The polarity of developed torque depends on the sign of IAS, which correspondingly
determines the polarity of the f angle. The feedback signals can be computed as follows:

o= \igs" +igs" (9.12)

a:n—tan_l% (9.13)
Lds
3P . |5

T, =5(5)y/f I |sin B (9.14)

where = o— 0,
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Figure 9.13  Vector control of sinusoidal SPM machine in polar form (including field-weakening region)

9.3 SYNCHRONOUS RELUCTANCE MACHINE DRIVES

As discussed in Chapter 2, synchronous reluctance machines (SyRMs) have salient poles.
and they do not have any field winding or PM on the rotor. The machines are low-cost. rugged.
have high-efficiency (ideally no rotor loss), and are capable of operating at very high speeds.
The traditional SyRM has low saliency, that is, a low Ly, /Ly, ratio, which gives poor torque
density, low power factor, and poor efficiency. For these reasons, most SyRM drives have been
outdated by PM machine drives. However, the recent development of SyRMs by anisotropic
axially laminated construction (see Figure 2.37) has made a much higher Lym/Lyy, ratio (8-10)
possible, which has significantly improved torque density, power factor, and efficiency to the
point where they are almost comparable to those of an induction motor. Their application has
increased recently, although there are only a few manufacturers of this machine worldwide.

In many respects, the SyRM is similar to the sinusoidal PM machine, cxcept that the field
flux yy =0 and L, # L,,,. The d“-¢¢ equivalent circuits of the machine are simple, and are
shown in Figure 9.14, which can be derived directly from Figure 2.42. The machine may or may
not have a cage or damper winding. Ideally, there is no core or copper loss in the rotor. but the
inverter-fed harmonics will cause some copper loss in the damper winding, if present. The
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Figure 9.14 Rotating frame (d®-g®) equivalent circuits of SyRM

simplest operation of an SyRM is a line-start motor where the machine starts like an induction
motor with the help of a cage winding, but pulls into synchronism at synchronous speed. One tra-
ditionally popular application of an SyRM is the multi-motor drive by open loop volts/Hz speed
control shown in Figure 9.1. The performance curves in Figure 9.2 remain valid for the SyRM,
except the developed torque is lower, the field-weakening range is larger, and the stability limit is
reached at lower & angle (7/4) (see Figure 2.34). With volts/Hz control, the motor requires
damper winding to prevent hunting or oscillatory response. With self-control, the response is
robust like a dc machine, and no damper winding is needed. Figure 9.15 shows the phasor dia-
gram of the machine with standard symbols where W, = Lyigy, Yoy = Lygiye and V= @,y The
flux y, tends to saturate at higher i, In fact, there is some cross-saturation effect of L due to
iys current. The stator resistance drop has been neglected for simplicity. Note that the y phasor
and corresponding Vy phasor are absent. Since the stator supplies magnetizing current like an
induction motor, the stator power factor angle @ is large.

Equation (2.183) in Chapter 2 shows the developed torque expression of a SyRM, which is
rewritten as

L,—L)
7, =32 =) s (2.183)
2 2Ldqus
or
o (L gs)
—E(P) 2 e ~hep) oo 9.15)
2Ldqus

where space vector flux magnitude ¥/, = A[21//3‘, P = number of poles, and § = torque angle
shown in Figure 9.15. Substituting sin 28 = 2sin cos §, where sino = y/qs/l/?s and cos 8 = v,/
W/, Equation (9.15) can be written in the form

T, =

€

B ( ds_qu)
2

W 9.16)
L¢13 L l//qs Vs (

_3
2

or

3P o
= E(E)(Lds — Ly igglys (9.17)
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Figure 9.15 Phasor diagram of SyRM (shown with vectors)

This equation indicates that torque can be controlled by I4y Lgs» OF both components. Equation
(9.17) can also be written in the form

3P _ '
7—;? = ——(_)(stlqs _W(ISI(JS) (9 | 8)
22
which is also the general torque equation given in Equation (2.114).

9.3.1  Current Vector Control of SyRM Drive

In this section, we will review several close loop self-control methods of an SyRM drive
[3]. These can be classified as:

* Constant d*-axis current (i) control
* Fast torque response control
* Maximum torque/ampere control

¢ Maximum power factor control

Although these methods are defined as vector control because of the independent control

of iy, and Iy components of stator current and vector transformation, they are not truly vector
control because there is no orientation with machine flux.
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9.3.1.1 Constant d°-Axis Current (i) Control
In this simple control method, the d®-axis current i is kept constant as shown in Figure
.15, and the g-axis current lys is controlled to control the torque in the constant torque region.
The torque equation, (9.17), can be written in the form

_3p Le 9.19)
( )( La's )W(IS qs

This equation indicates that the torque is proportional to the product of s and iy, and its
polarity can be reversed by i, polarity. It looks similar to the torque equation of a vector-controlled
induction motor or smusmddl PMSM, but the coefficient K = y(ly ) 1—(Lys/Lys )) is smaller.
Figure 9.16 shows the block diagram of a speed control system with conetant iy, control. The
absolute position sensor provides the 8, signal for self-control and @, signal for close loop speed
control. The speed loop error generates the i, * current command that controls the torque. The
polarity of this signal determines the torque polarlty The magnetizing current command i, " s
constant in the constant torque region (, < W), but it is reduced beyond the base speed a),, for
extended speed control operation. The za,é “and iy components of the stator current are vector-
rotated (VR) and transformed to three-phase stdtor current commands in stationary frame with the
help of the 6, angle as shown. The actual inverter currents can be controlled by hysteresis-band
PWM or synchronous current control, which are not shown in detail.

Vg
O N + igs in l
i P-1 VR .
_ i
. and i’ » Inverter
W /—‘-l\ Ids N 2(1)/3(1) I .
L T
0
° SyRM
0, g
O‘)I'

Figure 9.16 SyRM drive with constant iy control
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Note that the magnitude of stator flux ¥, is given by

lﬁs = \(stz 'HV(/SZ (9.20)

or

v, =\/(Ldsids)2 + (L) (9.21)

and its orientation angle with the d-axis is given as

§= tan_l(@—) = tan—‘(ﬂ) (9.22)
Y Lds ids

These equations indicate the dependence of l/ls and 6 on both the i l4s and iy¢ currents. Therefore,
as i, 1s increased in Figure 9.16, both the ¥/, and § angle increase, giving more of a coupling
effect. In fact, controlling the in-phase and magnetizing current components at the stator terminal
with stator flux-oriented vector control, which will be discussed later, can give better performance
of the drive. Since V; = @, y,, at higher speed, the PWM controller will tend to saturate. Current
control in the extended speed range is possible by weakening the flux V., that is, y,, by reducing
i¢s inversely with speed @, in an open loop manner, as shown in the figure.

93.1.2 Fast Torque Response Control
In this control strategy, it is desired to have the fastest control response of the drive. The
torque equation, (9.17), the can be modified by multiplying it with the square of the stator flux
expression (9.21) in both the numerator and denominator as

. :é E (Lds L(/s)ld\ c;sl//sz (9.23)
22 (L ds lds +L )
which can be simplified in the form
~ 2
3P (Las =Lgs Y™ tan (9.24)
22

(Lgy” +L," tan 6)

where tan 6= i /i . This equation shows torque as a function of stator flux ¥/, and Qangle. The
fastest response at maximum torque is possible by differentiating 7, with respect to tan 6 at a
glven W, and equating to zero, that is, 7¢ ' = (. This operation on Equation (9.24)

L,
tanf =~ (9.25)

Ly
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This optimum condition means

i‘IS Lds
T (9.26)
Lis qu
in other words,
ang = 9 - 9.27)
Y s

so that v, is always oriented at angle 7/4 with the d®-axis. To get a clear perspective, let us
express torque T, stator flux vy, and stator current /; in normalized form [3]. The ¥/, expression
(9.21) can be written in the form

2. 2 2. 2
Lds Lis +qu lys (9.28)
2

11”‘\‘ = IS )
+qu

Las

where | ¢ = 1/iqs2 + ids2 has been multiplied in both the numerator and denominator. Equation
(9.28) can be derived in the form

2 2 2
=i \/La’s +L,," tan” 6 (9.29)
S I+tan’ @

Substituting Equation (9.25) in (9.29) and noting that the maximum value of v, (y,,,) corre-
sponds to the maximum [ (/,,,,), we can derive the relation

~ \/ELds qu 2
Vi = =i (9.30)
Lds + qu

Substituting Equations (9.25) and (9.30) in (9.24), the maximum torque expression T, can be
derived as

="()—=_ 7] (9.31)
€Hl . 2 2 S
22 (L(ls +qu )
Defining (pu) variables as
T, J I,
T,(pu) ==, W (pu) = 1}/5 cand I (pu) = 2 (9.32)
T€)77 ]'/ISITI ISI?’I
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we can combine Equations (9.24), (9.30), and (9.31) in the normalized form as
L,
2 Y tan@
T,(pu) = ds v, (pu)’ (9.33)
[1 +(=2)2 tan? 9}

ds

or

L
1+(£)2]
ds

T, (pu) = [—L—

2(&)
Lds

1,(pu)? sin260 (9.34)

Figure 9.17(a) shows a family of curves of y,(pu) and T,(pu) variables with several
numerical values on the / (pu) — 6 plane. Figure 9.17(b) shows a family of curves for I, (pu) and
W (pu) on the T,(pu) — 6 plane. All these curves are plotted with constant L,s/Lygs = 0.38. The
locus of operation at the optimum 6 angle (Equation (9.25)) is shown on these figures. Note that
operation always occurs at the peak of constant flux w,(pu) trajectory, giving fastest transient
response. If the 8 angle is negative, the drive goes into regenerative mode, as indicated on the
left-hand side of Figure 9.17(a).

Figure 9.18 shows the control block diagram with this strategy. An additional torque con-
trol loop is introduci:d within the speed loop, which generates the +i qs* current. The current |7 ’
is generted from iy, so that tan 6= Lyy/L s = i,4/i4 = constant. The feedback torque can be cal-
culated from Equation (9.17), the details of which are not shown. The saturation effect of L, can
be compensated in the torque computation, if desired. The addition of torque loop with satura-
tion compensation will give faster response than direct i control. With absolute |ids*| excitation,
the polarity of torque is determined by i qf polarity.

The performance curves in Figure 9.17 also indicate operation at constant v, (pu) = 1 and
constant iy trajectories. With constant rated flux linkage, the operating point is at A when
unloaded, where the flux is generated solely by iy, (6 = 0) current. As the machine is loaded, the
operating point travels along AB until it reaches point B at maximum torque. This means that
the rated flux y is rotating anti-clockwise with increasing § angle in Figure 9.15. If the machine
i1s operated at constant iy, = iy, the operating point C corresponds to no-load operation at 6= 0).
With loading, the point travels along CB, increasing I, and v, until it reaches point B at
maximum torque.



462 Chapter 9 ¢ Control and Estimation of Synchronous Motor Drives

1.0

Constant 6 trajectory

0.8
Constant y(pu) = 1.0
Te(pu) =-0.25 trajectory
_ 0.6
2 Constant igs(pu)
~ T

trajectory

Ys(pu) = 075 —0:4 -
L

L
Ws(pu) = 0.5 \_C_—/

0.2+
B —-___——'/
Vs(pu) = 0.25
<«—— Regeneration | Motoring — D
-8 0 30 45 60 ¢ 90
0 angle 6 (deg)
(@) 6 opt
Ys(pu) =1 B
1.0
ls(pu) = 0.75 < Constant 8 line
08 \
< Constant iy trajectory
0.6 \
é “ Constant yg{pu) trajectory
oy \|
' ls(pu) = 0.5
0.2
— Ys(pu) = 0.5
0 1 | D
0AC 30 45 60 % 90
0 angle 0 (deg)
(b) 6 opt

Figure 9.17 Performance characteristics of synchronous reluctance motor (L,s/Lys = 0.38)
(a) Normalized plot of variables on 6 angle — stator current /5(pu) plane, (b) Normalized plot of
variables on 8 angle — torque T,(pu) plane
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Figure 9.18 Vector control of SyRM drive at constant 8 angle

93.13 Maximum Torque/Ampere Control

As mentioned before, this condition tends to give maximum drive efficiency. For this con-
trol strategy, it is necessary to develop a torque expression as a function of stator current /..
Substituting iy, = I, cos@and i , = IAS sin @ in Equation (9.17), we get

3 P ~ 1 8In26
o =5 Gy =Lyl === 035

The maximum torque/ampere is obtained when 0 = n/4, that is, when i = i gs- The operat-
ing locus at this condition is shown on Figure 9.17. The control block diagram of Figure 9.18 is
also valid here, except with this new 6 angle input.

93.14 Maximum Power Factor Control

The machine terminal power factor expression cos @ can be found from the following
expression:

T,w,, =3Vl cosp = ‘}sis cosQ (9.36)

b | o
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In other words,

I,0

cosp ="

A 9.37)
Vil (

P | W

where w),, = speed in mechanical 1/s, V, = rms phase voltage (VS /2), and I, = rms phase current
(1,132).

Substituting the following relations:

2
_ “ (9.38)
0] we(P)

bl

N 9.39
V, =0, ©.39)

A L2002
Iy = igs” +igy (9.40)

in Equation (9.37) and with the help of Equations (9.17) and (9.21), we can derive a cos ¢
expression as

L .
(L—ds — Dy
_ 7
CosQ = 172 (9.41)
.2, Ly .2 .2 .2
[’(lsz((b)z“qs } (g5~ + g )2
Ly,
or
L
(ﬂ—l)
) Ly,
CoSQ = } 72 1 (9.42)
CBY+an?e| (——+D"?
2
Ly tan- 0

where tan 6= i /i, has been substituted. The cos ¢ will be maximum when the denominator D
of Equation (9.42) is minimum. Solving d (D?)/d(tan 6) and equating to zero, we get the relation

@ng = |1ds 9.43)
Ly,

which means that to maintain the maximum power factor, ratio i/iss should always be equal to
J L / L. Figure 9.18, the control block diagram, is also valid in this case.
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9.4 SINUSOIDAL IPM MACHINE DRIVES

The basic construction and characteristics of the interior or buried magnet machine were
discussed in Chapter 2. As mentioned before, the torque developed in an IPM machine has two
components: (1) the component due to field flux, and (2) the reluctance torque component. The
general torque expression of a salient pole machine can be given by

AA

‘ L, —L,)
Y, = 3(5) Wst Sln5 +lﬁ€2 (ds—gls_snl 25 (944)
22 ds 2Ldqus
or
3 P _ :
1, = E(E)OVdslqs _l//qslds) (2.114)

~ . . ~ 9 7
where P = number of poles, =Y ¢+ Lyglges Wy = Lys Igs and v = N7 +y,, . Note that
Equation (9.44) is the same as Equation (2.177), except the rms phasors have been replaced by

the corresponding peak values (q}f = ﬁl/(/- and Y/, = ﬁl//s). Substituting y,;, and .
expressions in Equation (2.114), we get

3 Pr.. .
Te = 5(5) [V/f’qs + (L(/s - qu )’dslqs:l (9.43)

This equation identifies the two torque components. In a sinusoidal SPM machine. the reluc-
tance torque is zero, thus giving only the first component as shown in Equation (9.5). whereas in
a reluctance machine, Yy =0, giving the reluctance torque component in Equation (9.17). Note
that in an IPM machine, L, > L, unlike a wound-field, salient pole, synchronous machine.

Like a sinusoidal SPM machine, an IPM machine can be operated in line-start or open
loop volts/Hz speed control mode, where a damper winding is essential. However. in self-control
mode, the machine does not use a damper winding. In this section, we will discuss two control
methods for self-controlled IPM machine drives.

9.4.1  Current Vector Control with Maximum Torque/Ampere

Like a synchronous reluctance motor, it is possible to control an IPM machine with the
maximum torque/ampere principle [6] to minimize electrical losses, that is, to optimize the drive
efficiency. This also means a minimum converter rating as well as its maximum efficiency. Of
course, this does not mean the best transient response.
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To derive maximum torque/ampere criteria, it is better to normalize the torque expression
and express it as function of normalized stator current components. Defining the base torque as

3 pP ,
T o =A=W,I (9.46)
B 2(2)l//f3

where the base current /g is defined as
Ip=———=lp—— (9.47)

The fictitious field current /,in the machine can be treated as a constant. The defined 7,5
and /g expressions are for convenience only, and are not related to rated or maximum machine
ratings. Substituting Equations (9.46) and (9.47) in (9.45), we get

7, ! '
Tipuy= L ='0 o o (9.48)
T Ig Ig I

or

T, (pu) = iy (pu)[1=iys (pu)] (9.49)

where i, (pu) = i, /g and iy (pu) = iys/lp.

Figure 9.19 shows the constant torque loci for T,(pu) as function of d- and g-axis stator
current components i (pu) and i, (pu).

Consider, for example, T,(pu) = 1.0 locus in the second quadrant. Any radial distance on the
locus from the origin represents the stator current magnitude IAS = ‘/iqsz +id52. Point A on the
locus represents minimum stator current; in other words, maximum torque/ampere criteria will be
satisfied for T,(pu) = 1.0 with stator current OA. For higher T,(pu), the corresponding optimum
points are B, C, D, etc. Note that for positive torque, the polarity of [4s 1s positive, whereas the
polarity of i, is negative. Negative i, contributes an additive reluctance torque component in
Equation (9.45). The polaAlrity of torque can be reversed by reversing the lys current. The figure
also shows a symmetric /, trajectory for negative torque in the third quadrant. Figure 9.20 shows
the plot of optimum i,,(pu) and i,((pu) currents as functions of normalized torque T,(pu), which
are derived from Figure 9.19. The information in Figure 9.20 can be used to develop the control
strategy for maximum torque/ampere which is shown i in Figure 9.21. The speed control loop gen—
erates the torque command 7, as shown. From the 7, signal, command currents i, and [y are
generated in feedforward manner with the help of function generators FG/ and FG2, Iespectlvely.
The function generators use the curves in Figure 9.20 and convert them to actual signal values.
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Figure 9.21 Speed control system of IPM machine with open loop maximum torque/ampere as-
signment (constant torque region only)

Note that the polarity of ids* is always negative, irrespective of the torque polarity. However, the
polarity of iqsﬁ: is dictated by the T: polarity, as §h0wn in the figure. The absolute position signal
0{,uconvverts the urotating frame signals iy, and i q; into stationary frame phase current commands
i, i, and i.", as shown. The simple feedforward current control will work correctly if the
machine parameter variation effect is neglected. In practice, the parameter variation (i.e., Vs, Ly,
and L) effect in FG1 and FG2 will cause incorrect distribution of the 4, and iy currents. Again,
the control algorithm is only valid in the constant torque region, where PWM control of the
inverter permits control of the desired currents.

9.4.2 Field-Weakening Control

[t was mentioned before that an IPM machine (unlike a sinusoidal SPM machine) has a
smaller effective air gap, which makes the magnetizing inductance larger; in other words, it has
a stronger armature reaction effect. This means that the stator current has a stronger effect in
weakening the flux that links the stator winding () (see Figure 9.10). This field-weakening
capability permits the drive to operate in an extended speed range, beyond the base speed @, for
applications such as electric vehicle drives.

In the constant torque region with PWM mode current control, as the machine speed
increases, the CEMF also increases proportionally, demanding more supply voltage. Eventually,
the PWM controller saturates in square-wave mode when the current control is completely lost. In
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square-wave mode, the available peak value of fundamental stator voltage is \7S = 2V, /7, where
V4= dc link voltage of the inverter. This is related to steady-state v, and V4s components of stator
phase voltage as

AS = Vdsz + V(]S2 (950)

where
Vqs =Y g5 + wel//}f 5D
Vds = WY ys (9.52)

Equations (9.51) and (9.52) are derived from (2.188) and (2.189), respectively, at steady-state
condition and neglect the stator resistance drop.

Substituting Equations (9.51) and (9.52) in (9.50) and expressing \7‘“ =2V,/m,

2
4V ’ A 2 2
73” = (a)e!//ds + wel//f )2 +w, qu (9.53)
Again, substituting ;" and ¥,s In Equation (9.53) by L, i, and Ls i45 TeSpeCtively, we get
2, 22 4V
(weLdsids +wel/7f )2 + 0, qu iq.s‘ = —621 (9.54)
/1
which can be modified to the form
(9.55)
v
LdS + lqs — 1
Vi oo Ve o
(— )" (——)
T, L T, Ly
This is an equation of an ellipse in the form
L2 2
(g =C)" s | (9.56)
A? B?
where
2V, , o .
A= is the length of the semi-major axis (9.57)

nw,L
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2V,
B= 4 is the length of the semi-minor axis (9.58)
i, L
and
vy o
C= I offset of the center on the i, axis (9.59)
ds

Equation (9.56) has been plotted in Figure 9.22, along with the optimum IAS trajectory.

The equation indicates that the center of the ellipse is fixed, but the size shrinks at increas-
ing speed w,. For a certain torque demand at point 1 on the I , trajectory, as the speed increases,
the square-wave voltage limit ellipse shrinks until it crosses point 1 at speed ®,3, when the cur-
rent control is totally lost. To activate the current control, operating point 1 or any point outside
the ellipse must be pushed inside the ellipse.

Consider, for example, the current demand corresponding to operating point 2. As the
speed increases and the voltage limit ellipse shrinks below point 2, the iqs* command can be
lowered to point 3 for the current control to remain valid. Basically, this means weakening the
stator flux y/, in the constant power region (i.e., weakening the CEMF) so that the current
control is restored beyond the base speed. Note that the available torque at point 3 is higher than
that at point 1. Figure 9.23 shows a control block diagram that permits field-weakening as well
as constant torque region control, and it is basically an extension of Figure 9.21. The feedback
current i can be easily calculated from the stator currents by inverse vector rotation (VR™!) with

N
Optimum |4 T2 7 Tot
. 4 /
trajectory 2 S
T
s/
N -2 (A]
- e T T TR T A — T~ .
T T - - Tl T Increasing speed
- - L ~o (1)
< - - — 1
/ // A N ~ N
‘o --—7 B ls N
Yy lds
— — Y

Square-wave
voltage limit ellipse

Figure 9.22 Operation explaining field-weakening mode current control with square-wave
voltage limit ellipse and optimum [ trajectory
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Figure 9.23 Speed control system for constant torque and flux-weakening regions

the help of position signal 6, (unit vector). In the constant torque region, currents "ds* and i,
track well, giving negligible Ai error as shown. However, the loop error tends to build up as the
current controller saturates at and beyond point 1. The error Aiy, through a P-I controller lowers
the limit curve of iqs* until Ai;s approaches zero, that is, the i, control is restored. This corre-
sponds to point 3 in Figure 9.22 for speed @, ;. As the speed increases further, point 3 is pushed
lower, giving lower torque at higher speed. For negative torque, current I,s 1s negative and the
operating region is symmetrically on the lower side of the ellipse.

9.4.3 Vector Control with Stator Flux Orientation

The control algorithm described above is somewhat simple, but it is truly not a vector con-
trol because there is no orientation of stator currents with the flux. Besides, there is no direct
control of machine stator flux. Therefore, the transient response of the drive may not be optimal.
We will now describe a vector-controlled IPM machine drive with stator flux v, orientation in
some detail. The stator flux will be controlled directly by a feedback loop. In an IPM machine,
the magnet flux Yris constant (or nearly constant), and since there is a strong armature reaction
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effect, it 1s natural to control the stator flux magnitude and have stator current orientation with
y, for optimum transient response. The control will be described with particular emphasis on the
electrical vehicle (EV) drive [7].

Figure 9.24 shows the torque-speed characteristics of the machine in forward motoring
mode, which also shows the phase voltage V and stator flux y, curves. The machine has two
regions of operation: the PWM or constant torque region, where current control permits vector
control, and the square-wave constant power or field-weakening region. The boundary between
the two regions depends on the dc input (or battery) voltage V,;, which may vary widely for EV.
With higher V,; (V5 > V), the limit of V| increases proportionally, thus increasing the maxi-
mum power output proportionally. The stator flux of the machine can be programmed as a func-
tion of torque for efficiency improvement at light load, which is shown in Figure 9.25. The light
load efficiency optimization principle was discussed for the induction motor drive in Chapter 8.
Since core loss is a function of flux as well as frequency, a family of these curves with torque
and frequency will give improved efficiency. The boundary between the PWM and SW modes in
Figure 9.24 is slanting because of the flux programming effect. The flux-speed relation on this
curve can be given as

Vs = & =Yg = WY ¢ (9.60)
o, ‘
where = stator flux, y, = stator flux at rated torque T,,., W= magnet flux, @, = base speed,
w, = speed, and @,. = crossover speed.
The phasor diagram of the machine, which is valid in the steady-state condition, is shown
in Figure 9.26. For forward rotation of the motor, the phasor diagram can be considered as rotat-
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Figure 9.24 Torque-speed curve of the drive
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Figure 9.25 Stator flux (wy, ys) program with torque for efficiency improvement

ing in the anti-clockwise direction at synchronous speed @, with respect to the stationary d*
axis, and at any instant, the angle between the magnet axis d° and the d* axis is 6, = @,r. The
armature reaction flux phasor y,, is given by the following magnitude

_I/A/(I_L’ '2+ 2 (9.61)
Vg = ﬁ - \/E Vs qu )

1 . .
v, = ﬁ\/(%zds P+ (Lysiys (9.62)

or

This adds with the magnet flux W to constitute the stator flux y;, which is aligned at an angle &
with the d¢ axis as shown. The stator phase voltage V, and speed EMF V/, given by @, l,l/\ and
o, Yy, respectively, are perpendicular to the respective flux components. A new set of d ¢ -4 axes.
which align with y; and V, respectively, are shown in the figure. The line current 1, 1s shown at
an arbltrary lagging power factor ang]e (p The current / can be resolved as the /- 4 Pair on the
d-g° axes or the Iy-I pair on the d¢ -¢¢ axes. The in-phase or torque component of current Iy
contributes to the active input power; therefore, it controls the torque. The reactive or magnetizing
component of current /y;, which is aligned with the stator flux, can control y,. However, v, is a
function of both I and Iy, currents. The torque angle §is shown as positive in the motoring mode.
The developed torque expression (9.18) can be expressed with these new axes as

3Py -
I, = E(E)(ste Ir+y, 1y) (9.63)
or
3 P . .
I, = E(E)W,VIT (9.64)

because l//qf =0 and y,;,° = /. For negative torque, the angle & and the active current I
become negative and the flux triangle is shifted in the fourth quadrant, as shown in the figure.
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Figure 9.26 Phasor diagram of IPM machine

In the constant torque region, the torque can be controlled by current I, whereas the flux
¥, can be maintained at a value determined by the y, program in Figure 9.25. The dotted curve
AB in Figure 9.26 is the locus of phasor y, when the torque is increased from zero to the rated
value in the constant torque region (see Figure 9.24). At point A, the torque 7, = 0, I3 =0, and
therefore, y; = yy. As T, increases, y; increases, demanding an increase of Iy and Iy, until the
rated torque is reached.

Figure 9.27 shows the current program, which gives the functional relation between [y,
and /7. It is interesting to note that in a wound-field synchronous machine, the flux v, is con-
trolled by field current, and therefore, the machine can always be operated at unity power factor.
In an IPM machine, on the other hand, the flux is controlled by the stator-fed lagging current I,;;
therefore, the machine operates at a lagging power factor. At the edge of the constant torque
region, the control of /- and Iy, and correspondingly the vector control, is lost because of satura-
tion of the current controller. Then, the machine enters into the SW constant power region. Of
course, Y, can be further weakened as a function of speed in the constant power region to permit
current control, which will restore vector control in this region.

Figure 9.28 shows a simplified control block diagram with a stator flux-oriented vector
control. Basically, it 1s a close loop torque control system for traction-type applications, as
mentioned before. The position and speed control loops can be used, if desired. The figure
includes some switches for transitioning to square-wave (SW) mode, which will be explained
later. The feedback signal processing block receives the machine stator currents i, and iy, the
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rotor position angle 6, in the form of a ramp (0 — 360° electrical) and the stator temperature T,
It then does the following computations:

* sin 6, and cos 6, synthesis

* Stator flux y, estimation

* Inverse vector rotation of stationary frame currents i, and i,
* Temperature compensation of NdFeB magnet flux 1

* Torque Te estimation

* Torque angle 6 estimation

This block will be explained later. In Figure 9.28, the command torque Te* is compared
with the feedback torque, and the resulting error generates the active current command 1T>k
through a P-I compensator. The reactive or magnetizing current command 1 M is then generated
from IT through the feedforward current program shown in Figure 9.27. The control system has
a flux control loop, where the command flux % is generated from the command torque through
the flux program shown in Figure 9.25. The flux loop generates an incremental magnetizing cur-
rent Aly; to supplement the current program output, and helps maintain the desired Y, irrespec-
tlve of the machine’s parameter variation effect. The flux program can be replaced by constant
W, " if constant rated flux operation is desired.

The command IT and / M" signals are then processed through the high-gain overlay current
control loops, VR, and 2¢/3¢ transformation to generate the three-phase stator current commands
as shown in the figure. The overlay current control and vector rotation are shown in detail in
Figure 9.29. The redundant current control loops, in addition to the vector control, permit the
following two functions: (1) simple hysteresis-band (HB) current control of the inverter (although
it is not harmonically optimum), and (2) partial saturation of the HB current controller (over-
modulation), which helps smooth the transition to the SW mode, which will be described later.

Assume for the present that all the feedback signals shown are available from the feedback
signal processing block of Figure 9.28. The d¢-g¢ axes currents I4; and i, can be converted to /
and I currents by the following current coordinate shifter equations:

I =iy €080 — iy sin o (9.65)

Iy =igssind +iy; cosd (9.66)

P-I control of the I and I, loops assures tracking of command and actual currents as long
as the current controller remains effective. In normal PWM (undermodulation) mode, the opera-
tion of the overlay loops is redundant and the loop outputs IT*/ and IM*/ remain equal to the
respective command signals. These current signals are then vector rotated so that IT*/ and IM*/
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are aligned to the V, and y; phasors, respectively, as shown in Figure 9.26. The unit vector sig-
nals for this phase alignment can be computed in the phase shifter as

cos(8, + ) = cosf, cosd —sin6, sin§ (9.67)

sin(6, +9) =sinB, cosd + cosb, sin§ (9.68)

As the speed increases in the constant torque region, the machine CEMF V¢ increases and
the current controller enters into the quasi-PWM or overmodulation region. At this condition,
the output of the overlay loops becomes higher than the respective command input, while the
command and feedback signals match because of P-I control. As the speed increases further, the
number of chops per cycle in the current controller decreases, and eventually in SW mode, the
current controller saturates completely and the overlay loops become ineffective. Note that

instead of overlay current control loops, the standard synchronous current control with voltage
PWM can also be used.

9.4.3.1 Feedback Signal Processing
cos 8, — sin 8,—The synthesis of unit vector signals cos 6, and sin6,, with the help of a
microcomputer lookup table, is simple and will not be discussed further.
Stator Flux Estimation—The accurate estimation of y is difficult because of inductance
saturation with rotor saliency, which creates complex cross-coupling effects between the direct
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and quadrature flux axes. Extensive modeling and simulation substantiated by laboratory exper-
imentation suggest [7] the following types of flux equations:

Vy = 0pW s = OpigeL (9.69)
where
P R Y
Lo=p _las o5 _las las ldsles (9.70)
w0 g c D EF
and
Vi = oy p + 0y Ly, ©.71)
where @y, L;, = constant and
20 i
Iy qs s 8 +'ds gs (9.72)

0] = +-2 4=
bY 1 = O ro H 1 7 Tk 3

All the constants in the above equations depend on the particular machine used. The voltages V
and Vd represent the corresponding flux components at base speed @), The above equations mdl—

cate that parameters L and yy are functions of iy, and i, but L, essentially remains constant.

qs’
VR of i i, and zb——The currents iy, and i, can be derived from the phase currents by 3¢/

2¢ conversion and inverse vector rotation, as discussed before. The expressions are

. 1
Iy =i, 8in0, ——=(i, +2i,)cosb, (9.73)

V3
. Lo
Iyg =1q cO80, +$(za +2iy,)sin 0, (9.74)

Temperature Compensation of Flux—Both the V( and V,/ flux equations require com-
pensation for machine rotor temperature variation because the high-energy NdFeB magnet has
approximately 0.1%/°C negative temperature coefficient. With the rise in rotor temperature, the
magnet flux y; decreases, which correspondingly reduces saturation of the ¢* axis flux, thereby
increasing its magnitude. The compensated flux equations can be given in the form

, . 75
Vi =Vy +K4(15 =Tg) O7)

v, =V, [1 ~K, (15 =Ty )] (9.76)
where Ty = rotor temperature (°C), K, K, = constant coefficients, and 75 °C is taken as the

reference temperature. This means that if T = 75 °C, the flux equations, (9.69) and (9.71), do
not require any compensation. For higher T, V, decreases, but V, increases, and vise versa.
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Unfortunately, Equations (9.75) and (9.76) require rotor temperature information, which is
difficult to measure or estimate. Since rotor dissipation is negligible, temperature Ty can be
estimated roughly from stator temperature information with the help of a dynamic thermal
model of the machine, which is quite involved. A simplified first-order thermal model can be
defined in the following difference equation form:

Tp(n)= TR(n—])+1[Ts(n)—TR(n~l)] (9.77)
T

where Tp(n), Tr(n — 1) = rotor temperature at nth and (n — 1) second, respectively, and
7= approximate thermal time constant. The stator flux with rotor temperature compensation can
then be given as

‘7[) = a)blﬁs = \/de + V(IQ (978)

Torque and & angle Estimation—Once the d¢ and ¢¢ axes fluxes and currents have been
estimated, the torque can be computed by Equation (2.182) as

3 P . :
I, = _(_)(stlqs _l//qslds) (2.114)
2 2
or
3 P 1 ) .
Te = E(E)Jb (leqs - Vql(ls) (979)

The sin d and cos § signals can then be calculated as

sind = Q (9.80)

cosd = -+ (9.81)

9432 Square-Wave (SW) Mode Field-Weakening Control

An SW mode field-weakening control can have the advantage of control simplicity and
some efficiency improvement because of the reduced switching loss of the inverter. However, the
disadvantages are non-optimum transient response and complexity of transitioning between the
vector control PWM mode and SW mode. The basic idea for SW torque control is to orient the
axis of voltage V, (q,” axis) (see Figure 9.26) at the desired § angle with respect to the Vi (q¢) axis
in feedforward manner. Figure 9.30 shows the simplified control block diagram in SW mode.
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The switches shown in the figure indicate the control structure change from PWM mode
(1 - PWM mode, 2 - SW mode). The torque control loop generates the sin & command through
the P-1 compensator because of the following torque relation:

Lys — Ly,
T(,:3(§) WLW sind +y > 2 (L =Lg)

sin28 (2.177)
ds 2L(/s qs

The sin & signal is then converted to angle & using the sin~' lookup table. The & angle is
then added with the rotor angle 6,, as shown. The resulting angle (6, + 8') is then converted to
cos(8, + 8" and sin (6, + 8") unit vector components. The & angle control is implemented with
the help of a VR in Figure 9.29, after switching the position of the DPDT (double-pole double-
throw) switch to position 2 and considering cos (6, + 5*) and sin (6, + 5*) as the control signals.
Figure 9.31 explains in detail the phase shift angle control principle for phase a with the help of
waveforms. The 6, angle ramp from the position sensor is phase-advanced by adding the 5
angle, and correspondingly, cos (6, + 8") and sin (8, + 8") waves are generated by the lookup
table. Using VR and 2¢/3¢ transformation of input constants A and B and substituting B = 0, we
can derive the phase voltage signals as

l},{v = vq‘ys* = Acos(0, + 5 (9.82)
i =vy =—Asin@,+6") (9.83)
i(,* = v(,o* =Acos(6, +5") (9.84)
i, =vy =Acos(®, +8" —2?”) (9.85)
i(‘* _ V(‘()* = Acos(0, + 5+ ~2;T) (9.86)

Note that constant A is very large, and therefore, the theoretical phase current commands
iaq‘, i, »and i, should be replaced by the phase voltage commands V40 - Vpo » and v, respec-
tively, because the steep sides of these control waves will force the HB current controller to
switch at the edge of each half-cycle and thus generate SW phase voltages. In Figure 9.31. it is
evident that the fundamental component of the v, square wave is leading at angle (11/2 + §) with
respect to the yy wave (see Figure 9.26). Other phase voltages are generated at the 2/3 phase
shift angle with respect to the v, wave. Evidently, the polarity of torque reverses by the reversal
of the 6 angle. As speed increases in the constant power region with the limit torque (Figure
9.24) to point C, the stator flux y, decreases correspondingly with constant & angle. Finally, if
the torque decreases to zero (point D) at the highest speed, the , phasor becomes oriented to the
d* axis. It can easily be seen from the phasor diagram of Figure 9.26 that the machine operates at
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/\\

\\ iz =A cos (8 +8*) = Vg
Qq :; :

N Vao

Figure 9.31 Implementation of square-wave control through VR and HB current controller

low leading power factor at high-speed, light load condition, thus reducing the converter-
machine efficiency. If the torque is zero in the constant power region, ideally the machine oper-
ates at zero leading power factor.

9.4.3.3 PWM — Square-Wave Sequencing

The PWM and SW modes of operation, as described above, can be combined through a
fast and smooth transitioning algorithm. Figure 9.32 shows the transition sequence diagram,
indicating all the conditionals and actions, and Figure 9.33 indicates its operation on the torque-
speed curve. The transition conditional from PWM to SW mode is dictated by the IGBT gate
drive pulse count N over two fundamental frequency cycles. In the PWM controller, count N
decreases as the converter approaches the SW mode through the quasi-PWM (overmodulation)
region. For a specified minimum count of N, transition occurs at SW mode. The torque-speed
curve in Figure 9.33 indicates two boundary lines where PWM — SW and SW — PWM transi-
tions occur. These lines are separated by a hysteresis band and lie below the nominal boundary
line. The voltage jump (DE) for the PWM-to-SW transition and the corresponding flux increase
(de) are shown in the figure. The SW torque control loop is activated after initializing the P-I
output with estimated sin 6 from the feedback signals and transferring the switch to point 2
Iy = A, I, =0 in Figure 9.29.
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Gate drive pulse count N < 12 in 2 cycles

¢ Initialize sin 8 =sin §
oLoad I} =A
o Load Iy =0

(W — Ws) / wg <—0.05 for 50 ms

l

Initialize 1T = It and 1 = Iy

Figure 9.32 Sequence diagram between PWM vector control and SW modes

Nominal boundary
Ter SW — PWM boundary
A\ PWM — SW boundary
|
|

Torque (Tg)

Hysteresis
__>
band

0 0p O Wm
Speed (w,)

Figure 9.33 PWM/SW mode transitions on torque-speed curve

The criterion for the SW-to-PWM mode transition is dictated by the flux loop error
t// -, as indicated in Figure 9.30. As speed decreases in the SW mode and crosses the
SW — PWM boundary line in Figure 9.33, transition occurs in the PWM mode. causing the
voltage jump (BC) and corresponding stator flux jump (bc). respectively, in Figure 9.33. Before
activating the PWM mode, the overlay current loop P-I compensators are initialized by the
respective estimated /7 and 1, values.

9.5 TRAPEZOIDAL SPM MACHINE DRIVES

9.5.1 Drive Operation with Inverter

It was mentioned before that a trapezoidal PM machine is basically a surface magnet non-
salient pole machine that induces three-phase trapezoidal voltage waves at the machine terminal
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due to concentrated full-pitch windings in the stator. Between sinusoidal and trapezoidal PM
machines with self-control, the latter gives performance closer to that of a dc motor. For this
reason, it is widely known as a brushless dc motor (BLDM or BLDC). Basically, it is an elec-
tronic motor and requires a three-phase inverter in the front end, as shown in Figure 9.34. The
machine is represented in the figure by a three-phase equivalent circuit, where each phase
consists of stator resistance R, equivalent self inductance L, and a trapezoidal CEMF wave in
series. In self-control mode, the inverter acts like an electronic commutator that receives switch-
ing logical pulses from the absolute position sensor. The drive is also commonly known as an
electronically commutated motor (ECM). Basically, the inverter can operate in the following
two modes:

* 21/3 angle switch-on mode

* Voltage and current control PWM mode

|
g «— Electronic commutator —>

—>
= el

Machine
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Figure 9.34 Converter circuit with trapezoidal SPM machine
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9.5.1.1 2m/3 Angle Switch-on Mode

Inverter operation in this mode is explained with the help of the waveforms shown in Figure
9.35. The six switches of the inverter (Q1 — Og) operate in such a way so as to place the input dc
current I; symmetrically for the 2nt/3 angle at the center of each phase voltage wave. The angle o
shown is the advance angle of current wave with respect to voltage wave. In this case, ais zero. It
can be seen that at any instant, two switches are on, one in the upper group and another in the
lower group. For example, from instant ¢, Q,, and Qg are on when the supply voltage V,; and line
current /; are placed across line ab (phase a and phase b in series) so that I, is positive in phase a.
but negative in phase b. Then, after 71/3 interval (the middle of phase a), O is turned off and Q5 is
turned on, but Q continues conduction for the full 27t/3 angle. This switching commutates —/,;
from phase b to phase ¢ while phase a continues to carry +/,; as shown. The conduction pattern
changes every /3 angle, indicating six switching modes in a full cycle. The absolute position
sensor dictates the switching or commutation of the devices at the precise instants of the waves. It
can easily be seen from Figure 9.34 that at any instant, two phase CEMFs (2V,) appear in series
across the inverter input (neglecting R, and L, drops). The power flow to the machine at any

_\
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Figure 9.35 Stator phase voltages and current waves indicating the converter conducting devices
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instant is ideally constant and is given by P = 2V,.1,, which is indicated at the bottom of Figure
9.35. The inverter is basically operating as a rotor position-sensitive electronic commutator (simi-
lar to a mechanical commutator in a dc machine). Therefore, although it is an ac drive with an
inverter and synchronous motor, dc machine-like behavior (without brushes and commutators)
makes it popularly known as a brushless dc motor (BLDM). Note that instead of a constant dc
voltage source V;, the supply can be a variable voltage or current source.

9.5.1.2 PWM Voltage and Current Control Mode

In the previous discussion, the inverter switches were controlled to give commutator
function only when the devices were sequentially on for 27/3-angle duration. In addition to the
commutator function, it is possible to control the switches in PWM chopping mode (buck
converter) for controlling voltage and current continuously at the machine terminal. Figure 9.36
shows the waveforms with chopping mode, current-controlled operation of the inverter. There
are essentially two chopping modes: feedback (FB) mode and freewheeling (FW) mode. In both
these modes, the devices are turned on and off on a duty cycle basis to control the machine aver-
age current [, and the corresponding average voltage V. Consider, for example, the FB mode
for the n/3 interval from instant #{ when Q| and Qg are chopping together. When Q0 are on,
phase a and phase b currents will increase (V;>2V,.). However, when the devices are turned off,
the current will decrease because of feedback through diodes D;Dy, and the average machine
terminal voltage V,, will be determined by the duty ratio. The average phase voltage is given as
V., =V.+1,R,. Asingle dc link current sensor will sense the average machine current because
machine current is always flowing in the line.

In FW mode, chopping control is done with only one device. For example, in Figure 9.34,
all the upper devices (Qy, 03, and Qs) are kept on sequentially in the middle of the respective
positive voltage half cycles. In the n/3 interval following |, device Qg is chopping. When Qg is
on, V, is applied across ab and the current increases. When Qg is turned off, decaying freewheel-
ing current (due to CEMF) flows through Q and Dj, short-circuiting the motor terminals. In
Figure 9.36, six-step current waves are shown with rise and fall times at the leading and trailing
edges, respectively, because in the practical case, commutation takes a finite amount of time.
Note that the motoring mode (buck converter) shown in Figure 9.36 can be converted to the
regenerative mode (boost converter) by shifting the current waves by w angle (i.e., ot = 7).

The PWM mode is useful for starting a BLDM for the 272/3 angle switch-on mode with
initial current limit control. In this mode, the machine is gradually brought to full speed by
current-limited starting, and then transferred to the 27/3 switch-on mode. This is like the starter

operation of a conventional dc motor. This mode also permits continuous speed control of a
BLDM, which will be described next.

9.5.2 Torque-Speed Curve

Steady-state dc machine-like torque-speed characteristics of a BLDM can easily be derived
by first considering the machine’s operation in the 27/3 angle switch-on mode. Neglecting the
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Figure 9.36 Waveforms with PWM current control mode operation of inverter

losses, the power input and developed torque are related by the following expression (see Figure
9.35):

pP= ely +epl) ted. = 21dVC =T, (9.87)
or
21,Ve  PLYV,
T, =tdlc _la¥e (9.88)
wm wr
where V. = phase CEMF, I, = dc line current, @,, = @,(2/P) speed in mechanical r/s. and

P = number of poles. The CEMF is proportional to speed, that is,

Ve =Ko, (9.89)
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The dc circuit equation is

Vd = 2RSI(I + 2VC (990)

Substituting Equation (9.89) in (9.88), we get

T, =Kl (9.91)

where K; = K.P.
Define the base torque 7, as

K\Vy
Top =Kilg|1,=1_=

_— 9.9?2
SC QRS ( )

where /. = V /2R, is the short-circuit current derived from Equation (9.90). Similarly, define the
base speed as

Va
Wy, = @, 1,=0 = E]? (993)
which is derived from Equations (9.89) and (9.90). Therefore, the torque-speed relation in terms

of @,;, and T, can be derived from Equations (9.90), (9.92), and (9.93) as

_Va 2Ry VeV Kila
r 2K 2K 2K (Klvd
2R
=W,y [I—Ii:l (9.94)
Teb
or
T,(pu)=1-w,(pu) (9.95)

where T,(pu) = T,/T,, and w,(pu) = ©,/®,,

This normalized dc machine-like torque-speed relation has been plotted in Figure 9.37 for
variable dc voltage V. The no-load speed can be controlled by varying V,,, by chopper action of
the inverter. The no-load speed droops linearly with load due to the stator resistance R drop.
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Figure 9.37 Normalized torque-speed curves showing drooping speed with load

9.5.3 Machine Dynamic Model

The dynamic machine model is very simple compared to that of a sinusoidal machine. It
can be given in the following general form [11]:
Van R, 0 0|l L M Mii, e,
Von [=| 0 Ry O [liy |+SIM L M|, +|e, (9.96)
Ven 0 0 Rl M M LI

C €

c

where L = self inductance, M = mutual inductance between phases, e = phase CEME v = applied
phase voltage, and S = Laplace operator. Since

Iy +ip+i. =0 (9.97)

that is,

Miy + Mi, = ~Mi (9.98)

a
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Substituting Equation (9.98) in (9.96), the state variable form of the equation is

diy
j_’ 10 0l[v,] [R 0 0][i,] [e,
Ls—dlézo 10|, |-l 0 R 0li|~|e (9.99)
I .
di, 0 0 1||v 0 0 R | e,
| dr |

where L, = L — M is the equivalent self-inductance per phase. The torque and mechanical
equations are

Tg: B\eaia+ebib+ecic (9.100)
: 2} o,
2 Ydw
J = r—T _T 9.101
(P) a ¢t ( )

Equations (9.99), (9.100), and (9.101) describe the complete dynamic model of the
machine and can be used for computer simulation study.

9.5.4 Drive Control

9054.1 Close Loop Speed Control in Feedback Mode

Figure 9.38 shows a close loop speed control system of a BLDM drive with the inverter
operating in PWM feedback mode. An absolute position sensor, usually a set of three low-cost
Hall sensors (see Figure 9.39), is placed on the stator side at the edge of the rotor poles so as to
generate three 271/3-angle phase-shifted square waves (see Figure 9.6). These encoder waves are
co-phasal to the respective phase voltage waves. A decoder circuit then converts these waves into
the six-step waves shown in Figure 9.38. Of course, any encoder described in Figures 9.5-9.7
with suitable signal processing can be used. In the figure, the speed control loop generates the
phase current magnitude Id* command, which is positive for motoring but negative for regenera-
tion. This signal is then enabled with appropriate polarity to the respective phases with the help of
decoder output. The actual phase currents track the command currents by hysteresis-band current
control. At any instant, two phase currents are enabled, one with positive polarity and another
with negative polarity. Consider, for example, the motoring mode time duration when phase a
positive current +ia>k and phase b negative current —ib* commands are enabled by the decoder.
Devices Q; in phase a and Qg in phase b are turned on simultaneously to increase +i, and —i,
respectively. When the currents (equal in magnitude) tend to exceed the hysteresis band, both the
devices are turned off at the same instant to initiate current feedback through the diodes. In iso-
lated neutral load, only two current sensors are sufficient. Again, in feedback mode, since phase
currents always flow in the input, only one dc current sensor should be enough. The inverter uses
power MOSFETs with 12-volt input. With higher voltage and higher power, IGBTs can be used.
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Figure 9.39 Close loop current control of BLDM drive in PWM freewheeling mode

9.54.2 Close Loop Current Control in Freewheeling Mode

Figure 9.39 shows a low-cost power-integrated circuit (PIC) for a BLDM, where the phase
currents are controlled by the PWM freewheeling mode. Hall sensing and the decoding logic
principle were discussed previously. In this case, three upper devices (Q;, Oz, and Qs) of the
inverter are turned on sequentially in the middle of the respective positive voltage half-cycles,
whereas the lower devices (Q4, Qg, and Q,) are chopped in sequence for 21/3 angles in the
respective negative voltage half-cycles with the help of a decoder for controlling the current Id*.
If, for example, Qg is turned on with Q, on, the phase a and phase b currents +i, and —i; will
build up. When Qg is turned off, the decaying freewheeling current will flow through D5 and Q.
Only one dc current sensor to the ground, as shown, senses all the phase currents.
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9.5.5 Torque Pulsation

The BLDM drive has the advantages of being a simple machine with somewhat higher
power density, simple discrete position sensors, and simple control compared to a sinusoidal
machine. However, its disadvantage is the pulsating torque problem. A typical developed torque
wave is shown in Figure 9.40, which contains a dc or average component and pulsating compo-
nents [8]. There are essentially three sources of pulsating torque: (1) high frequency component,
(2) rounding effect with a period of 7/3 angle, and (3) a commutation transient every /3 angle.

The high-frequency pulsating torque component is induced due to PWM control of the
inverter that places a ripple current in the phases. This pulsating torque effect is negligible due to
inertia filtering of the motor. The rounding effect occurs because the induced phase voltages are
somewhat rounded (quasi-sinusoidal because of flux leakage paths to the adjacent magnet
poles), which causes rounded power curves (see ideal power curve in Figure 9.35). This is a
major source of sixth harmonic torque pulsation. The commutation effect, that is, the current
transfer from the outgoing to the incoming phase, occurs every 1/3 angle and takes a finite time.
as shown in Figure 9.36. During commutation, a transient torque is developed because the sum
of the two commutating currents is rarely constant. Consider the instantaneous torque expression
(9.100) during commutation of current from phase b to phase ¢, which is given as

T = Caly T eplly + €, (P) (9.102)

¢ W, 2

Assuming e, e, and e, are constant and equal in magnitude and speed @, is constant, the
pulsating torque will be zero if

iy +io =iy =1y (9.103)
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Figure 9.40 Developed torque indicating pulsating torque components
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Unfortunately, due to finite phase inductance, the sum of the commutating currents is
never constant and this is the reason for the generation of pulsating torque. The increment of
current in phase a as a result of phase b-to-phase ¢ commutation can sometimes be fatal. The
harmful effect of sixth harmonic torque will be less with a greater number of poles since the
pulsation period is /3 electrical angle.

9.5.6 Extended Speed Operation

It is possib